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Abstract

This thesis presents a serial backplane receiver with adaptive blind decision feed

back equalization (DFE), designed in 0.35 pm TSMC process, which can operate up to 

4Gbps over 1.2 m long FR-4 (typical isolation material used for making Printed Circuit 

Boards — PCB) based PCB channel, which includes discontinuities due to the packaging 

and backplane connectors.

To maximize data rate that can be supported by the receiver, the DFE is achieved 

in look-ahead manner where each input symbol is sampled with two biased comparators 

— one biased high as if the previous symbol was low and the other biased low as if the 

previous symbol was high.

The biased comparator is implemented by adding two bias transistors to the sense 

amplifier based flip-flop (sense amplifier followed by an SR-latch), also know as Strong- 

Arm flip-flop. The inherent input hysteresis of the Strong-Arm flip-flop was reduced by 

an order of magnitude with a simple modification of the standard SR-latch.

DFE coefficient calculation is not performed on every consecutive received sam

ple, which significantly reduces the design complexity and power consumption. Adapta

tion algorithm is not only used to adjust DFE coefficient, but also to compensate for 

attenuation of the transmission line.
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CHAPTER 1 Introduction

1.1 Motivation

In the past fifteen years, the on-chip clock frequency has increased by more than 

20 times thanks to improvements in semiconductor manufacturing. At the same time, PCB 

technology did not improve very much. The maximum number of signal and power layers 

did increase, buried and blind vias were introduced which helped improve routing density 

and somewhat signal integrity, but the signals are still transmitted over the printed circuit 

board (PCB) traces with the same bandwidth — copper traces separated with a dielectric 

material (usually FR-4 due to its low cost).

Therefore, the major bottleneck in digital systems is becoming the inter-chip and 

inter-board communication over the PCB. At the multi-gigahertz data rates, the inter sym

bol interference (ISI) due to the skin effects, and the dielectric losses in the PCB, become 

the major problem for reliable digital transmission. The higher frequency components of a 

transmitted signal are attenuated much more than the lower ones causing dispersion of 

symbols in time. ISI is usually mitigated, by placing a pre-emphasis [3] and [4] or adap

tive pre-emphasis [2] filter at the transmitter. The pre-emphasis and adaptive pre-emphasis 

are almost exclusively used for multi-gigahertz data rates, rather than the receive equaliza

tion because a pre-emphasis filter can be implemented relatively simple in the analog
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Introduction 2

domain by summing the currents from the filter taps in an output pad. However, the pre

emphasis has two major shortcomings:

• Because of the limited swing of the output drivers, the pre-emphasis is per

formed not by amplifying the high frequency components of the transmitted 

signal but rather by attenuating the lower frequency components. This in turn 

reduces the power of the transmitted signal as well as the maximum eye open

ing at the receiver.

• Adaptive pre-emphasis needs a reliable return channel (from the receiver to 

the transmitter) because the coefficients for pre-emphasis filter are calculated 

at the receiver side.

These two problems can be solved with an equalizer at the receiver side. This the

sis presents a method for mitigating ISI with an adaptive blind Decision Feedback Equal

ization (DFE), which adaptively adjusts not only DFE coefficient but also the threshold 

level of the blind adaptation engine to compensate for attenuation of the of the transmis

sion line.

This thesis also shows that the adaptive coefficients calculation does not have to be 

done on every consecutive received sample, but rather can be done on every Nth sample 

where N is the ratio of demultiplexing in the receiver front-end. This in turn reduces the 

size and power consumption of the adaptive coefficient calculation engine by factor N. 

This is a significant reduction considering that the coefficient calculation engine in [2] 

consume 60% of the total power of the transceiver.

1.2 Objective

The objectives of this thesis is to design a high-speed backplane receiver with 

adaptive blind DFE in 0.35um TSMC process which can operate at multiple giga bit per 

second rate.
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1.3 Contributions

Previous solutions of multiple gigabit per second receivers [2], [3] used pre

emphasis and adaptive pre-emphasis in order to mitigate ISI. In this thesis we have shown 

how the problem with ISI can be solved with adaptive blind DFE where DFE is done in 

look-ahead way by biasing high-speed comparators. The primary contributions of this the

sis are:

• Look ahead DFE implementation with biased comparators

• The high-speed comparator, implemented by modifying Strong-Arm [15] 

high-speed flip-flop — biasing transistors were added to the sense amplifier 

and the comparator input hysteresis was solved by modifying the standard SR 

latch.

• Blind adaptation algorithm which not only adjusts DFE coefficient, but also 

the threshold level of the blind adaptation algorithm in order to compensate for 

attenuation of the transmission line.

• Finding that the adaptive coefficient calculation does not have to be done on 

every consecutive received symbol, which reduces the power consumption and 

the size of the adaptation engine by N where N is the level of demultiplexing in 

the receiver. It also reduces the maximum speed requirements of the logic used 

in the adaptation engine by N.

Some of contributions of this thesis have been published in [1],
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1.4 Thesis organization

The background material on transmission lines, backplane transceivers and equal

ization and pre-emphasis used in backplane transceivers is introduced in Chapter 2. The 

receiver architecture, implementation and simulation results of major blocks are presented 

in Chapter 3. Simulation results of the complete receiver are shown in Chapter 4. Finally, 

the conclusion and some ideas for future improvements of the receiver are presented in 

Chapter 5.
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CHAPTER 2 Background Theory

2.1 Introduction

This chapter provides background material necessary for understanding high speed 

serial digital transmission over printed circuit board (PCB) based backplane.

First, we present common methods of interboard communication over the back

plane: point to multi-point (shared bus architecture) and point to point (star and mesh 

architecture).

This is followed by the section which covers basics of the transmission line theory. 

In this section we also derive the voltage and current equations, define the characteristic 

impedance and the reflection coefficient, and examine common methods for terminating 

transmission lines.

Next, we describe differential and single ended communication with their corre

sponding advantages and disadvantages as well as the basic drivers (transmitters) used for 

digital transmission over PCBs as well as the transmitter and receivers architectures used 

in multi-giga bit transmission over the backplane. Then, we provide more emphasis on the 

transmitter design because the receiver design will be covered in more detail in the next 

chapter.

Further, we explain how PCB transmission line bandwidth affects the transmission 

of multi-giga bit per second digital signals. Specifically, we show how the transmission
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Background Theory 6

line bandwidth limitation, caused by the skin effect in copper traces and the loss in dielec

tric material give rise to ISI, which adversely affects receiver’s symbol detection ability 

due to the closure of the eye-pattem.

Finally, we explain common methods for mitigating ISI in multi-giga bit per sec

ond transmission over the backplane.

2.2 Interboard communication in telecom/datacom systems

Typical telecom/datacom system consist of multiple cards that communicate over a 

common backplane as shown in Figure 2.1. The communication over the backplane can be 

based on point to multipoint and point to point communication.

Figure 2.1: Typical telecom/datacom system

Shared Bus

Figure 2.2: Shared Bus backplane architecture
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Background Theory 7

The point to multipoint communication is used for shared bus (Figure 2.2) where 

each trace on the backplane is shared among all cards.

The shared bus is used in systems where data rate on the backplane is below 

100Mbps per one differential link (two traces on the backplane per link). Typically, the 

shared bus is used in Time Division Multiplex (TDM) systems where each serial link car

ries multiple voice channels. Common data rates in TDM are 2.048Mbps, 8.192Mbps, 

16.384Mbps, 32.768Mbps and 65.536Mbps.

Major drawbacks of the Shared Bus architecture are relatively low data rates and 

the single point of failure — if only one card fails where failure shortens all backplane 

traces to the power of ground rail, then the whole system (chassis) fails.

Because of the relatively low maximum data rate, and because of the single point 

of failure, the shared bus architecture is not used often in the systems requiring the high 

data throughput and the high reliability. These high performance systems use more often 

point to point communication over the backplane with either dual star or mesh topology as 

shown in Figure 2.3.

Switch

Switch

Dual Star Full Mesh

Figure 2.3: Dual Star and Full Mesh backplane architecture
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In the Star architecture, all cards in the system (chassis) are connected to a switch 

card with point-to-point links. Hence, the communication between any two cards is the 

system is done via the switch card. To prevent a single point of failure — if the switch card 

fails, whole system fails — additional switch card is added for redundancy purposes (Dual 

Star architecture). Besides, redundancy protection, this additional switching card can be 

used to double the system bandwidth during the normal operation (when both switching 

card are working properly).

In the Full Mesh architecture, any card in the system (chassis) is connected to all 

the other cards in the system via point-to-point links. Full Mesh architecture provides full 

redundancy protection because system can operate (though with the lower performance) 

as long as there are two working cards in the system. However, drawback of the Full Mesh 

architecture is that the complexity (cost) of each card increases if the system needs to 

accommodate more cards because if the maximum number of cards is N than, each card 

has to provide (N-l) point-to-point interfaces to connect with remaining cards. The other 

problem with this architecture is that the number of links on the backplane increases rap

idly with the maximum number of cards system is supposed to accommodate. If the maxi

mum number of cards is N than backplane need to have (N-l)*N/2 point-to-point serial 

links.

An example of a system that supports both Dual Star and Full Mesh architectures 

is PICMG 3.X (ATCA) [27], which is collection of standards for systems based on packed 

switched fabrics where communication over the backplane is done with point-to-point 

serial links that can run at multiple giga bit per second rates.
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2.3 Transmission lines

Infinitesimal section of a transmission lines are modeled in the circuit theory as a 

four terminal networks with two series parameters per unit length (resistance R and induc

tance L) and two parallel (shunt) parameters per unit length (conductance G and capaci

tance C) as shown in Figure 2.4.

dx

J = C V (x + d x )  Q  ZL

x+dx 0
— t-------------

Figure 2.4: Model of infinitesimal section of a transmission line

In order to simplify equations, we will derive the voltage and current equations for

sinusoidal excitation. However, these equation can be extended to cover any arbitrary

excitation using Fourier series.

The voltage and current can be derived from [26]:

^  = -(R+jaL)I (2.1)

and

^  = -(G+/coC)F (2.2)

By taking the first derivative of (2.1) with respect to distance x, and by substituting (2.2) 

into the resulting equation, we obtain
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^  = ZYV (2.3)
d x 2

where Z = R+ jwL and Y = G + j<»C. Similarly, we obtain

—  = ZYI (2.4)
d x 2

Equations (2.3) and (2.4) are well known differential equations for wave propaga

tion which specify voltage and current anywhere along the transmission line. Solutions to 

these two differential equation are

Vin ^ X + K e / X (2-5)

'  = (2 -6)
where Vine~px, Vref px and Iine~px, Iref px are incident and reflected voltage and current

waves respectively and p is short form of p = (ZY)t/2, usually called the propagation con

stant. Vin, Vrep  ljn and Irej  are constants, whose values can be determined from the known 

voltages and currents at two different points on the transmission line. Relationship 

between the voltage and current constants can be shown by taking the first derivative of 

(2.5) with respect to x

f  (2 1 )

and by substituting (2.1) into (2.7) we obtain

~Z1 = ~Vj„pe~px + VreJp e px (2 .8)

or

V- V ri  — ln ~PX r e f  Px  n \
/  -  —  p e  K (2.9)

By comparing (2.6) and (2.9) we have

Z ( Z / Y )
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(z/y)
(2.11)

1/ 2  • • * where (Z/Y) is called the characteristic impedance of the transmission line [26].

<^,/2 - (££§ (2 . 12)

The characteristic impedance is the ratio between the voltage and current at any 

point along a transmission line with infinite length. The infinite length means that the volt

age wave goes only forward and that there is no reflected voltage wave. We might think 

that the characteristic impedance has no meaning in practice since length of actual trans

mission lines is always finite. However, magnitude of the reflected wave will depend on 

the impedance of the load at the end of a transmission line. The incident wave will be 

absorbed completely for load impedance that is equal to the transmission line characteris

tic impedance. For such load termination, the transmission line will behave as an infinite 

transmission line.

Let us now define the reflection coefficient r as a ratio between the reflected and 

incident wave

(2.13)

The reflection coefficient at the load (x = 0) is

(2.14)

and now impedance along the line can be expressed as

(2.15)

At x = 0, Z(0) = ZL, and (2.15) becomes
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i + r,
z L = z0— ^  (2.16)

1 _ r £

Finally, from (2.16) we have reflection coefficient at the load

r L -  (2.17)

Now, if  the load impedance is equal to the characteristic impedance of the trans

mission line than reflection wave is equal to zero and the energy of the incident wave is 

absorbed into the load. Contrary, if the transmission line is open (ZL = <»), whole incident 

wave gets reflected ( vin = VreJ\x = Q).

2.3.1 Transmission line terminations

Preserving signal integrity is very important for reliable digital signal transmission 

over PCB traces. The signal integrity problems such as ringing, overshoot, undershoot, 

and non-monotonicity of signal’s edges are typically by-product of reflected signal waves 

caused by discontinuities (such as PCB vias, stubs, connectors ...) and improper termina

tion of the transmission line. As we have shown in the previous section, the reflected wave 

at the end of the transmission line can be canceled if the line is terminated with the load 

equal to line’s characteristic impedance. Although very beneficial for signal integrity, ter

minating the transmission line with the load equal to the characteristic impedance has neg

ative effect on the power consumption because of the power dissipated in the load. The 

power consumption in the load can be unacceptably high, because typical characteristic 

impedance of a PCB trace is 50 Ohm or lower. We might ask, why not to use PCB traces 

with higher impedance; 1 KOhm for instance. Unfortunately, this is not possible because 

much higher characteristic impedance would require much narrower traces, which cannot 

be manufactured with standard PCB process.

As a matter of fact, majority of PCB connections in practice today do not use load 

termination equal to the characteristic impedance. The reliable transmission is achieved
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here by transmitting digital signals with relatively low data rates (this implies slow rise 

and fall times), by making traces as short as possible, or by using series, AC or Thevenin 

termination [23] as shown in Figure 2.5.

Series termination is not really a termination per se. By making series termination 

plus driver output impedance equal to the line characteristic impedance, we can reduce 

incident wave by half. When this wave arrives at the end of the unterminated line, it gets 

reflected, and resulting signal goes all the way to the power rail. When the reflected wave 

arrives at the source it gets absorbed in the matching load (driver output impedance plus 

series termination).

The AC termination adds a capacitor in series with load to cancel out DC power 

consumption. This method however, increases AC power consumption, which is propor-

Standard
termination

Series
termination

AC
termination

Thevenin’s
termination

Figure 2.5: Common PCB transmission line terminations
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tional to the capacitive load and also reduces the rise and fall time when used with weak 

drivers.

The Thevenin or split termination adds two resistors whose equivalent load is 

equal to the characteristic impedance. While this method reduces the current drawn from 

the driver (by 2 for Z1 = Z2), it does not reduce the overall power consumption because 

power is burned here not only when the driver drives high, but also when it drives low.

2.4 Transmitting and receiving circuits

2.4.1 Differential vs. single ended signaling

Communication between a transmitter and receiver can be done with the differen

tial or with single ended signalling [23], [24], As can be seen in Figure 2.6, the single 

ended signaling — also called unbalanced signaling — requires only one transmission line 

(trace).

Tx Rx

currenUeturnpath

Figure 2.6: Single ended signaling

The return current is assumed to go via a zero impedance ground plane shared 

between the transmitter and receiver. The name unbalanced comes from the fact that the 

forward and return currents take paths with different (unbalanced) characteristics.
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RxTx

Figure 2.7: Differential signaling

Differential signaling — also called balanced signaling —  requires two identical 

traces between the transmitter and receiver as shown in Figure 2.7. The differential signal 

is generated by applying voltages (currents) that are equal in amplitude, but opposite in 

polarity onto the traces. A common ground plane for return current is not needed because 

the currents in two traces always go in the opposite direction. The receiving device detects 

either zero or one based on the polarity of the voltage difference between the traces. Hence 

the name differential signaling. The name balanced signaling comes from the requirement 

that two traces need to be identical (balanced).

Although differential signaling requires twice the number of traces compared to 

the single ended signaling, it has a number of advantages which are outlined below:

• Differential signaling is not affected by the common mode noise (power sup

ply noise, crosstalk...) that equally affect (same amplitude and polarity) both 

conductors. The common mode noise is canceled at the receiver because the 

signal is detected by taking the difference between voltages at two traces.

• It reduces EMI emission because EMI generated by one conductor in differen

tial pair is in part canceled by the emission generated in the other conductor. 

The degree of EMI reduction is based on the distance and balance between the 

conductors.
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• Differential signaling can deliver two times larger signal amplitude than the 

single ended signaling.

Because of these advantages, differential signaling is almost exclusively used for 

transmission over the backplane except for very low data rates (typically below 8Mbps per 

link).

2.4.2 Voltage vs. current drivers

Depending on their output impedance, line drivers can be divided to voltage and 

current drivers. A simple voltage and current drivers are shown in Figure 2.8 and 

Figure 2.9 respectively.

Vdd

Figure 2.8: Voltage driver

The simple voltage driver is just a CMOS inverter while the current mode driver is 

usually implemented as a differential current steering circuit. The current driver shown in 

Figure 2.9 drives a differential line but it can be also used to drive a single-ended line by 

terminating the complementary output (out) with the termination voltage (Vt). The current 

mode driver behaves as a high-impedance current source where the output signal swing is 

adjusted simply by changing the bias voltage (Vbias).
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Vt

out

out

Iref

Vbias

Figure 2.9: Current driver

The voltage mode driver behaves as a low-impedance voltage source where the 

output signal swing cannot be easily adjusted — this can be done only by changing the 

supply voltage of the output driver. Hence, the output swing of a typical voltage mode 

driver is from rail to rail. Because of this, transmission lines driven with the voltage mode 

drivers are generally not terminated with matching termination to reduce the power con

sumption and the size of the driver.

For instance, if a 50 ohm transmission line is terminated with the matching 50 

ohm resistor to the ground, then DC power consumption (assuming 3.3V power supply) of 

the driver, when it drives high voltage level, would be (3.3 V)2/50ohm  = 0.218 W !

Although, the voltage mode drivers do not consume DC power when they drive 

unterminated transmission lines, they do consume AC power, which can be expressed as

PAC-fCLiVdd)2 (2.18)

where /  is switching frequency, CL is capacitive load of the driver and vdd is driver’s 

power supply voltage. The current drawn from the power supply is equal to zero, except
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during the transitions from low to high (charging the load capacitance). The charge and 

discharge of the load capacitance generates noise spikes on the die which contains the 

driver. Because of the noise injection, power consumption proportional to switching fre

quency, and difficulty, the voltage mode drivers are usually used for lower data rates on 

short PCB traces.

Current drivers draw only DC current because source coupled pair steer the cur

rent form the current source trough the one or the other leg. This significantly reduces the 

AC component of the power supply noise.

Because of the low noise generation and high noise immunity, current mode driv

ers can transmit reliably data with lower voltage swing (typically 100 mV to 800 mV) 

which in turn translates into lower power consumption and higher maximum speed of 

operation. Transmitters used in multi-gigabit per second use current differential drivers, 

because of their high speed and noise immunity.

2.4.3 Transmitter f o r  multi-gigabit p e r  second link

The maximum on-chip clock frequency is usually expressed in the number of 

propagation delays of an inverter that drives four times higher capacitive load than its 

input capacitance. The delay of such inverter is labeled as FO-4 (fanout of 4) and the max

imum on-chip clock speed is reciprocal of M x FO-4 where M is usually taken to be 

between 4 and 8. For 0.35 pm technology, the maximum 6 x FO-4 delay over all voltage 

and temperature comers is about 700 ps so that the maximum clock frequency is 1.4 GHz. 

Because the maximum on-chip clock frequency is lower than the serial data rate, some 

sort of multiplexing is required at the transmitter output. The multiplexing can be done at 

the output pad [2], [3], by turning on/off output drivers in the round-robin fashion as 

shown in Figure 2.10 or by multiplexing data just before the output current driver [12] as 

shown in Figure 2.11.
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Figure 2.10: Typical transmitter with external multiplexing buffer

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



Background Theory 20

Vdd
Vdd Vdd

Vdd

Vdd

Figure 2.11: Output buffer with internal multiplexing

The first method is very simple to implement and has being used in CMOS based 

transmitters with rates of up to 10 Gbps, even in 0.4 pm CMOS process [3]. This trans

lates to delays of less than FO-4 for 0.4 pm CMOS process. However, this solution takes 

large space on the die because the output buffer has to be reproduced N times where N is 

the ratio of multiplexing. The second solution proposed in [12], requires only one output
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buffer because the multiplexing is done internally. This method, takes considerably less 

space on the die and consumes less power. However, its major drawback is the maximum 

speed limitation. The transmitter described in [12], implemented in 0.25 pm CMOS tech

nology, operates at maximum 4 Gbps. This is about 2 x FO-4 for 0.25 pm CMOS.

The remaining digital circuit is the same regardless of the multiplexing scheme as 

shown in Figure 2.10. Digital data are fed to the internal FIFO via relatively low speed 

parallel links (16 or 32 bit wide). From the FIFO, data are fed to some sort of coder (typi

cally 8b/10b), which is used to introduce enough transitions into the transmitted data as 

well as to cancel DC component. After the coder, data are multiplexed down (32 or 16 bit 

to 8 bit) and fed to the transmit multiplexer (8 to 1 bit). For the bit-error rate test purposes, 

the transmitter can bypass the FIFO data and inject locally generated pseudo-random data.

2.4.4 Receivers f o r  multi-gigabit p e r  second links

Received multi-gigabit per second serial signal is first demultiplexed inside the 

receiver to reduce the required on-chip clock frequency [2], [12], [13]. The ratio of demul

tiplexing is usually from 1 to 8 or higher. The incoming serial data stream is sampled with 

slicers, each clocked by a different phase of the on-chip clock as shown in Figure 2.12. 

The output of N slicers clocked with eight different phases (<f>0, ()>,,..., <j>7) of the recovered 

clock are further re-synchronized to only one phase ((|>0), which simplifies design and 

implementation of remaining digital circuitry. To further reduce requirements of the inter

nal circuitry such as the speed of the memory (FIFO) and the speed of the output drivers 

used in parallel port, additional demultiplexing might be performed — from 8 to 16 or 

from 8 to 32 bit.
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slicer
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Bit-error rate 
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Output Drivers

Figure 2.12: Block diagram of a generic multi-giga bit per second receiver

To simplify the block diagram, Figure 2.12 shows that each received symbol is 

sampled only once. However, the received symbols are sampled two times or more in 

order to recover timing (phase and frequency) of the received data stream. It also shows 

only binary transmission, but the same block diagram is applicable for multilevel pulse 

amplitude modulation. For instance, if the PAM-4 is used for the transmission, each slicer 

would have at least three comparators.
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2.5 Skin Effect and Dielectric loss

As shown in the section Section 2.3, transmission lines cannot be treated as ideal 

conductors because they have nonzero resistance, conductance, capacitance, inductance 

and delay. Moreover, some of these parameters are function of the frequency such as resis

tance, inductance and conductance. Only the transmission line capacitance can be consid

ered to be a constant over the frequency. Resistance of the conductor increases with 

frequency, because high-frequency current flows mostly on the surface of the conductor 

(hence the name “skin effect”) with current density dropping off exponentially towards the 

center of the conductor (2.19) [24],

•/=exp(-|) (2.19)

where d is the distance from the surface towards the center of the conductor and 5 is the 

skin depth, defined as the distance from the surface where the current density has fallen by 

exp(-l) from its nominal value. 5 is given by

5 = (tt/ pct) 1/2 (2.20)

where /  is the frequency, p is the magnetic permeability of the conducting material and a

is the conductivity of the conducting material.

This is shown graphically for a stripline in Figure 2.13 where shaded areas in the 

inner trace and the outer plates depict current densities — darker the area, the higher the 

current density. Although the current density drops exponentially, we usually approximate

this by assuming that the current flows uniformly up to the skin depth and zero towards

the center of the conductor. Hence, the resistance of a strip line [24] can be approximated 

with

R -  *DC+W)-  r dc + r a c . J - . - L_ -  - L  + iIM( A l j f  (2.21)

where w is the width and t is the thickness of the stripline.
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For instance a 0.2 mm wide and 18 pm thick strip line has DC resistance of 4.6 Q/m. At 1 

GHz the effective resistance is 28 Q/m.

L I

I........................ .......~_________________ |

Figure 2.13: Skin effect in stripline

Dielectric materials used as insulators in transmission lines have negligible con

ductance at low frequencies. However, at higher frequencies, good insulators such as glass 

or plastic may consume significant energy in alternating fields because of dielectric hys

teresis which is analogous to magnetic hysteresis in ferromagnetic materials.

Lets assume that an alternating voltage source Y is connected to two copper planes

with area S, separated by a dielectric material with conductivity a , permittivity e , and

thickness d . Then the current through the dielectric material can be expressed with [24]

1= F^(a+y'cos) (2.22)

Here we have two current components: one in-phase with the voltage and the other 

in-quadrature F^/'ras. The first one shows how much dielectric behaves as a resistor (bums 

the power) and the other how much it behaves as a capacitor.

However, at high frequency alternating fields [24], the dielectric permittivity becomes 

complex and (2.22) becomes

I = V^o +ja(E’ +jz") = F̂ [(<7 + cos")+y'G)e'] = F^(a'+ y 'c o E ' )  (2.23)
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where e  =  s '  +  / s " , z' is real or lossless part of z and s "  is imaginary part or lossy part of 

e  . For a good dielectric material e "  is very small so that for low frequencies c o e "  is negli

gible. However for higher frequencies c o e "  cannot be ignored and power losses due to 

dielectric hysteresis can be significant.

Quality of dielectric material is usually specified with the loss tangent defined as

tan 5 = (2.24)
c o e '

The lower the value of the loss tangent the better the dielectric material.

Because of the loss in the dielectric material, the distributed conductance G, used 

in transmission line models is also a function of frequency. As can be seeing from (2.22), 

the loss in dielectric material is directly proportional to the frequency. Hence, the distrib

uted conductance in the transmission line model [24] can be written as

^ = (-'dc + G(f) = GDC + Gac (2.25)

and the distributed conductance for a strip line in Figure 2.13 can be written as

G  =  ^ o  + ^ ( 2 n s " ) - f  (2.26)

It should be noted that we ignored fringing fields in deriving simple (2.21) and 

(2.26) equations. To get accurate values of distributed parameters, one should use 2-D 

electromagnetic simulator which uses numerical methods. The transmission line simula

tion models used in this thesis have been derived with Linpar 2-D electromagnetic simula

tor [25],

The distributed inductance L in transmission line modes is also a function of fre

quency. The inductance of a transmission line depends on magnetic flux inside and outside 

of the conductor and can be expressed as Ltot = Ljnt + Lext. The internal inductance is pro

portional to the cross section of the conductor though which current flows. At higher fre

quencies — due to skin effects —  this cross section becomes negligible and so does the
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internal inductance. The external inductance is not a function of frequency. Hence, for 

higher frequencies (f > 10MHz), the distributed inductance can be considered constant 

(not a function of frequency). This is specifically true for simulation of the transmission 

lines used for multi-giga bit per second transmission. However, for simulations of long 

twisted pair lines used for transmission of modest data rates where signal energy is con

centrated below 10MHz such as in X-DSL, the frequency dependence of the distributed 

inductance cannot be ignored.

Frequency response of 1 m long FR-4 Backplane with 1pF load a t the Tx and Rx side

: rSv V :
W  !

i . y n . L
: :*
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5  -40
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-60 Skin loss only 
D ialectric loss only 
Total loss

-70
,7 9 1010 10 10
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Figure 2.14: Frequency response of the 1 m long FR-4 backplane

Figure 2.14 shows frequency response of 1 meter long FR-4 differential trace where the 

attenuation due to the skin effect and the dielectric loss is separated. The transmission line 

is modeled and simulated with 2-D electromagnetic simulator and HSPICE as described in 

CHAPTER 4. We see that attenuation due to the dielectric loss is more severe (it is propor
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tional to the frequency as opposed to square root of frequency (2.25) vs. (2.21)). However, 

the attenuation due to skin effects starts at lower frequencies because the constant RAC is 

larger than the constant G AC.

The time response of this channel to a 250 ps wide pulse is illustrated in Figure 2.15. 

Response of a 1m long FR-4 backplane w ith 1pF Tx and Rx load to a 250ps wide pulse

 input
  output
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0 0.5 1 1.5 2 2.5
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Figure 2.15: Time response of the lm  long FR-4 backplane 

2.6 Inter Symbol Interference

ISI is a dominant impairment in multi gigabit transmission over PCB backplanes. 

It is caused by frequency dependent attenuation and frequency dependent delay in the 

transmission lines.
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1m FR-4 with 1pF load at Tx and Rx side response to spaced, 250ps wide pulses
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Figure 2.16: Illustration of ISI

Figure 2.16 illustrates transmission of 250 ps wide pulses over the transmission 

line model described in the previous section. Solid line represents received symbols, and 

the dashed, transmitted symbols. If we increase the rate of transmission (reduce the time 

between the transmitted pulses) as shown in Figure 2.17, we can see that received pulses 

(thin dash-dot lines) overlap with each other and that the resulting received signal (solid 

line) is obtained by adding all four received symbols (1101). We can see that the third 

received symbol (“0”) is seriously affected by the previous two symbols because it has 

very little noise margin (distance from the zero crossing).
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1m FR-4 w ith 1 pF load at Tx and Rx side response to 250ps wide pulses
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Figure 2.17: Illustration of ISI cont.

If all received pulses are overlapped one over the other we can get an eye-diagram 

which can help us to visually quantify severity of the ISI as shown in Figure 2.18.

Peak-to-peak amplitude noise due to ISI

Noise margin

Peak-to-peak jitter due to ISI

Timing margin

Figure 2.18: Eye-diagram for binary transmission
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Peak to peak amplitude noise caused by ISI closes the vertical eye-opening and 

reduces the available additive noise margin. At the same time, the jitter caused by ISI 

closes the eye-opening horizontally end reduces the available jitter margin of the sampling 

clock.

Example of the eye-opening diagram at the end of the channel described in 

Section 2.5 if  shown in Figure 2.19.

Eye Diagram

-200 -150 -100 -50 0 50 100 150 200
Time [ps]

Figure 2.19: Eye-opening for lm  long FR-4 backplane

Although the transmission line modeling in analog domain, described in the previ

ous section, is used extensively in the circuit simulation (HSPICE), it is also convenient 

for analysis purposes to model transmission lines in digital domain, because filters used to 

mitigate ISI are typically implemented in digital domain. A transmission line can be 

viewed in digital domain as a low pass filter with impulse response h(n) .

The received signal yn can be written as
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yn= YJ Xkhn-k + nn (2-27)
k = 0

where xk is transmitted sequence, hk is channel impulse response, and nn is additive 

noise. If we rewrite (2.27)

oo

jy= * A +  Z  xkhn- k+nn (2-28)
k =  0 
k^n

we get xnh0 desired transmitted data xn , scaled by factor h0 , the term

00

I  (2.29)
k = 0 
k*n

which represent intersymbol interference and nn is additive gaussian noise.

There are several different ways to quantify severity of the ISI and quality of dif

ferent methods for mitigating ISI. The most common are: Probability of error and signal to

noise ratio. However, in this thesis we use the eye-opening, which is a very simple, fre

quently used method, for quantifying ISI and residual ISI in multi-gigabit backplane appli

cations. Quantifying ISI with eye-opening has being described in [21]. Percentage of eye- 

opening can be calculated from

* « - ( * - D £ N
EyeOpening = --------- ------------ 100% (2.30)

where h0 is central (cursor) component, hk, k * 0  are pre-cursor and post-cursor ISI com

ponents and N is the number of PAM levels. Negative EyeOpening means that the eye is 

completely closed. As as example, the eye opening for 1 m long FR-4 backplane with lpF 

capacitive loads is 33% open for PAM-2, but it is fully closed for PAM-4 (-1%). This is 

expected because PAM-4 (PAM-N) has three (N-l) times lower noise margin than PAM-2 

for the same symbol rate.
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2.6.1 Equalization and Pre-emphasis

ISI is typically mitigated with a filter with characteristics close to the inverse char

acteristic of the transmission line so that the magnitude of the equivalent system (trans

mission line in series with the filter) is constant with frequency. How close this filter is to 

the inverse characteristic of the transmission line will depend on the compromise between 

noise enhancement, ISI and realizability of the inverse filter. For instance, if a transmis

sion line has zeros in frequency domain, then its inverse does not exists, because inverse 

filter would need to have infinite gain at these frequencies.

N(z)

Equalization

1/H(z)

ReceiverTransmitter

N(z)

Pre-emphasis

1/H(z)
Receiver

Transmitter

Figure 2.20: Equalization and pre-emphasis

If this filter is placed at the transmitter, it is called a pre-emphasis filter, and if it is 

placed at the receiver it is called an equalization filter (Figure 2.20).

Both of these methods have their own advantages and disadvantages. If we ignore 

implementation complexity (which depends on applications), pre-emphasis filter has
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advantage that it does not amplify the noise because filtering is done on noise free signal 

before it is transmitted over the transmission medium as can be seen in Figure 2.21.

a |H(z)|

|N(z)|
►

X |1/H(z)|

►

Equalization

|H(z)/H(z)=1|

|N(z)/H(z)|

|1/H(z)|

►

4 |H(z)|

X
|N(z)|

Pre-emphasis

i  |H(z)/H(z)=1|

|N(z)|

Figure 2.21: Noise performance for equalization and pre-emphasis

At the same time it has two major disadvantages

• Because of the limited swing of the output drivers, the pre-emphasis is per

formed not by amplifying the high frequency components of the transmitted 

signal but rather by attenuating the lower frequency components. This in turn 

reduces the power of the transmitted signal as well as the maximum eye open

ing at the receiver.

• Adaptive pre-emphasis needs a reliable return channel (from the receiver to 

the transmitter) because the coefficients for pre-emphasis filter are calculated 

at the receiver side.
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Pre-emphasis have been used for years in broadcast systems (TV for instance) 

because it is much cheaper to add filter at single broadcast transmitter, rather than to add it 

at every receiver.

Recently, pre-emphasis has started to be used in multi-gigabit digital transmission 

over backplanes, because it can be implemented relatively simple by summing currents 

from different FIR filter taps in the output pad as shown in Figure 2.22.

Adjustable current
turce

One bit delay 
element

Serial Tx data 
stream Output pad

N-1

Figure 2.22: Block diagram of an N tap pre-emphasis filter

Above figure shows a Tx pre-emphasis filter with N taps but the typical number 

for high-speed transmitters is between 2 and 5. The gain of pre-emphasis filter taps are 

adjusted by adjusting the current of the output buffers.

An equivalent linear equalization filter is very difficult to implement at multi-giga 

bit per second rates so that the receiver equalization is not used in the practice.

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



Background Theory 35

Optimum filter (either pre-emphasis or equalization) coefficients can be found 

from the following:

If we write the equation (2.27) in matrix form [20], we get

Yn = XnH + Nn (2.31)

or

1

c

1

h 0 h \ K 0 0

I
' 

O

r „  =
y n ~ i =

0 h 0 h \ K 0 0 0

y » - f + \ 0 0 0 0 ©
 

: 
-c

* 1

x„ nn n
Xn- 1 + nn- 1

Xn v + 1 nn-f-v+ 1_

(2.32)

Yn is the channel output where v is the length of the channel response and /  is number of 

consecutively transmitted symbols, H  is the channel response matrix with size (/) x (f+ v), 

X n is the transmitted data sequence and Nn is Gaussian noise.

From the system theory —  ignoring the noise — we know that there is no differ

ence in the output values if the filter is placed before (pre-emphasis) or after (equalization) 

transmission line. Assuming that we have an equalization filter with coefficients given 

with vector w (this will help in next section where we talk about decision feedback equal

ization), the output of the filter is

(2.33)

The optimum coefficients w can be obtained by minimizing Mean Squared Error (MSE)

° M S E  =  E \ \ e f \  =  E \ \ x n - & - z n\2 (2.34)

where E is expected value, *„_A is desired received symbol and A is the channel delay. 

From the orthogonality principle [20], the MSE is minimized when the expected value of 

the product between the error and the received symbols is equal to zero
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EU„Y„\ = 0 (2.35)

In other words, the channel will be optimally equalized in MSE sense, when the received 

error en = _ A - zn is uncorrelated with the channel output Yn . Hence [20],

E <x n - A Y l \ - ” E \  Y n Y l \  =  R x Y T ~ w R Y Y T =  0 (2.36)

where /?^, is cross correlation between the input and the output of the channel and RyyJ is 

autocorrelation of the channel output. From (2.36) we have

w = R j(R T)xYly YY
-1

where,

(2.37)

V  = E\ Xn - y n\  = E[xr , - X \ HT = [o ... 0 0 ... o ] h T =  EX 1 aH

where ex is the energy of the input symbol and 1AH is short form of

1AH  = [o ... 0 hv ... h0 0 ... o]

and

RYY' = E[ YnYl \  = HE^Xnx l \ n T = zMH

because

(2.38)

(2.39)

(2.40)

E<X n K> = E Kn -  1 [xn xn- 1 ••• xn-f-v+  l]

n  - / -  v  +  1_

We can now rewrite the equation (2.37)

1 0 . . .  0

» — p 0 1 1 0
Sx

0 0 0 F

(2.41)

T -1
(2 .42)
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From this equation we can calculate optimum pre-emphasis or equalization filter 

coefficients for given number of filter taps. This equation as well as the equation (2.30) 

can be used to estimate minimum number of filter taps for specific channel. More taps will 

always better suppress ISI. However, the number of taps is usually chosen as a compro

mise between circuit complexity (power consumption, cost) and performance. For 

instance, Figure 2.23 shows relationship between the eye-opening and the number of filter 

taps for PAM-2 and PAM-4 transmitted over lm  long FR-4 channel with lpF capacitive 

load at the input and the output.

100

80

ra 60CC<D
I  40 
> . >0> /a>
>

20

- H -  4Gbps PAM-2 
- A -  4Gbps (2Gsps) PAM-4

-20

Number of pre-emphasis filter taps

Figure 2.23: Eye-opening vs. number of pre-emphasis filter taps

We can see that for 4Gbps transmission (4Gsps for PAM-2 and 2Gsps for PAM-4), 

PAM-2 have wider relative eye-opening regardless of the number of pre-emphasis filter 

taps. This can be explained by noting that although the symbol rate for PAM-4 is two 

times lower than for PAM-2 (2Gsps vs. 4Gsps in our case), its noise margin is three times 

lower as well.
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Another form of equalization filter called decision feedback equalization filter can 

be implemented in digital domain, which is subject of this thesis. Following section 

briefly describes basics of DFE, while implementation detail is given in the Chapter 3.

2.6.2 Decision Feedback Equalization

DFE is a non-linear equalization method where previously detected symbols are 

used to cancel ISI in the present symbol as shown in Figure 2.24. In general, the DFE filter 

is preceded with a linear equalization filter (dashed area) which is used to cancel all pre

cursor ISI components because DFE filter can cancel only post-cursor ISI components. 

This linear filter is not the must in multi-giga bit per second transmission over FR-4 back

planes because pre-cursor ISI components are relatively small in these applications.

y(n) x(n)
Feedforward

filter

Symbol 
by symbol 
detector

Feedback
filter

Figure 2.24: Decision Feedback Equalization

It should be pointed out that pre-cursor components are relatively negligible only 

for PAM-2. However, the pre-cursor components may not be possible to ignore in PAM-4, 

which is also used in backplane applications, because PAM-4 has three times lower noise 

margin than PAM-2. In this case, the feedforward filter can be moved to the transmitter 

side where it is easy to implement (pre-emphasis filter). This implementation would still 

require passing the coefficients from receiver to transmitter in order to adaptively train 

pre-emphasis feedforward filter.
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We will now derive equations for optimum DFE filter coefficients for both feed

back and feedforward filter. This derivation is very similar to one for linear pre-emphasis/ 

equalization filter derived in previous section with addition of feedback filter.

MSE for DFE [20] can be written as

> M S E  =  £ | K I  }  =  £ | K - a - z » - V » - a + i |  |  ( 2 - 4 3 )

where bn is a vector containing feedback filter coefficients bn = \b0 bx ... and xn_ A+ j 

is a column vector containing detected symbols in the feedback path.

To make the derivation identical to the one in previous section we define.

*». = K |-* i» l (2.44)

T„= (2.45)
*«-a+L

Now derivation for MSE is analogous to (2.36)

eIx̂ M - wECyX )  =  R v -wRv /  =  0

From this equation we have

* RxV{RyY )
-l

where [20]

(2.46)

(2.47)

R T 0
x Y 1 [M aH

R Vyt = E{~Yn~/n} =

R y y t  E i Y n X n - A + l >

r  T

_
_ R Y Y T M " a

Fx H J A  z J b  _

(2.48)

(2 .49 )
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l b is an identity matrix and JA is matrix with dimensions ( f + v ) x b  whose elements are 

ones and zeros which has A +1 upper rows equal to zero and an identity matrix with 

dimensions min(b,f  + v - A -  1).

If we include equations (2.48) and (2.49) into equation (2.47) we have

Solving these two equations with respect to w and b we get the optimum coefficient val

ues for the feedforward and feedback filters respectively.

From equation (2.54) we see that if a Decision Feedback Equalizer contains only feedback 

filter, then (2.54) reduces to b = HJA.

2 .7  Adaptive Pre-emphasis and Equalization

Although the coefficient calculation methods presented in previous section provide 

us with optimum coefficient values, they are usually used only for analysis purposes and 

not for real applications, because they require knowledge of the impulse response of the 

channel. However, impulse response may not be known apriori and even it is known, the 

channel characteristics may change with the time due to temperature and voltage varia

tions as well as aging. This section will describe adaptive methods used for pre-emphasis 

coefficient calculation in backplane transceiver applications.

(2.50)

which is essentially two equations with two unknown variables.

(2.51)

w {zJ tJ h) - b z x = 0 (2.52)

(2.53)

b = wHJA = \ tah t{h h t - h j aj ta) ' h j a (2.54)
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Generally, adaptive pre-emphasis/equalization methods use gradient iterative 

method for calculating the filter coefficients. This method relies on the fact that the MSE 

is a positive convex function of pre-emphasis/equalization filter coefficients with only one 

minimum value (no local minimums) [21].

CMSE = E \ \e f  (• =  E \  \x n - A - w Y n\2 (2.55)

Initially, we set a filter coefficients to some arbitrary value w = w0 , which corre

sponds to point on the MSE surface possibly far from the minimum value. Now, we calcu

late the gradient of MSE (SaMSE/dw^w ), which is a vector that points to direction of the 

maximum change of the MSE function. We than move to the opposite direction of the cal

culated vector towards the minimum of the MSE, by calculating the new filter coefficient 

w = w j . This procedure is iteratively repeated until we reach the minimum value. Iterative 

equation is given with equation (2.56) [21]

vk+\ w  A f  d a MSE 
k y dw

(2.56)

where A is a positive coefficient. A needs to be selected small enough to ensure conver

gence of the iterative algorithm and to minimize the error once the algorithm converges to 

the minimum value but also big enough to satisfy convergence time for a particular appli

cation.

Gradient of the MSE is [21]

d°MSE = _d_ 
dw dw E<\xn_A- w Y n E\ £ t y n- A - w Y j [ 2) \  = -2E{enY„} (2.57)

This can be further simplified by replacing the expected value of the function with the 

function itself

da
MSE = -2e Y

dw
(2.58)
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Now the iterative equation simplifies to [21]

(2.59)

where multiplier 2 was included (absorbed) into the coefficient A.

There are number of different variations of this algorithm [21]. For high speed 

applications one could take just polarity of the error sign(en) or just polarity of the channel 

output sign(Yn) as shown below

These algorithms are very easy to implement and can run at very high data rate, but they 

have slower convergence. This is specially true for the last algorithm (called sign-sign 

iteration algorithm), because we use only sign of the gradient vector and ignore its ampli

tude. Hence, more steps are needed to reach to the minimum MSE.

The accuracy of convergence might be improved (estimation noise reduced) if the 

gradient is averaged over number of received samples [21] before the new coefficient val

ues are calculated. For instance, if the gradient is averaged over N consecutive samples we 

have

The drawback of averaging gradient algorithm is a slow convergence time. We will see in 

the next section how gradient averaging can be combined with sign-sign algorithm for 

adaptive transceiver pre-emphasis used in backplane applications.

w n + 1 =  w n  +  A s i S n ( e n'>Y « (2.60)

w n +  1 =  w n  +  A e n s i S H Y n )

or polarity of both the error sign{en) and the channel output [21]

(2.61)

w n +  l = wn + Asign(en)sign(Yn) (2.62)

\

wN ( n + \ )  W N n  +  A  j y  S  ^ e N n  + k ^ N n  + k^ (2.63)
v k = o /
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2.7.1 Adaptive pre-emphasis used in backplane transceivers

Block diagram of the adaptive pre-emphasis is shown in Figure 2.25 where two 

transceivers communicate via the backplane. Figure 2.25 shows adaptive pre-emphasis 

only in one direction (from left to right) for simplicity, but the actual transceivers are usu

ally identical and both contain adaptive pre-emphasis FIR filter as well as convergence 

engine for calculating the coefficients for pre-emphasis filters.

TR_L t r  r

Slicers

Convergence
Engine

Figure 2.25: Block diagram of adaptive pre-emphasis

Initially, one side (lets assume it is the left side as shown in Figure 2.25) starts to 

transmit data at the nominal (multi-giga bit per second) data rate and the right side 

receives data distorted by the channel, and calculates the first iteration of pre-emphasis fil

ter coefficients. Calculated coefficients are than transmitted from the right to the left side 

via a reliable return link. The return channel usually has the same characteristic as the 

transmit one but the data rate is much lower so that the channel does not distort the signal. 

This procedure is repeated until the pre-emphasis filter is fully tuned. Now, roles between 

the left and right side are reversed and the right side starts to transmit data at the nominal 

rate. The left side calculates the coefficients and transmits them back to the right side. 

After both sides finish tuning corresponding pre-emphasis filters, they can start communi-
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eating with nominal speed in both direction. Coefficients calculation engines on both sides 

continue to calculate coefficients in order to track changes in the transmission path due to 

temperature, voltage and aging. The only difference is that the coefficient are now trans

mitted at the nominal rate because links are equalized (reliable). Coefficient transmission 

takes only a fraction of the available bandwidth and the remaining bandwidth is used for 

data transmission.

Adaptive pre-emphasis for backplane transceiver was first reported in [2]. This 

paper presented a backplane transceiver that uses PAM-4 and can operate up to 5Gbps 

(2.5Gsps) over FR-4 backplane. The pre-emphasis was achieved with 4-tap FIR. The filter 

has being implemented by summing the currents from four taps in the output pad. One tap 

is used for pre-cursor component, one for cursor and two taps for post-cursor components.

Coefficient calculation engine uses sign-sing averaging algorithm

wN(n + 1) = wNn + siSn

t'N- 1
X  (sig»(eNn + k)sign(YNn + k))

V£ = 0

(2.64)

The sign-sign algorithm with gradient averaging was used because multiplication can be 

done at very high rate because multiplier is simply an X-OR gate. The averaging was 

added not to increase the stability, but to reduce the data rate at which coefficient are 

relayed back to the transmitter.

Block diagram of the coefficient calculation engine is shown in Figure 2.26.
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Sign(y j)

MUX

Sign(e j)

LatchesUp/Down
Counter

8- bit shift 
register

Sequencer (FSM)

Message
Frame
Generator

Figure 2.26: Block diagram of the coefficient calculation engine

Coefficients are calculated sequentially. For instance, the pre-cursor component is 

calculated by multiplying (XOR-ing) the latest y: sample (before the shift register) with 

the error ej delayed by one sample. Results of multiplication for consecutive errors et and 

inputs y t are integrated (averaged) with an Up/Down counter. After N samples the aver

aged value is latched and stored in the message frame generator. Now the calculation of 

the cursor component can start by passing to the multiplier one bit delayed version of the 

yi . After all four coefficients are calculated, the message frame generator package them in 

a frame and sends the frame back to the transmitter.
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CHAPTER 3 Receiver
Implementation

3.1 Introduction

This chapter describes implementation of a 4Gbps backplane receiver with adap

tive blind DFE. First, we provide high level block diagram of the overall receiver and then 

explain the operation of the receiver’s front-end with underlying math. Next, each block of 

the receiver’ front-end is explained separately, starting from the DFE slicers, which are 

used to sample incoming data stream and perform DFE. Detailed schematics of the biased 

comparator used in DFE slicers is presented. This is followed with detailed description of 

the adaptive coefficient calculation engine. Finally, we conclude with description of the 

clock recovery unit, which is used to align the phase of the reference clock with the center 

of the symbol cell where the noise margin has a maximum value.

3.2 H igh-level Receiver Architecture

High-level receiver architecture block diagram is shown in Figure 3.1. The input 

serial stream is first equalized and demultiplexed to ease requirement for high-speed on 

chip clock. The demultiplexer takes snapshots of the eight consecutive data samples (sam

pled at the middle of the symbol cells) and eight corresponding transition samples (sam

pled at the edge of the symbol cells) and feeds them to synchronization block where they 

are used to tune the phase of the reference clock so that the incoming serial stream is sam
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pled at the middle of the symbol cells. Data samples are demultiplexed from 8 to 16 bit 

format to further relax the on-chip clock requirements.

Adaptation 
Coefficient b

Equalizer/
Demux

RefClk 
500 MHz

Synchronization

DFE Coefficient 
Adaptation Engine

BERT 
FIFO 

Output Drivers
OO

CO

Figure 3.1: High-level block diagram of the receiver

Only one out of eight demultiplexed samples is used for DFE coefficient calcula

tion, which is performed in adaptation engine. The adaptation engine constantly calculates 

DFE coefficient as well as the cost function coefficient which is used to compensate for 

the transmission line attenuation. The DFE coefficient is passed to the demultiplexer 

where it is used to cancel post-cursor ISI component.
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Before we describe each part of the receiver in detail we should mention that all 

high speed mixed signal circuits (Equalizer/Demux, DFE error generation circuit) are 

designed at the transistor level, while lower speed circuits (DFE coefficient integrator, 8- 

to-10 Demux, BERT, FIFO) are designed at the behavioral level because they can be 

implemented with standard cell components. This approach significantly increased the 

speed of HSPICE simulation. The synchronization (clock recovery) circuit was also 

implemented at the behavioral level because the synchronization was not the main topic of 

this thesis.

3.3 Receiver Front-end Architecture

Block diagram of the receiver front-end is shown in Figure 3.2. The receiver front- 

end circuit makes decision about the received symbol based on the level of the received 

analog signal at the sampling instance and the previously detected symbol. Essentially, it 

subtracts the weighted previously received symbol from the present symbol and then 

makes decision by comparing the resulting value with the threshold level.

The received data is demultiplexed with eight DFE slicers to reduce the on-chip clock and 

data rate.

As we saw in the previous Chapter, the received signal yn can be written as

L

y n=  E  ( 3 - 1 )

k = 0

where xn is transmitted sequence, hn is channel impulse response, and nn is additive noise

that will be neglected for a moment. The signal equalized with one tap DFE is

z n = y n ~ b "x n - & - l  (3-2)
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where b is the feedback coefficient, xn_A_ l is the previously detected symbol and A is 

the channel delay. If there are no errors in reception (the channel is equalized), the 

detected symbols are equal to the received symbols, x n A _ t =  x n _ A _ x and each DFE 

slicer output Qm m = {0,1, ...,7} sources = xu _m_A_ x.

Adaptation engine

DFE Slicers

7c+1

sign

Figure 3.2: Block diagram showing DFE slicers and adaptation engine

If the known training signal where available at the receiver, the feedback equalizer 

would be initially fed with the actual transmitted symbols xn_A_ l , until the equalizer 

coefficient convergence is achieved. At this point, the equalizer would switch to the deci

sion directed mode where its feedback equalizer would be fed with previously detected 

symbols xn_A_ l . In this case, the equalizer coefficients are adjusted by minimizing the 

mean square error cost function (3.3) with an iterative procedure (3.4).
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MSE = EUzn- x n_ &y2 (3.3)

d(MSE) (3-4)

Because the known transmitted sequence is not available, we will minimize a cost 

function similar to the one introduced by Sato [17], mathematically analyzed by Ben- 

veniste et al. [18] and generalized by Godard [19], but with some modification to compen

sate for non-existence of feed-forward filter. Sato’s algorithm is based on minimizing the 

cost function (3.5) where the constant y is defined by (3.6) [19].

For binary (PAM-2) transmission, the constant y (assuming that xn = +1), and the 

cost function (3.5) becomes identical to the cost function for decision directed mode. 

However, this cost function needs to be modified if the equalizer has only feedback filter 

because even if the feedback filter cancels all ISI, it cannot compensate for attenuation in 

the transmission line — attenuation of the cursor component of the channel impulse 

response. Hence, the equalized signal cannot be equal to the transmitted signal ( z n =  x n  ) ,  

but rather to an attenuated version of it ( z n  =  x n / c  ), where c > 1. This attenuation can be 

compensated for by adjusting the transmitter gain, which requires a return channel from 

the receiver to the transmitter, or by having a programmable gain amplifier at the receiver, 

which is very difficult to implement at multi gigabit per second data rates.

Rather than adjusting the gain of the input signal, we adjust y by replacing it with

(3.6)
£[K |]

(3.7)
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Now the minimum of the Sato’s cost function can be obtained by solving

= £j-*«-A-iznKr(iz«i-Y)J=° (3-8>

If the ISI is fully canceled, then zn = xn A/ c  and the expression in the parenthesis 

is equal to zero. This applies only to PAM-2. For PAM-4 and higher, the expression in 

parenthesis is not zero. However, equation (3.8) is still satisfied when ISI is fully canceled, 

because the transmitted samples are assumed to be independent and identically distributed 

(iid) random variables, so that E[xn_ , _Ax„_A] = 0 . The feedback filter coefficients are 

calculated with an iterative procedure where the expectation term is dropped [19].

bk + 1 = ^ - K - A - l ^ K r ^ N - Y )  = bk + Xxn-& - l ( zn~y  siSn(zn)) (3 ‘9 )

Transmission line attenuation c , can be estimated with a similar iterative proce

dure

ck+ 1 = ck + Xzn(zn ~ y - siSn(zn)) (3.10)

where c is equivalent to coefficient of a single tap feed forward filter -  single tap filter is 

essentially a programmable gain amplifier. Although we do not have an actual single tap 

filter (programmable gain amplifier), we calculate its coefficient and use it to adjust y.

To simplify the implementation and increase the maximum speed of the circuit, 

which calculates the coefficient values (3.9) and (3.10), we use the sign-sign algorithm 

with gradient averaging.

bk+ 1 ~ bk +X-sign X  s '£ « (% ,_  A-  i) ’ s,'g«(zV /-Y  ’ siSn(zN,))
7 = 0

(3.11)
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vk+ 1 . + X • sign X  s i S < x Ni _ A) • sign(zN j- y  • sign(zNi)) (3.12)

As an be seen from (3.11) and (3.12), the gradient is averaged over L samples. The 

main reason for this is not only to increase the stability of the adaptation algorithm, but 

also to ease the design requirements of the coefficient generation circuit (D/A converter), 

which can run at a much slower speed than the symbol rate. The gradient averaging 

reduces the speed of convergence, but this is not an issue because the characteristics of the 

targeted transmission medium (backplane PCB) change very slowly over the time.

For instance, it takes about 50,000 received symbols or 12.5ps for DFE coefficient 

to converge from zero to the optimum value (see Figure 4.9 in Chapter 4), whereas 

changes in the transmission medium due to the ambient temperature changes and aging 

take minutes and days respectively.

It should be noted that for the coefficient calculation we do not have to take every 

consecutive received symbol (N = 1) as it is done in [2], We can take spaced snapshots of 

the received symbol sequence because if xn is an iid sequence, than xNn is also an iid, 

where N is the ratio of demultiplexing in the receiver front-end. By doing this we can sig

nificantly reduce the size and complexity of the receiver’s adaptation circuit as well as the 

size of receiver’s front end. Drawback of doing this is longer convergence time (by factor 

N), but this is not an issue for backplane applications as explained previously. The validity 

of this approach is shown in Figure 4.4 and Figure 4.9 in Chapter 4.

For instance, it is reported in [2] that 60% of power is consumed by adaptation cir

cuit and that the receiver front-end uses 20 slicers out of 50 for the error detection. If this 

circuit were implemented as it is proposed here, the power consumption of the adaptation 

circuit and the number of slicers used for the error detection would be reduced by factor 

five, because the receiver in [2] uses l-to-5 demultiplexing.
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3.3.1 DFE Slicers

As can be seen in Figure 3.3, received 4Gbps serial data stream is de-multiplexed 

with eight identical blocks each clocked with a different phase of the

500MHz clock. Each block has two biased comparators, a multiplexer and a latch. Two 

comparators are used to perform look-ahead equalization before the previous detected 

symbol is known. One comparator is biased high to cancel inter-symbol interference if the 

previous detected symbol was low, and the other comparator is biased low to cancel inter

symbol interference if the previous detected symbol was high. The multiplexer selects the 

output of the one or the other comparator based on previously detected symbol. The latch 

stores received symbol Qt and uses it to select the correct symbol Qi+  j in the next block. 

The level of biasing (equalization) is controlled with voltage b .

The maximum serial data rate, this circuit can accept is equal to the reciprocal 

value of:

*max ^m uxdel^  h a tc h d e l ^  ^stlatch (3.13)

where tmuxdel is the maximum propagation delay of the multiplexer, tlatchdel is the maxi

mum propagation delay of the latch and tstlatch is the minimum setup time of the latch.
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Block diagram in Figure 3.3 shows the single ended connections for simplicity. 

However, all circuits in the receiver front-end are differential.

4>o

c m

Figure 3.3: Block diagram of the receiver’s demultiplexer

A transistor level schematic of the biased comparator is shown in Figure 3.4. The 

comparator is based on the high-speed latch used in Strong-Arm processor [15] with addi

tion of the comparator bias transistors M10 and M il. When the clock is low, the output
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nodes of the sense amplifier are pulled high with transistors M2 and M3. Transistors M5 

and M8 are used to cancel out any voltage difference between the output nodes S and R 

and between nodes N1 and N2 clearing any memory from the previous latched value.

Vdd

M2Ml

TT

M6 M7

N1 N2M8
TT

M9 M10 M il Ml 2

Ml 3

Figure 3.4: Biased comparator in DFE

During this time, the output of SR Latch does not change, holding the previous 

latched value. On the rising edge of the clock, transistors M2, M3, M5 and M8 are turned 

off, and transistor M l3 is turned on, pulling down the nodes N1 and N2 via input transis

tors M9 and M l2 and via DFE bias transistors M10 and M il. Depending on the input sig

nal and DFE bias voltage at the rising edge, one of the nodes N 1 or N2 will be pulled 

down faster. As soon as the voltage on one of the nodes goes below Vdd -  Vt, let’s assume 

it is N 1, the transistor M6 above the node N 1 will start conducting and this will trigger 

regenerative process in cross connected inverters (M l, M6) and (M4, M7). At the end of
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regenerative process, the output of the inverter (Ml, M6) will be pulled low and the output 

of (M4, M7) will be pulled high.

3.5

2.5

\V V--

*o
^  1.5

CLK

0.5

1.3 1.35 1.4 1.45

Figure 3.5: Biased Comparator Waveform

The high-speed latch reported in [15], has an always-on nmos transistor (gate tied 

to Vdd) between nodes N 1 and N2. This transistor is used to prevent either node N1 or N2 

from floating during to clock high cycle. However, this transistor is needed only if the 

change at the input voltage is such to turn-off transistors M9 or M il, which is typically 

case in digital circuits where the voltage at the input changes from rail-to-rail. In our case, 

transistors M9 and Ml 1 are always on because the received voltage swing is only 500mV 

or lower.

It is very important for SR latch not to present data dependent load to the sense 

amplifier. The conventional SR latch (Figure 3.7) cannot be used in this application
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because it presents data dependent load (capacitance) — its input capacitance is different 

for states 1 and 0. If used, it would give a hysteresis of 30 mVpp to the comparator as 

shown in Figure 3.6.

3.3V

-15 mV 15 mV V(yn+)

Figure 3.6: Hysteresis of the comparator with standard SR latch

Two different solutions have being used to overcome this problem. First one, 

described in [12] and [13], adds additional sense amplifier timed with inverted version of 

the clock, in order to increase the gain by cascading two sense amplifiers, which in turn 

reduces the hysteresis. Essentially, sense amplifier timed at the positive edge is followed 

by a sense amplifier timed at the negative edge, which is in turn followed by a standard SR 

latch.

The other solution, described in [14], adds inverters between sense amplifier and 

the SR latch made with two NOR gates. However, both of these solutions add extra logic 

which increases the power consumption and the area of the receiver. The second solution 

reduces the maximum speed of operation as well, because inverters add extra delay and 

NOR gate based SR latch is inherently slower than an SR Latch with NAND gates —
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NOR gate has two PMOS transistors in series so the pull up time is slower than in the case 

of NAND gate based SR Latch.

In this thesis we use a simple modification of the standard SR latch to solve the 

comparator hysteresis problem. Let’s analyze first the operation of a standard SR latch. In 

the standard SR latch, the S and R inputs are connected to NMOS transistors (transistors 

M3 and M7 in Figure 3.7) whose drains are tied to SR latch outputs Q and Q.

First, assume that the output Q is high (Q is low) and that S and R are high (no 

change at the output nodes Q and Q. Now if the R goes low, it will pull up node Q by turn

ing on transistor M5 and by turning off transistor M7. Q high will pull down node Q by 

turning off transistor M2 and by turning on transistor M4.

Vdd Vdd

M5M2 M6

M3 Q M7 Q

M4 M8

Figure 3.7: Standard SR latch
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To understand why inputs S and R see the different capacitive load during the rear

rangement, we should first look at the gate capacitance plots for NMOS and PMOS tran

sistors shown in Figure 3.8 and Figure 3.9 respectively.
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1.5
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2
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Figure 3.8: NMOS Gate Capacitance
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Figure 3.9: PMOS Gate Capacitance

From Figure 3.8 and Figure 3.9 we can see that when NMOS and PMOS transis

tors are off, their corresponding gate capacitances are about 50% lower, and their values 

do not depend on the voltage between the drain and source. Also, we see that NMOS tran

sistor has about 10% higher gate capacitance under the same condition.

With these approximations in mind, we can now try to estimate the initial input 

capacitances of the standard SR latch.

Assume that initially Q is high (Q is low) and that S and R are high. Transistors 

M l and M5 have the same gate capacitance because they both are turned off. Transistor 

M7 is turned on and its Vds = 0. However, transistor M3 is not really turned on, although 

its gate is tied high because its source is disconnected from the ground by transistor M4.
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The source of the transistor M3 (node N in Figure 3.7) is at the voltage slightly above 

Vdd-Vtn, where Vtn is NMOS transistor threshold voltage. This keeps transistor M3 off in 

sub-threshold region.

Finally, we can estimate the initial input capacitances for S and R inputs of an SR

latch.

Cs = Cpm osoff + C nm osoff= 0.9 x Cnm osoff + C nm osoff= 1.9 x Cnm osoff

Cr = Cpmos off + Cnmos on = 0.9 x Cnmos off + 2 x Cnmos off = 2.9 x 

Cnmosoff.

Based on this simple analysis, we see that when Q is high (Q is low), the R input 

has about 53% higher capacitance than the S input. Analogously, when Q is low (Q is 

high), the situation is reversed — capacitance of S input is about 53% higher than the 

capacitance of the R input.

This can be shown with HSPICE simulation by noting that for instance for S input

(3.14)

d t

and the capacitance equation for R input is analogous.

Initial Conditions: Vs=VR=Q=Vdd

Q

Figure 3.10: SR Latch input capacitance test bench
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Figure 3.10 shows HSPICE test bench for simulating input capacitance of the stan

dard SR latch with initial conditions Q is high (Q is low), and vs =Vr = vJd (Similar test 

bench was used to obtain gate capacitances for NMOS and PMOS transistors shown in 

Figure 3.8 and Figure 3.9). Inputs S and R are initially charged to Vdd and then dis

charged either trough current sources or resistors as shown in Figure 3.10. Both methods 

give the same results for input voltages of interest Vs, VR > IV.  However, as Vs and VR 

approach zero value, their slopes becomes more flat and their derivative in (3.14), as well 

as the current trough resistors R1 and R2 drops to very low value causing errors in calcu

lation due to finite precision. Hence, discharging them through the current sources is pref

erable if we are interested in capacitance for all values of the input voltages.

HSPICE uses quasi-static approximation for MOS charge and capacitance models, 

which are valid as long as the input signal rise or fall times is not shorter than

tr j> 20t( (3.15)

where tr j  is rise or fall time, and xt is the transit time for carriers that leave the source and 

arrive at the drain [28]. The transit time xt can be calculated with

t t = htL (3.16)
VSAT

whereLeff is effective channel length and vSAT is carrier saturation velocity.

For an NMOS transistor with 0.35 pm channel length and vSAT« 107 cm/m, the 

transit time is xt = 3.5 ps. Hence, the transitory input rise or fall time tr j  needs to be 

longer than 70 ps [28] for quasi-static approximation to be valid. Hence, the current sunk 

by the current source (or resistor R1 and R2 values) should be selected accordingly, so that 

the rise and fall times are not shorter than calculated.

The HSPICE simulation results of a standard SR latch input capacitances with 

respect to the input voltage are presented in Figure 3.11.
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Figure 3.11: SR Latch input capacitance when Q is high (Q is low)

Simulation result shows that initial capacitance (for Vdd = 3.3V) differs between S 

and R inputs by 63%, which is relatively close to the previous, by hand estimated differ

ence of 53%. The major discrepancy between HSPICE and the hand calculation is caused 

by the fact that we assumed that input capacitance is constant when transistor is turned off 

0 < | FG5| < Vt . However, a MOS transistor capacitance decreases as VGS goes from 0 to Vt 

because thickness of depletion region increases as VGS approach Vt . In vicinity of Vt it is 

about 20% lower than for VGS 0 as can be seen in Figure 3.8. This means that the input 

capacitance of transitory M3 was overestimated in hand calculation.
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Now, we will describe how with very simple modification of the standard SR 

latch, we can get a latch that does not present data dependent load to the high speed com

parator.

If the inputs R and Q in Figure 3.7, connected to M3 and M4 respectively, are 

swapped as well as the inputs S and Q connected to transistors M7 and M8, we get a mod

ified SR latch shown in Figure 3.12. Now, both S and R inputs see the same initial capaci

tance because n-transistors M4 and M8 are turned on (S and R are high) and their 

VDS = and because p-transistors Ml and M5 are turned off (their VDS is not equal, but 

their input capacitance is equal because both of them are off).

Vdd Vdd

M1 M5M2 M6

M7 QM3

M4 M8

Figure 3.12: Modified SR Latch
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The input capacitance of the modified SR Latch is shown in Figure 3.13. Initially, 

when both S and R are high, the capacitance is equal. The input capacitance will stay 

equal as long as p-transistors Ml and M5 are off Vdd- Vtp < vs, VR < Vdd.

^  i i i i i i

i i i  i i i
i l l  i i i

1 ------------------------------  1 --------------------------------I-------------------------------------- 1------------------------------- 4 - - . . --------------------- I -   . | --------------------------
I I I I I I
I I I  I I I
I I I  I I I
I I I  I I I

0 .8----------- -!----------- r ------------ ;-----------1----------- 1----------- H------  - -
I I I  I I I
I I I  I I I
I I I I I I
I I I  I I I

0 .6  J 1 1 1  —1--------------- 1-------------
0 0.5 1 1.5 2 2 .5 3 3.5

Input Voltage [V]

Figure 3.13: Modified SR Latch input capacitance

When transistors Ml and M5 start to conduct v*VR>vdd- y tP’ their gate capaci

tances will start to differ because their corresponding vDS will be different. This differ

ence is not important in our application because during the evaluation phase (clock goes 

high) of the sense amplifier (Figure 3.4), the S and R inputs will sag by typically less than 

Vt before the high-speed comparator makes decision — either node S or R will go low 

and the other will pull back to the high voltage level as shown in Figure 3.5.
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However, when the input differential voltage is very low (less than 2 mVpp), the 

sense amplifier will sag S and R by more than vt before it makes decision. For such low 

input values, the difference in the SR Latch input capacitance will be dominant in the deci

sion process. We should point out that the polarity of the difference between S and R input 

capacitances for VS’ VR < Vdd Vtp is different between the standard and modified SR 

Latch. While the R input on the standard SR Latch has higher input capacitance, the S 

input on the modified SR Latch has higher input capacitance (For the case when Q is high 

(Q is low) and VS’ VR < Vd d ~  Vtp )’ The consequence of this is that while the standard SR 

latch has input hysteresis of 30mVpp, the modified latch has negative hysteresis of 

2mVpp. So if the differential input stays in the 2mVpp range the output will toggle. This is 

not concern in our application because the sensitivity of the input comparator is not 

expected to be lower than 2mVpp.

It should be noted that pulling both S and R inputs all the way to the ground forces 

the SR latch to an undefined state. In the case of the standard (Figure 3.7) and modified 

(Figure 3.12) SR latch both outputs Q and Q would go high. Hence, the input capacitance 

plots below the SR Latch input threshold can be ignored because an SR Latch would never 

go to an undefined state under normal conditions. However, the input capacitance for stan

dard and modified SR Latch over all input voltages is shown in Figure 3.11 and 

Figure 3.13 just for completeness.

3.3.2 M ultiplexer and latch

As explained in previous section, each DFE block contains a multiplexer and latch. 

They have to be designed to with minimum possible delay because the maximum serial 

data rate, this circuit can accept is equal to the reciprocal value of

^max ^muxdel^  ^ la tchde l^  ^stlatch ( -̂17)
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where tmuxdel is the maximum propagation delay of the multiplexer, tjatchdel is the maxi

mum propagation delay of the latch and tstlatch is the minimum setup time of the latch. 

The maximum simulated data rate for 0.35pm TSMC technology is 4.5Gbps.

The schematics of the multiplexer and latch are shown in Figure 3.14. The multi

plexer is realized with pass-gate logic for minimum delay. The latch is implemented with 

two cross-coupled inverters and four extra transistors used to toggle the state of the latch. 

It is very similar to implementation of an SRAM cell. Transistor sizing is very important 

for proper operation of the latch.

Figure 3.14: Implementation of the multiplexer and latch
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3.3.3 Adaptation Engine

Figure 3.15 shows detailed block diagram of the circuit that calculates error 

eNi = sign(zNj- y  ■ sign(zNj) ) . The input signal is simultaneously equalized with one tap 

look-ahead DFE and compared with either positive Vcm + y or negative Vcm- y  limit, 

depending on the received symbol being either positive or negative respectively.

0 7

cm

V +Ycm >

Figure 3.15: Block diagram of the error calculation circuit

The gradient is generated by multiplying (with and XOR gate) the error eNi with 

the previous received symbol (Qn_ x), and by integrating the resulting value with an Up/ 

Down counter, as shown in Figure 3.16. The sign (most significant bit) of the counter 

CNT-1 is used to increment/decrement the counter CNT-2, once every L clock periods. 

The value stored in CNT-2 is used to generate the bias voltage for DFE slicers via the low 

speed 7-bit D/A converter.
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Ni-1 D/AUp/Dwn
Counter

Up/Dwn
Counter

L

Figure 3.16: Block diagram of DFE coefficient calculation circuit

A similar circuit is used to calculate y = l / c .  By noting that for practical applica

tions, 1 < c < 4  we can approximate y = l / c  with a linear function by replacing it with a 

first degree Taylor polynomial around c = 2 .0 , which turns out to be y = 1 -  0 .2 5 c .

As mentioned before, the error calculation is not performed on every consecutive 

received symbol as in [2], but on every eighth received symbol. This reduces design 

requirements on adaptation circuit and significantly reduces the power consumption.

3.4 Re-synchronizing received data to a single clock phase

Section 3.3.1 showed how demultiplexing of the received serial stream was done 

with eight slicers, each timed with a different phase of the recovered clock. To simplify the 

design and implementation of the remaining circuits, demultiplexed data needs to be re

synchronized to a single phase of the internal clock as shown in Figure 3.17. This was 

achieved by first sampling the output of eight transparent latches in Figure 3.3, with eight 

flip-flops clocked by eight phases of the internal clock. Next, the outputs of these eight 

flip-flops are split into two groups: one sampled with <j)0 and the other with (|>4. Each 

group is stored in corresponding four bit register. Finally, the outputs of two four-bit regis

ters are re-synchronized to only one clock phase <(>0.
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Figure 3.17: Re-synchronizing to a single clock phase

3.5 Clock Data Recovery

Previous sections described how the received data is sampled and equalized, 

assuming that the clock aligned to bit edges is available all the time. In this section, we 

describe the clock recovery method implemented in this thesis.

Backplane serial transceivers generally do not transmit high speed clock because 

this would require extra pair of traces for each serial link. In addition, it would be difficult
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to guarantee that the data and the clock have the same delay and attenuation. Because of 

this, backplane serial transceivers extract the clock from the received data stream. 

Depending on the synchronization between the transmit and receive device we can catego

rize the clock recovery in two different methods.

• Phase only recovery — when the transit and receive device are synchronous. In 

many telecom/datacom systems all cards connected to the backplane are synchro

nous to same clock usually generated from the dedicated timing card in the system. 

Having all devices in the system synchronized to the same clock greatly simplified 

the design (it is much easier to design with single than with multiple clock domains) 

and improves performance (delay trough the system gets reduces because less or no 

buffering is needed).

• Phase and frequency recovery — when the transmit and receive devices are plesio- 

synchronous. This means that the transmit and receive device are not driven by the 

same clock, but with two different clocks whose frequency difference is very small. 

For instance, if the transmit device is timed with a crystal oscillator XOl whose 

accuracy +/-25 ppm (parts per million) and the receive device is timed with X 02 

whose accuracy is +/-30 ppm then we can say that the transmit and receive device 

are plesio-synchronous. This method is more difficult to implement, but its main 

advantage is that it does not need jitter attenuators, because a clock generated with 

XO placed very close to the device has less jitter than the clock which is distributed 

throughout the system. The most frequently used method for clock recovery in back

plane transceivers is one described in [16].

Although the second method is more powerful because it works well with synchro

nized as well as with plesio-synchronous system, we used first method in this thesis 

because it is simple to implement and because the clock recovery was not the main focus 

of this thesis.

In order to simplify diagram in the Figure 3.3, we have shown how the demulti

plexing is done in the receiver without showing the clock recovery circuit. However, the
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clock recovery is integral part of the receiver and its block diagram is shown in 

Figure 3.18. The clock recovery circuits is comprised of clock recovery (CR) slicers, 

phase detector, integrator and two DLLs. As mentioned in Section 3.2, all clock recovery 

circuits are implemented behaviorally except the clock recovery slicers which are imple

mented at the transistor level. The input serial stream is oversampled by two, where DFE 

slicers sample data at the middle of the bit cell and the clock recovery slicers sample the 

data at the bit cell transitions as shown in Figure 3.18. The major difference between DFE 

slicers and the clock recovery slicers is that each clock recovery slicer contains only one 

non-biased comparator whereas each DFE slicers have two contra biased comparators. 

DFE and clock recovery slices are timed with 16 equally spaced phases of a 500MHz 

input clock generated with DLL2. DLL1 is used to shift these clocks left or right so that 

DFE slicers and clock recovery slicers sample input stream at proper instances — DFE 

slicers at the middle, and the clock recovery slicers at the transition of bit cells. Delay of 

the DLL1 is adjusted based on data sampled with DFE and clock recovery slicers as 

shown in Figure 3.19 and Table 3.1.

TABLE 3.1: Generation of Early/Late signals

Sampled Data (Q0 E0 Qj) Sampling Point
110 or 001 Early

100 or O il Late

T he other va lues do not change

DLL1 block contains only a charge pump and a voltage controlled delay line, 

while its phase detector is actually formed with DFE and CR slicers, Early/Late decoders, 

and the Majority vote circuits. Detailed schematics of the DLL1 block, implemented with 

behavioral HSPICE, is shown in Figure 3.20. The delay of the delay line is adjusted by 

varying the capacitive load (voltage controlled capacitances) seeing by delay line invert

ers. DLL2 is implemented similarly with addition of a standard phase detector.
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Figure 3.18: Block Diagram of Clock Recovery Circuit
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Figure 3.19: Sampling Clocks

DLLICIkRefClk

UP
VctrlCP

DWN

UP
Vctrl

DWN

Charge Pump

Figure 3.20: Schematic of DLL1

Simulated clock adjustment is shown in Figure 3.21. Initially, the internal clocks 

not phase aligned with incoming serial stream. Once the DLL1 gets adjusted, we can 

that the peak-to-peak value of the residual jitter is 18 ps.

R eproduced  with perm ission of the copyright owner. Further reproduction prohibited without perm ission.



de
lay

 
[p

s]

Receiver Implementation 75

1030

1020

1010

1000

990

980

970

960

950

Aj  i hnj] 18 ps fb

- - - - - - - - J
i
I

—
rJ

■ fV̂ li: /

i / V
J f[ l- - - - - - --------- . - r-

- A  I  -

V

---------  _ _ -------------- - - - - - -

Air(
I -/

/vI Ti-----
/

- - - - - - ------- ----- -----  -----

r
/

0.2 0.4 0.6 
time [s]

0.8

x 10

1.2
6

Figure 3.21: DLL locking and residual jitter
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CHAPTER 4 Simulation Results

4.1 Introduction

The previous chapter provided architectural and implementation details of the 

receiver with simulation results of some critical blocks. In this chapter we present simula

tion results for complete receiver. We start with the transmission line model used in this 

thesis, which besides PCB traces includes the IC packaging and backplane connectors 

models. Next, we show effectiveness of the receiver by comparing the eye-diagram with 

and without DFE engaged. Because DFE is accomplished by biasing comparators, the 

eye-diagrams can only be obtained from behavioral simulation. In order to confirm that 

the circuit simulation results closely match the behavioral simulation, we conclude this 

chapter by comparing the bit-error rate of the behavioral and circuit simulation during the 

convergence process.

4.2 Transmission line simulation model

The simulation test bench, shown in Figure 4.1, include lm long trace on a FR-4 

backplane, two 0.1m traces on the FR-4 transmit and receiver boards, two backplane con

nectors and Tx and Rx device package models. The width of all traces is 0.2mm and the 

thickness is 18 pm. A low cost Ball Grid Array (BGA) package model have been used 

with the worst case parameters 2 pF ball capacitance and 5 pH bonding wire inductance.
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package connector connector package
50 fF 5 pH 2 pF 0.5pF 0.5pF 0.5pF 0.5pF 2pF5pH50fF

Tx p - * ? 1 1 "> 1 I Rx

line card backplane line card

Figure 4.1: Transmission line simulation model

Frequency response of the simulation model is shown in Figure 4.2. If we compare 

the frequency response of the simulation model, with the frequency response of lm long 

FR-4 PCB (Chapter 2, Figure 2.14) we can see that the attenuation of the simulation 

model is significantly more severe, which is primarily influenced by IC packaging and 

backplane connector models, but also by the fact that the total PCB trace length in the sim

ulation model used in this thesis is 1.2 m (1 m backplane and 2 x 0.1 m line card traces).

Response of the simulation model (IC packaging + connectors + FR-4 transmission lines)

-20 - I -

-40

CDT3
-60EZ

-80

-100

-120
,8 9 1010 10 10

Frequency [Hz]

Figure 4.2: Frequency response of the simulation model
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Transmission lines are modeled and simulated using HSPICE’s W element. 

Figure 4.3 shows cross section of the transmission line whose parameters (R, L, G, C) 

required by HSPICE simulator have been calculated with 2-D electromagnetic simulator 

Linpar from [25].

E
Eioo £ T

■Sf
IO
CM
O .

E
E 0.2mm 0.4mm 0.2mm

er = 4.3

Figure 4.3: Cross section of transmission line used in the simulation

For the differential stripline shown in Figure 4.3, assuming that dielectric is FR4

(sr=4.3), copper conductance cr = 5.98-107 

generates following RLGC matrices.

and dielectric loss tan5 = 0.025, Linpar

L  = 3.484 e -  07 1.118e-08
1.11 8 e - 08 3.484e-07

C =
— 4.41 l e -  12 1.374e— 10

F~
_m_

R = 2.891 e + 01 7.229e- 01 
7.229e-01 2.891 e + 01

(4.1)

G = 2.158e —02 -6 .929e-04  
-  6.929e — 04 2.158e-02 -1_mj
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While L and C matrices can be loaded directly into HSPICE (C and L are not fre

quency dependent), R and G need to be split into DC and frequency dependent AC com

ponents

Frequency dependent components RAC and GAC can be easily derived from (4.2) and (4.3) 

since we have R and G from Linpar, GDC =  0, and for copper traces

^  (44)
where w is the width, and t is the thickens of the copper trace.

After simple calculation we get the matrices suitable for HSPICE W model. Following 

attachment contains corresponding HSPICE W model for stripline shown in Figure 4.3.

* Created January 14, 04 using Linpar
* based on differential stripline w  = 0.2 mm, t  = 0.018 mm, h = 0.0254 mm
* H = 0.05 mm, s = 0.4 mm, er = 4.3 (FR-4) sigma = 5.98e07 siemens/m,
* tan(d)= 0.025

* N = number of lines

(4.2)

(4.3)

2

* Lo = inductance matrix
■A, i t : 'A :4 r 'f c  +  '* ' 4 r i l r -5 lr-5 lr7k :'* '4 r-jk '

348e-9
11.18e-9 348e-9

* Co = Capacitance matrix

137.4e-12
-4.4lle-12 137.4e-12

* Ro = Resistance matrix

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



Simulation Results 80

* * * * * * * * * * * * * *

4 . 628

0 4.628

* Go = conductance matrix
- k ' k - k - k ' k - k - k ' k ' k ' + c ' k - k ' k ' k ' k - k - k - k - k

0
0 0

* Rs = skin effect matrix 
* * * * * * * * * * * * * * *

0.000914
2.28e-5 0.000914

* Gd = dielectric loss matrix 
* * * * * * * * * * * * * * *

21.58e-12
-69.29e-14 21.58e-12

4.3 Simulation Results

Figure 4.4 shows that the presented blind equalization algorithm converges to the 

same coefficient values as the equalization with the known sequence for different lengths 

of the backplane. It is interesting to note that DFE coefficient is not monotonically 

increasing with the line length. This is because the absolute value of the postcursor ISI 

component, canceled by DFE, is affected not only by the ISI, but also by the line attenua

tion. However, the relative value of the postcursor component (h{/h0) does monotonically 

increase with the line length.

R eproduced  with perm ission of the copyright owner. Further reproduction prohibited without perm ission.



Simulation Results 81

Blind DFE vs. DFE with training signal
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Figure 4.4: Optimum DFE coefficient for blind DFE and DFE with training signal

An eye-diagram is usually used to show performance of an equalizer. In our case, 

an eye-diagram can be generated only with behavioral simulation because in the actual 

circuit, the equalization is achieved by biasing high-speed comparator.

Eye-diagram at the input of receiver is shown in Figure 4.5, and the received sym

bol rate eye-diagram without equalization is shown in Figure 4.6. Figure 4.7 illustrates 

equalized symbol rate eye-diagram after DFE converges.
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Eye diagram at the receiver
r
I

 >-------------- I-------------- I---------------1---  -̂ L -
-200 -100 0 100 200 

Time [ps]

Figure 4.5: Eye-diagram at the input of the receiver

Symbol rate eye diagram without DFE

1.3 L— t------------------- i - - - ------------ ------------- -----------------------
-200 -100 0 100 200 

Time [ps]

Figure 4.6: Symbol-rate sampled eye-diagram without DFE
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Symbol rate eye diagram with DFE

-200 -100 0 100 200 
Time [ps]

Figure 4.7: Symbol-rate sampled eye-diagram with DFE

The performance of the equalizer is verified by comparing the bit error rate 

between the behavioral and circuit simulations during the equalizer convergence as shown 

in Figure 4.8. Each iteration is 1024 symbols long and received data is 216 -  1 pseudo-ran

dom pattern. The slight difference in the bit error rate is caused by difference in sampling 

instance between the behavioral and circuit model. The behavioral simulation uses ideal 

sampling whereas the circuit simulation is affected by the intrinsic jitter in the clock 

recovery circuit.
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Behavioral vs. Circuit sim ulation bit error rate
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DFE iteration number

Figure 4.8: Bit-error rate during convergence (Behavioral vs. circuit simulation)

Figure 4.9 shows circuit simulation bit-error rate vs. DFE coefficient value during 

the convergence of the DFE adaptive algorithm. We can see how bit-error rate drops as 

DFE converges from zero to the optimum over the number of iteration.
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Figure 4.9: Bit-error rate drop during DFE convergence

4.3.1 Comparison between adaptive pre-emphasis and DFE

Figure 4.10 shows how the eye-diagram for the same channel would look like if 

the two-tap pre-emphasis were used, as opposed to the one-tap DFE. Although, the pre

emphasis eye-diagram appears to have higher vertical opening, it is actually just cleaner. 

From the Figure 4.7 and Figure 4.10 we can see that the absolute value of the vertical eye 

opening is just slightly better for the pre-emphasis. The two-tap pre-emphasis does cancel 

more ISI than the one-tap DFE, but the signal with pre-emphasis has lower peak-to-peak 

amplitude at the receiver because the pre-emphasis is done by attenuating the low fre

quency components of the signal (rather than busting high frequency components) due to 

limited swing of the transmit driver.
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The two-tap pre-emphasis though, has obvious advantage as far as the jitter margin

(horizontal eye-opening) is concerned.

Eye diagram w ith pre-emphasis
2   ------------------------------------------------

1.9

1.8

E  1.7 
a>

T3

1  1.6 
E <

1.5

1.4

1.3
-200 -100 0 100 200 

Tim e [ps]

Figure 4.10: Eye-diagram with two-tap pre-emphasis

Although, the performance of the one-tap DFE is inferior when compared with the

two-tap pre-emphasis, its major advantage is the fact that it does not need reliable return

channel for adaptive tuning as the pre-emphasis. In addition, receivers with adaptive DFE

have more flexibility because they could potentially work with transmitters from different

semiconductor vendors, whereas adaptive pre-emphasis requires both parts to be from the

same vendor (unless some sort of adaptive pre-emphasis becomes an industry standard).

Performance of the DFE could be further improved is we use two-tap DFE or if we

use fixed pre-emphasis at the transmitter with one-tap DFE. Fixed pre-emphasis could be
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set to cancel ISI for the best channel (shortest backplane link), and the one-tap DFE would 

take care of ISI for the longer backplane links.
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CHAPTER 5 C o n c l u s i o n s  a n d

F u t u r e  W o r k

5.1 Conclusions

This thesis has shown implementation of a 4 Gbps backplane receiver in 0.35 pm 

TSMC process. The receiver mitigates ISI with adaptive blind DFE, which is performed 

by biasing high-speed comparators. Each input symbol is simultaneously sampled with 

two comparators — one biased high as if the previous symbol was low and the other 

biased low as if the previous symbol was high. This way we perform look-ahead equaliza

tion before previous sampled symbol is known, which significantly improves maximum 

speed of operation. The high-speed comparator was implemented by modifying Strong- 

Arm high-speed flip-flop — biasing transistors were added to the sense amplifier and the 

input hysteresis was solved by modifying standard SR latch used in Strong-Arm flip-flop.

We have shown that the adaptation coefficient does not have to be calculated on 

every received symbol, which significantly reduces circuit complexity, area and power 

consumption. Since, DFE implemented in this thesis does not contain feedforward equal

izer or adjustable input gain amplifier4, we have developed a circuit which adaptively 

adjusts the cost function in order to compensate for attenuation of the transmission line.
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5.2 Future Work

The maximum data rate of the receiver described in this thesis is limited by delay 

trough the multiplexer and the latch, which was described in Section 3.3.2. However, the 

receiver in this thesis was not implemented in the latest (fastest) process, but in relatively 

old 0.35 pm TSMC process. Hence, the simplest way to increase the maximum data rate 

would be to implement the receiver in 0.18 pm or 0.13 pm technology.

DFE implemented in this thesis had only one feedback tap, which was shown to be 

enough for 4Gbps data rates over the very long backplane. However, an additional tap, 

would further improve the eye-opening for 4Gpbs data rates and would enable the receiver 

to operate at even higher data rates over the same backplane.

To further improve the performance, adaptive DFE could be used with fixed pre

emphasis where pre-emphasis filter coefficients would be preset to cancel best case ISI 

(ISI caused by the shortest backplane link), and DFE would take care for remaining ISI for 

longer links.

The clock data recovery circuit implemented in this thesis does not support plesio- 

synchronous operation. The transmitter and receiver has to be fed by the same clock. 

Although the clock can run at much lower frequency than the data, and does not have to be 

phase aligned with the data, it still needs to be filtered from jitter which is caused by dis

tributing the clock over the long traces. To support plesio-synchronous operation, a clock 

data recovery circuit similar to one described in [16] could be used. This circuit uses a 

local oscillator which can be placed very close to the receiver. The jitter on such reference 

clock would generally be lower than the jitter on the clock distributed over the backplane.
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