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Abstract 

This thesis presents a highly miniaturized L-band receiver front end using a System-

on-Package (SoP) design approach that minimizes the trade-offs between size and 

performance. The receiver module contains embedded passive components as well as 

multiple silicon Integrated Circuits (ICs) to form a subsystem of a transceiver archi

tecture. This allows for improved system performance and yields through the mixing 

of different device technologies and individually tested components. Size reduction 

is achieved through high-density three dimensional packaging. Inherent challenges 

of SoP designs include: i) parasitic coupling; ii) thermal management; in) system 

interconnects; iv) manufacturing; and v) testing. 

Highly miniaturized components are designed with a new methodology and real

ized in Low Temperature Co-fired Ceramic (LTCC) technology. A complete receiver 

front-end is designed through the combination of these components. Ansoft HFSS, 

an industry standard FEM-based electromagnetic solver, is employed in the design of 

the module and all embedded passive structures. The necessary active components 

(Low Noise Amplifier (LNA), mixer etc.) are implemented with commercial Surface 

Mount Technology (SMT) components. 

Given the relatively low frequency for an L-band receiver (1525 MHz to 1575 MHz), 

a lumped-element approach is taken to implement the Bandpass Filter (BPF), 90 
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degree hybrid coupler, and antenna balun. Measured results for the individual com

ponents and the complete receiver are shown to be in good agreement with the sim

ulations. 

This work is being undertaken in collaboration with SkyWave Inc. (formerly 

TransCore Inc.). 
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Chapter 1 

Introduction 

Increasingly, social and economic improvements are associated with the availability of 

broadband mobile communications. Worldwide demand is growing and consequently 

today's limited spectrum is becoming very crowded. Some have called this situation 

a "spectrum famine" that threatens to slow or even stop further advancements in 

mobile communications [1]. The ultimate reason is that the optimum frequency range 

for mobile communications is relatively narrow, stretching from about 300 MHz to 

3.5 GHz. 

This window is especially crowded above 1700 MHz, where the Global System 

for Mobile Communications (GSM), Personal Communications Service (PCS), In

ternational Mobile Telecommunications (IMT), and Industrial, Scientific and Medi

cal (ISM) bands are located. Therefore, regulators are looking lower in frequency and 

at legacy applications that can be deleted or re-allocated elsewhere. This has been 

demonstrated recently with the phasing out of analog TV (470 - 862 MHz) thereby 

creating a "digital dividend" in which 108 MHz of unallocated bandwidth was freed 

up by replacing analog TV with digital TV broadcasts. The available spectrum can 

be used to fuel new mobile sector growth. Indeed, in the United States the Federal 
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Communication Commission (FCC) has auctioned part of this new spectrum around 

700 MHz for future 4G communications. 

In radio transceiver design, the frequency of operation dictates the method of re

alization for passive components, whose quality factors are critical to product success. 

At higher frequencies distributed elements dominate. However, as we move lower in 

frequency, the wavelength becomes correspondingly longer and distributed elements 

become too large to be practical. This situation is illustrated in Fig. 1.1. Below 

1.5 GHz is the domain where lumped elements are primarily needed to make Radio 

Frequency (RF) and microwave circuits small, and cost effective [2]. However, RF 

lumped elements have notoriously poor quality factors, limiting circuit efficiency [3]. 

The achievement of efficient L-band (1 GHz to 2 GHz) componentry would therefore 

serve as a gateway to lower frequency applications that utilize lumped elements. 

Mobile broadband (300 MHz to 3.5 GHz) 

Distributed elements 

Lumped elements 

0.1GHz 1 GHz 10 GHz Frequency 

Figure 1.1: Spectrum window for mobile broadband and corresponding component 
design approaches. 

L-band microwave circuit miniaturization is an important requirement for emerg

ing portable wireless applications. In particular, Global Positioning System (GPS) 

(1.575 GHz) is quickly expanding from its military origins into the general user mar

ket, not only as a stand-alone product but also as a valuable feature in cellular phones, 



3 

cameras, netbooks, and other personal electronics. In Europe and Japan, GPS prod

uct sales have made a breakthrough and GPS devices are becoming commonplace in 

vehicles and handsets. By some estimates, the number of GPS-enabled smart phones 

is set to triple to 560 million handsets worldwide by 2012 [4]. In the past GPS de

vices were large and bulky. Today, a GPS device must be highly miniaturized to be 

compatible with modern compact electronics. In this chapter, the motivation for this 

work along with the related objectives and challenges will be described. Also, the 

contributions of this work to the field of Electrical Engineering will be listed. Finally, 

thesis organization will be described. 

1.1 Motivation and Challenges 

The three motivating factors for the realization of an improved GPS receiver module 

(in order of importance) will be i) efficiency, ii) miniaturization, and Hi) commer

cialisation potential. Each component of the receiver described in this thesis will be 

unique and include improvements to the current state-of-the-art that will classify this 

work as novel. Pursuing a design that has the highest degree of miniaturization with

out compromising efficiency will increase the relevance of this work in both academic 

and commercial contexts. Since this work is being undertaken with the cooperation of 

an industrial partner (SkyWave Inc.), commercialization is an important motivating 

factor. It will be a key goal to include as much practicality into the design as possible. 

The main challenges associated with achieving these goals are listed below: 

1. Maintaining system-on-package (SoP) format compatibility. 

The SoP format is very versatile. Nonetheless, methods and techniques must be 

used that result in component designs that efficiently leverage its advantages. 
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For example, an edge-coupled filter would be a poor topology choice since only 

a single layer of a multi-layer substrate would be utilized, the remainder being 

wasted. 

2. Overcoming the size performance trade-off. 

This is a common reality in the field of microwave engineering. Clever methods 

and intelligent optimization techniques are required to minimize the penalties 

of shrinking passive components. 

3. The design of high Q passive components. 

Filters, baluns, and couplers are just some of the passive components that rely 

on low-loss capacitors and inductors. The latter component is typically the 

most difficult to design with high Q. Careful topology selection is needed to 

maximize Q. 

4. Antenna packaging that is both compact and efficient. 

Antennas are most efficient when their size is comparable to a wavelength. As 

such, they can easily be the largest component of a transceiver. Integration 

onto an IC results in low efficiencies, while opting for an external model can be 

prohibitively large and expensive. Therefore, a technique to embed the antenna 

within the SoP substrate is highly desirable. 

5. Shielding and minimization of parasitic and mutual coupling. 

Unwanted mutual coupling and other parasitic effects are a consequence of 

highly integrated designs. They can be highly detrimental to the overall per

formance of the system. Good shielding practices and careful layout techniques 

can minimize these effects. 
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6. Package and interconnect design. 

To link all system components, low loss interconnects are required. These con

nections should also be isolated from external radiation sources and create a 

minimum of spurious radiation. 

1.2 Research Objectives 

This work is undertaken with the cooperation of Sky Wave Inc., a leading provider of 

satellite communications products for asset tracking. The objective of this work is to 

advance the state of the art of L-band receiver modules through a SoP implementation 

of a GPS receiver front-end whose dimensions are significantly smaller than current 

designs. Central to accomplishing this objective is the task of combining different 

technologies to optimize performance, reduce cost, and maximize the potential for 

commercialization. To this end, the need for practical SoP design guidelines will 

be addressed. LTCC multilayer technology is utilized in the design of all passive 

components and the containing module. The justification for this decision is provided 

in the next chapter. The specific research objectives of this work are as follows: 

1. Investigate and compare SoP versus system-in-package System-in-Package (SiP) 

and System-on-Chip (SoC) design philosophies as applied to the design of L-

band receiver components. 

2. Formulation and application of a design methodology for a miniaturized com

ponent bandpass filter. 

3. Design of novel embedded passive components (filters, couplers, baluns, etc.) 

based on the above methodology. 
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4. Co-design and aggressive miniaturization of a SoP receiver front-end with an

tenna. 

1.3 Thesis Contributions 

The major contributions of this resulting from the successful fulfilment of the research 

objectives are listed below: 

1. Novel Embedded L-C resonator. 

Highest demonstrated Q-factor for an L-band LTCC inductor. This, combined 

in a novel way with a parallel capacitor, forms a new L-C resonator topology. 

2. A novel three-dimensional lumped-element circuit design methodology. 

A novel methodology is given and demonstrated with a filter design example. 

This new procedure reduces the time and resources required to create a new 

component. 

3. A suite of new miniature LTCC passive components. 

The smallest reported L-band filter, 90-degree hybrid coupler and balun com

ponents are demonstrated. Extreme miniaturization is achieved through novel 

packaging using standard low permittivity LTCC substrate material. This al

lows them to be embedded directly within the SoP module. 

4. SoP integration of GPS receiver front-end with antenna to create a Miniature 

Receiver Module (MRM)). 

The smallest implementation of a GPS receiver front-end that includes an in

tegrated antenna is reported. A new balun-dipole combination is designed to 
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be embedded within the substrate. The module as a whole is suitable for mass 

production and can be easily augmented with tunability features to compensate 

for components and fabrication tolerances. 

To date, one journal article [5] and four conference papers have been published 

that are directly related to this work [6-9]. 

1.4 Thesis Organization 

This thesis is organized in a way that follows the design flow for the GPS SoP. In 

Chapter 1 an introduction of the thesis topic and a description of the research objec

tives and contributions are provided. The concept of a SoP GPS receiver front-end 

is presented in Chapter 2 along with a detailed literature review of all system com

ponents. The concept shows how all the system components will be arranged and 

packaged into one compact module. Chapter 3 discusses the design methodology 

and implementation of the bandpass filter. In this chapter a novel lumped element 

L-C resonator structure is presented for the first time. In Chapter 4, two new band

pass filters are designed and characterized which improve upon the previous results. 

The next passive component in the receiver chain is the 90-degree hybrid coupler 

whose design and measurement is discussed in Chapter 5. A similar structure to the 

quadrature hybrid is the balun that is described in Chapter 6. The balun is used to 

convert the differential antenna output to a single-ended signal. Details of the dipole 

antenna design and characterization are given in Chapter 7. With the major passive 

components described, Chapter 8 focuses on the implementation of the complete SoP 

module. Finally, in Chapter 9 a summary of the thesis is provided along with a plan 

for future work. 



Chapter 2 

SoP Solution for System Integration 

In accordance with objective 1, a comparison between SoP, SoC and SiP is undertaken. 

These three popular approaches to system-level integration are discussed along with 

an overview of three important system blocks: i) bandpass filter, ii) hybrid coupler, 

and Hi) antenna. This chapter also presents an overview of the proposed miniature 

receiver front-end along with a literature review. A GPS application is chosen partly 

because its design can benefit greatly from system-level integration techniques. The 

overall system architecture will be shown here and each subsystem will be described 

in detail later. 

2.1 System-Level Integration Background 

As mentioned above, three different methods exist for achieving system-level inte

gration: SoC, SiP, and SoP. All of these methods have cost and miniaturization as 

primary goals, while SoP adds performance improvement to the list. More specifically, 

the SoC method integrates all functionality onto one integrated circuit. As shown in 

Fig. 2.1, this includes analog and digital circuitry along with passive components. 

8 
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Figure 2.1: The SoC approach to system integration locates analog electronics, digital 
electronics, filters, and other passive components on chip. 

Managing to contain all of these system components in a single IC minimizes cost 

by leveraging the benefits of mass production. To realize this benefit, however, an ad

vanced manufacturing process is required. Moreover, mixing so many different types 

of electronics into a single integrated circuit usually necessitates performance com

promises. One such compromise, inherent to all low resistivity bulk Complementary 

Metal Oxide Semiconductor (CMOS) processes, is the limitation of inductor Q-factors 

to below 20 precludes SoC as an option for this work [10]. The Other SoC challenges 

include: i) difficult and long design cycles due to integration complexities, n) high 

fabrication costs due to different process requirement of analog and digital circuits, 

and m) intellectual property issues [11]. Until these formidable challenges are over

come, SoC technology will remain a unfavorable solution to the system integration 

problem 

The SiP method addresses some of the drawbacks of SoC technology by making 

it possible to combine separate ICs on one package substrate [12]. This allows for the 

partitioning of the system into separate blocks that can each use uniquely optimized 
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fabrication technologies. This ability removes a difficult decision that a SoC designer 

would have to make between compatibility and performance. For example, high speed 

digital processors can be fabricated in leading edge CMOS technology, while sensitive 

RF analog electronics may be realized in Silicon Germanium (SiGe) technology. Most 

SiP modules vertically stack ICs to minimize overall size as displayed in Fig. 2.2. 

Package 

^ ] 
Analogic 

' • • • • • • • t ica 
Digital IC 

Figure 2.2: The SiP approach to system integration combines multiple specialized 
ICs in one package. 

Necessary interconnects can be incorporated into the supporting package. Other 

advantages over SoC integration include i) simpler design and verification, ii) less 

complex fabrication, and in) fewer IP issues. An obvious disadvantage of the SiP 

approach is higher complexity associated with packaging and reliability. A critical 

drawback of SiP integration is the fact that it is limited by IC technology [11]. If a 

particular feature is required by the system such as high Q passives, a SiP approach 

is likely to fail because IC technology is not well suited to meet this requirement. Due 

to these problems, SiP integration may not be the best solution for many demanding 

wireless applications of the future. 

As we have just seen, neither the SoC nor SiP approaches represent ideal solutions 

to the problem of system integration. SoP is the newest attempt to improve upon the 

shortcomings of both SoC and SiP while achieving the highest system performance 
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at the lowest cost. SoP introduces a revolutionary concept that basically changes 

the definition of a "package". For SoC and SiP designers, the "package" can be 

defined as a container for ICs that form a system when they are combined with a 

myriad of discrete components on a Printed Circuit Board (PCB). But in SoP, the 

PCB per-se no longer exists and the package provides all the system functions in one 

module [13]. In SoP, the package supports multiple vertically and horizontally stacked 

ICs as well as housing embedded high-quality passives, routing, and even additional 

active electronics [14]. Fig. 2.3 shows this concept graphically. 

[ I" \i& JMP7 I • • • • • • • 

_ H M M B 

/ J LN " " • » * 

Interconnects 

J H r -
Wv 

Filter 
Antenna 

Power Active and Passives 

Figure 2.3: The SoP approach to system integration combines multiple specialized 
ICs with an advanced package that also provides many system functions. 

This marriage of different subsystems is accomplished through the use of thin film 

technologies and the co-design of all the ICs and the package [15]. SoP can claim to 

provide better system performance than either SoC or SoP because it uses CMOS 

and the package in the best way [14]. That is, CMOS is used for transistor integration 

and the package for passives and interconnect integration. The availability of low loss 

packaging technologies like LTCC and thin film, are major enabling factors in the 
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success of SoP integration. Other necessities that exist today are the availability of 

cheap yet powerful computer resources and full three-dimensional electromagnetic 

solvers. These resources and tools are needed to account for significant element 

coupling, parasitic effects, and thermal issues that are associated with complex SoP 

designs. Due to the relative immaturity of SoP technology, at least one outstanding 

issue exists - the development of a hierarchical design flow like the one that is so 

prevalent in the SoC realm. 

In this section the relative strengths and weaknesses of three system integration 

methods: SoC, SiP, and SoP have been described in some detail, while Table 2.1 

summarizes them. Of these three, it is SoP that holds the most promise of fulfilling 

the requirements of present and future communication systems. Thus, it has been 

chosen as the integration method to implement the work of this thesis. 

Table 2.1: System Integration Methods Overview 

SoC 

SiP 

SoP 

Description 

All functionality in
tegrated on chip 

Functionality divided 
among separate chips 
arranged vertically or 
horizontally 

Package provides ad
ditional functionality 

Strengths 

Potential for lowest 
cost 

Simpler design 

Best performance 

Weaknesses 

Advanced fabrication 
requirement 

Still limited by IC 
technology 

Difficult to design 
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2.2 Technology Med ium 

To implement the SoP approach, a substrate material must have many important 

attributes such as low loss, multilayer capability, high reliability, and so on. Today, 

the two leading substrate materials that are best suited for SoP designs are LTCC 

and Liquid Crystal Polymer (LCP). The former is a very mature technology whose 

first reported RF application occurred in the early 1990's [16]. On the other hand, 

LCP is relatively new, having only been fully characterized in 2004 [17]. Despite 

this difference in age, these materials offer similar benefits. However, the fact that 

LTCC is a ceramic material and LCP is an organic polymer lead to some important 

differences. A comparison of the two materials is given in Table 2.2. 

Table 2.2: A Comparison of Material Systems 

Item 

Dielectric Con
stant 

Relative Perme
ability 

Loss Tangent 

Maximum No. of 
Layers 

Frequency Range 

Water Absorption 

Relat ive Cost 

LTCC 

4-8, 13-14, 16,17, 
65, 18-250 (capacitor 
tape) 

1, 60, 200, 450 (fer-
rite) 

< 0.002 

60+ 

Oto 110 GHz 

N/A 

medium 

LCP 

2.95-4.4 

1 

< 0.002 

4+ 

Oto 110 GHz 

< 8 % 

low 

In terms of electrical performance, reliability, and cost, these two materials are 

very similar. The most important differentiating factor for SoP designers is that 
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LTCC offers a range of different dielectric constants and even the capability to create 

heterogenous ferrite substrates [18], while LCP is limited to only a small range of 

homogeneous examples. Also, LTCC allows for many more layers to be stacked than 

LCP. These critical advantages make LTCC a better choice as an SoP technology for 

this work. 

2.3 System Overview 

The system architecture proposed here utilizes a conventional receiver chain that 

includes an antenna, BPF, LNA, hybrid coupler, and a quadrature downconverter 

with in-phase (I) and quadrature (Q) outputs. Each component is designed for a 

50 Ohm system impedance. The architecture is presented with the help of a block 

diagram in Fig. 2.4. 

Commercial SMTs 

SoP Boundary 

vco 

LTCC components 

Figure 2.4: Proposed system architecture. 

The boundary of the SoP module is indicated with a dotted line. All components 
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within this boundary are either package embedded within the module or mounted on 

top of it. The module size is chosen to be that of a Secure Digital (SD) memory card, 

which has dimensions of 32 x 24 x 2.5 mm3 . Given the SD card's widespread use, a 

GPS module that conforms to this standard could be easily marketed. To the best 

of the author's knowledge, this is the smallest GPS receiver front-end module ever 

reported. The material system chosen to implement this module is FerroA6 - a low 

loss LTCC ceramic. Table 2.3 lists the material properties of FerroA6. 

Table 2.3: LTCC Material Properties 

Substrate 

Conductor 

FerroA6 

e r=5.7 

tan<5=0.002 

Height = 0.72 mm (8 layers) 

Gold 

Thickness = 7yum 

Bulk Conductivity = 4 .5xl0 7 S/m 

The antenna is the limiting factor in the miniaturization of the module but a 

sufficiently compact design is presented in Chapter 7. The next element in the receiver 

chain is the bandpass filter. This element is embedded in the substrate also to reduce 

the size and cost of the module. The primary challenge associated with the design 

of the bandpass filter will be to simultaneously achieve low in-band insertion loss 

and good stop-band rejection. The LNA is implemented with a commercial SMT 

component and soldered to the top of the module. Embedded interconnects link this 

amplifier to its adjacent components. As with the bandpass filter, the hybrid coupler 

is embedded in the substrate to provide similar benefits in terms of module size and 
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cost. Its purpose in this work is to provide quadrature signals for the downconverter 

and later on for image rejection. 

2.4 Bandpass Filter Background 

A bandpass filter is an essential building block of any wireless communications sys

tem. Furthermore, filters with high stopband attenuation effectively reduce interfer

ence from strong jamming signals and as a result improve the signal-to-noise ratio 

in the receiver. The GPS signal is especially susceptible to jamming because of its 

low signal strength (approximately -127 dBm) after traveling for thousands of kilo

meters from space [19]. Thus, this class of filter with high stop-band rejection is a 

desirable component of a good quality receiver. To effectively block strong interferer 

signals, an attenuation of more than 50 dB is recommended. This remains an area 

where improvements can be made since previous work has not achieved this level of 

attenuation over a broad stopband [20-22]. 

The image parameter method and the insertion loss method are two major design 

methods that result in lumped element circuits [23]. For their implementation two 

categories exist: i) the distributed element method, which includes the use of stepped 

impedance transformers and coupled lines and ii) the lumped element approach. At 

microwave frequencies and space permitting, the distributed element implementation 

is usually preferred. However, at lower microwave frequencies and where space is at 

a premium the lumped element approach is often chosen. GPS as an application falls 

into the latter category. 

Ideally, the bandpass filter should be compact, planar, low-cost, and reliable. The 
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primary challenge involved in designing an L-band GPS filter is successfully realiz

ing the very narrow fractional bandwidth, typically less than 5%. The traditional 

solution has been to use bulky acoustic wave filters [24], [25], or combline filters [26]. 

Recently, lumped element LTCC filters have been designed for applications other than 

GPS [21,22,27]. Although compact, they have unsuitable fractional bandwidths and 

insertion losses. Other work has focused on using distributed elements to create cou

pled resonator filters [28,29]. However, these designs exhibit comparatively large sizes 

due to the fundamental disadvantage of using quarter-wave elements at relatively low 

frequencies. Also, these designs resort to unconventional high permittivity substrates 

to reduce the size of the filters. The lumped element approach represents a simpler 

solution that is intuitive and realizable due to the availability of low loss multilayer 

substrates and well known equivalent models (Fig. 2.5 [6]). 

CI C2 C2 
PI - | 

cs-T 
L C4 

J 
T 

L CS-

T 
T 

T 

CI 
P2 

Figure 2.5: Lumped element schematic of bandpass filter. 

Stopband rejection can be increased by raising the order of the filter. The tradeoff 

is an increase in filter complexity, size, and passband insertion loss. The ability to 

create multilayer embedded components in LTCC has succeeded in offsetting the size 

penalty of more complex filters. But herein lies another tradeoff caused by highly 

compact topologies: optimization becomes increasingly difficult due to the fact that 

circuit element values can become electromagnetically coupled to each other. For 
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example, placing two inductors in close proximity will create some degree of mutual 

coupling that can be detrimental to the performance of the circuit. 

The key to meeting the size and performance requirements is a high-Q L-C res

onator structure. Such a resonator can be created by the parallel combination of a 

multilayer capacitor and a high-Q inductor. Designing a bandpass filter based on 

this structure in a very low loss substrate such as LTCC promises to simultaneously 

satisfy these requirements. 

2.5 Microwave Coupler Background 

Hybrid couplers belong to an important category of microwave passive devices that 

includes power dividers and directional couplers. Power dividers have at minimum 

three ports and can divide an input signal by some arbitrary fractional amount. 

Directional couplers commonly have four ports and can also divide an input signal. 

In addition, they can also introduce a finite phase shift between the output ports. 

The phase shift can be made to be 90 degrees in which case the device is called a 

quadrature hybrid coupler. On the other hand, if the phase shift is made to be 180 

degrees then the device is called a magic-T or balun. 

In this work, both types of couplers are proposed to perform critical functions. The 

90-degree hybrid coupler is used to divide an RF signal before it is applied to an image 

reject mixer, while the 180 coupler acts as a balun for the differential dipole antenna 

discussed in the next section. Usually, couplers are realized in some type of microstrip 

or stripline technology [23] [30]. However, at L-band frequencies, a conventional 

microstrip coupler using distributed quarter-wave sections would require several cm2 

of area to be realized. Even clever miniaturization techniques such as meandered and 
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folded lines only achieve a maximum size reduction of 63% [31] [21] compared to the 

conventional approach. Naturally, this high area requirement excludes this type of 

coupler from being a solution for miniature GPS devices. Other work has shown a size 

reduction of 80% but has the cost disadvantage of using surface mount components 

[32]. Even novel transmission line techniques such as composite right/left-handed 

lines and slow-waves give size reductions of 55% and 86%, respectively [33,34]. A 

lumped element approach represents a simpler solution that is very feasible due to the 

availability of low loss multilayer substrates and lumped element equivalent models [2]. 

These models, shown in Fig. 2.6 can be realized with very small passive components 

and yield a coupler that has a degree of miniaturization above 90% [8]. 

(a) 

Figure 2.6: Symmetric lumped element equivalent models: (a) 90-degree hybrid cou
pler and; (b) 180-degree coupler. 

Therefore, just as in the case of the bandpass filter in the previous section, using 

a lumped element approach can succeed in miniaturizing the device substantially. 

Also, since the equivalent lumped element model of a coupler only includes non-

resonant pi networks, the insertion loss of the device is less sensitive to the Q-factor 
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of the inductors used. The same challenge remains, however, to account for parasitic 

coupling of all the elements that are very closely spaced. 

2.6 Antenna Element Background 

Even with the design freedom afforded by SoP technology, the task of successfully 

integrating an antenna is a difficult one because of the limited space available. The 

antenna may either be integrated on a chip or embedded in the package. The on-chip 

approach results in the smallest antenna size, however there are many well-known 

disadvantages. Primarily, the radiation efficiency is severely degraded because of 

the lossy nature of the silicon substrate and this can limit the communication range 

to below 2 m for low power applications like Radio Frequency Identification (RFID) 

[35,36]. Secondly, the antenna itself may occupy a significant portion of the on-chip 

area that may have been otherwise used by transistors [37,38]. Finally, in some 

applications such as GPS, the operating frequency is so low that integration on-chip 

becomes physically and financially impractical. Therefore, embedding the antenna in 

a low-loss package becomes the best solution. A package antenna can improve the 

radiation performance substantially, while at the same time freeing up on-chip space. 

Not every type of antenna element is suitable for SoP integration. Most impor

tantly, the element should be planar so as to occupy as few substrate layers as possible. 

Also, it should lend itself to common miniaturization techniques such as meandering 

and folding to minimize its size. By virtue of being housed in a small package, the 

element should not be dependent on a large ground plane. An omnidirectional radi

ation pattern is preferred, especially for a receiver whose orientation in space may be 

arbitrary. Finally, some degree of tunability (whether electronic or manual) would be 
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a distinct advantage. The antenna elements considered here are shown in Fig. 2.7. 

a) Loop 

b) Dipole d) Patch e) Spiral/helix 

Figure 2.7: A survey of the antenna elements considered here for a GPS SoP. 

Since its inception in the 1980s, the GPS standard has been used primarily for 

military and commercial applications where device size was not an important consid

eration. Now, system integrators and hand-set makers have realized the value-added 

potential of GPS and are including it in their consumer products. However, because 

of the recent transition to consumer products, very little research work has been con

ducted in the area of small GPS antennas [39]. Therefore, a study of antennas for 

general mobile communications systems will be conducted with a focus on how they 

may be adapted for GPS applications. 

It must be mentioned that the GPS signal is Right Hand Circularly Polar

ized (RHCP) and so a similarly polarized antenna would theoretically give the best 

reception, while a linearly polarized antenna would only receive half the available 

power. However, studies have shown that linearly polarized antennas can provide 

performance similar to that of more complex RHCP antennas [40]. Furthermore, in 

the case of a rich multi-path environment (as considered here), a linearly polarized 
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antenna may be preferred since it is less susceptible to distortion caused by the envi

ronment and by the presence of the user [41]. Therefore, this study will include both 

types of antennas as candidates for integration in a SoP receiver. 

Since the availability of unlicensed spectrums around 2.4 GHz and 5.8 GHz, gen

eral communications systems have been defined by the popularity of Wireless Local 

Area Networks (WLANs). The 802.11a/b/g standards have been written to work in 

these bands and have thus defined the design criteria for compatible antennas. Many 

WLAN applications require a small antenna that can be easily placed inside a personal 

communication device such as a cellular phone or a handheld computer. The most 

common type of antenna employed is the so called Planar Inverted-F Antenna (PIFA) 

element because of its compact size and low profile. A vast amount of work has been 

published based on variations of the original concept [42-49]. These antennas work 

well but are designed to operate with a ground plane whose size has a significant im

pact on resonant frequency, gain, radiation patterns, and cross-polarisation [50,51]. 

In this work, the ground plane is assumed to be very small (< 0.2A), which makes 

the PIFA antenna a poor candidate. 

Microstrip patch antennas are extensively used for GPS applications because of 

their good gain characteristics and ability to radiate linear or circularly polarized 

fields [52-55]. They often employ expensive high permittivity substrates for minia

turization with the trade-off being a reduction in bandwidth that can be improved 

by stacking multiple patches. Nonetheless, these compromises lead to thick and still 

relatively large antennas. Furthermore, these designs are hampered by the require

ment for a ground plane that may be as large as 196 cm2 [56]. Ultimately, for these 

reasons, a microstrip antenna cannot be miniaturized to the degree required here. 

Other antennas that may be discounted are the helix and spiral topologies because of 
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their large size and non-planar profile [57]. Two elements that avoid these problems 

are the monopole and dipole, which are both widely used in wireless communications. 

Compared to the monopole, the dipole has two important advantages: i) orthogonal 

ground plane not required and ii) input impedance is doubled [58]. Furthermore, the 

dipole is a differential element that has greater immunity to common mode noise. By 

using meandering lines, the dipole may be miniaturized relatively easily and electronic 

tunability may be implemented to account for ground plane effects [59-61]. Another 

related element is the loop antenna. It is similar to the dipole by virtue of its om

nidirectional radiation pattern and differential input. However, this element suffers 

from poor radiation efficiency due to the fact that its radiation resistance is smaller 

than its loss resistance and a pronounced susceptibility to ground plane effects [58]. 

A survey of the relative properties of these antenna elements is shown in Table 2.4. 

Table 2.4: Antenna Element Survey 

Differential? 

Planar? 

Tunable? 

Suitable for 
miniaturiza
tion? 

Omnidirectional 
radiation? 

Susceptibility 
to ground 
plane effects? 

Loop 

Yes 

Yes 

Not easily 

Yes 

Yes 

Large 

Dipole 

yes 

Yes 

Yes 

Yes 

Yes 

Small 

Monopole 

No 

No 

Not easily 

No 

No 

Yes 

Patch 

No 

Yes 

Not easily 

Not easily 

No 

Yes 

Spiral\Helix 

No 

No 

Not easily 

No 

Yes 

Yes 

Therefore, it has been shown that a small dipole antenna is the best option for 
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integration in a SoP receiver for GPS applications. The main challenge will be to 

design the antenna so that its performance is not severely impacted by the other 

embedded components in the SoP device. 

2.7 Downconverter and Image Reject Mixer Back

ground 

In heterodyne (and superheterodyne) receivers the signal band (RF) is downconverted 

to a lower Intermediate Frequency (IF) to reduce the Q requirements of the channel 

select filter. This is accomplished by multiplying the RF signal by a Local Oscilla

tor (LO) frequency so that fio = IRF — /IF- Subsequent demodulation occurs at the 

IF frequency. The GPS standard requires Binary Phase-Shift Keying (BPSK) modu

lation for transmitted signals. Therefore, a quadrature downconverter must be used 

to avoid loss of information. The 90-degree phase shift can be created by means of 

a passive polyphase filter [62] or a hybrid coupler [63]. Process variations associated 

with the resistors and capacitors can severely reduce the performance of polyphase 

filters [62], while hybrid couplers may only be feasible at high frequencies where their 

size is reduced [63]. A newer approach forgoes the use of passive components for 

an active component. Namely, a Quadrature Voltage Controlled Oscillator (QVCO), 

which automatically generates two signals that are separated by 90-degrees [64]. In 

this work, however, an LO signal will be provided externally so a QVCO becomes 

redundant. 

Unfortunately, in heterodyne receivers, an undesired band that is symmetrically 

located on the other side of the LO frequency (JLO = IRF + fiF in this case) is also 

downconverted. This undesired band is commonly called the image and presents a 
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serious problem due to the fact that it is downconverted on top of the desired signal. 

This can cause the destruction of the message if the image is a relatively high power 

signal. Suppressing the image can be achieved by including an image reject filter, 

using a dual-IF or zero-IF architecture, or employing an Image Reject Mixer (IRM). 

The first option typically places a filter before the mixer that has low insertion loss 

at the RF frequency but high attenuation at the image frequency. The filter can be 

either of a bandpass type [22] or a notch type [65,66]. This can potentially represent 

the simplest solution. However, there is a trade-off between sensitivity and selectivity 

because of the choice of IF frequency and filter Q limitations [67]. Furthermore, as an 

extra component, the filter will occupy more space or consume more power (if it is an 

active implementation). Therefore, if these tradeoffs are too severe then a dual-IF or 

zero-IF architecture may be adopted. These architectures, however clever, introduce 

a large amount of complexity to the receiver and undesired disadvantages such as I /Q 

mismatch and even order-distortion [67]. 

Employing an IRM represents an attractive compromise between the complexity 

of dual-IF or zero-IF architectures and the sensitivity-selectivity tradeoff of image 

filters. An IRM works by adding a negated duplicate of the image to itself. In the 

case of a quadrature downconverter, this only necessitates the addition of one 90-

degree phase shift block. The cancelation depends on the accurate introduction of 

a 90-degree phase shift to one of the LO or IF branches. This work forms part of a 

receiver architecture that incorporates an IRM. Further image rejection is performed 

in the digital domain by a microprocessor, which is beyond the scope of this work. 

The receiver front-end designed here will be tested by inserting it into the receiver 

chain of an existing Sky Wave Inc. device (and disabling its front-end). This will 

provide a very accurate comparison of absolute and relative performance. 
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2.8 Summary 

This chapter has described the benefits and challenges of adopting an SoP approach 

to the design of a L-band receiver. To implement this design, an LTCC material 

system is chosen based on its maturity and versatility. GPS is chosen as the vehicle 

to demonstrate advanced packaging techniques and novel system components. A 

literature review is presented for the bandpass filter, coupler, downconverter, balun, 

and antenna. A dipole element is chosen because it is best suited to the environment 

that this receiver is likely to be placed in. Given this basis, the next chapters describe 

the design of each of these components and the complete module. 



Chapter 3 

B P F Design and Methodology 

In accordance with the second thesis objective, this chapter presents a novel method

ology used to design a bandpass filter embedded in a LTCC package. Here, the 

purpose of the bandpass filter is to attenuate out-of-band interferer signals and its 

position in the receiver chain is presented in Fig. 3.1. 

Antenna Mixers 

Figure 3.1: Bandpass filter as part of the complete receiver chain. 

Given the three-dimensional packaging capability of LTCC, multilayer resonators 

are integrated into the module eliminating the need for their discrete versions. The 

resonators are comprised of high Q spiral inductors that are combined with four layer 

parallel plate capacitors, forming a novel L-C resonator topology. This topology of 

placing the capacitor in the center and two layers below the plane of the inductor 

27 
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allows for simultaneous area and performance optimization. The final LTCC bandpass 

filter module measures only 5 mm x 5.4 mm x 0.8 mm. The complete methodology, 

from initial schematic design, through individual element design, to complete device 

optimization is discussed. 

3.1 Overview of Methodology 

A novel methodology for the design of highly integrated multilayer embedded compo

nents that are mutually coupled is proposed. The methodology relies on the ability to 

replace, in simulations, some embedded components with ideal impedance boundaries 

whose values are fixed and immune to mutual coupling. Current industry software 

tools such as Ansoft's High Frequency Structure Simulator (HFSS) have the capa

bility to support this methodology. Using our technique, the designer can employ a 

"divide and conquer" approach to LTCC circuit design. The potential benefits are a 

better understanding of the limitations of equivalent circuit models and a reduction 

in the time required for design and optimization. 

The three filters designed and characterized herein show the transition from a 

partially to fully embedded design. Fig. 3.2 shows a three-dimensional rendering 

of one of the proposed filters (with internal metal layers visible) and its equivalent 

circuit schematic. 

3.2 LTCC Design Enhancement Methodology 

Highly miniature three-dimensional LTCC modules are becoming increasingly diffi

cult to design and more demanding to simulate. Two significant causes for this are 



29 

Multilayer L-C 
resonator 

(a) (b) 

Figure 3.2: Bandpass filter- (a) three dimensional structure and; (b) its equivalent 
schematic. 

parasitic effects and mutual coupling of passive structures. Therefore, to ensure de

sign success these effects must be fully understood and accounted for. Traditional 

approaches create equivalent pi or T models to capture this behavior. Unfortunately, 

such models are only suitable for small two-terminal devices. When used to model 

multilayer embedded structures they become very complex and cumbersome [68]. 

A new methodology is proposed that does not require formulating complex equiv

alent models. Rather, it takes advantage of low cost, yet powerful computer resources 

and mature electromagnetic (EM) simulators. Many mature software packages exist. 

In this work, Ansoft HFSS was chosen as the tool to perform full three-dimensional 

EM simulations. HFSS has an important feature that permits the incorporation of 

ideal components in full three-dimensional EM simulations. This feature allows for 

the creation of "hybrid" EM models, i.e. intermediate structures that are a combina

tion of ideal and real elements. This is significant because it simplifies the design of 
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large LTCC modules by replacing one large difficult design task with smaller, more 

manageable ones. 

The design process is iterative and begins with a hybrid EM structure and finishes 

with a fully real structure whose parasitics and mutual coupling attributes are fully 

understood and accounted for. An advantage of this technique is that it reduces 

the time and effort required to create an optimized design since there is no need to 

develop large equivalent models. 

In this methodology, the first step is to determine a simple equivalent circuit for 

the entire LTCC structure. In this case, a bandpass filter is chosen whose design spec

ifications and circuit schematic are given in Section 3.3. A multilayer structure can 

be created for each individual inductor and capacitor that corresponds to a lumped 

element representation. They are then simulated in HFSS and adjusted to provide 

the exact capacitance or inductance required. 

At this point, combining these capacitor and inductor structures to form a com

plete filter will likely result in a much different response than expected. And re-tuning 

would be difficult because of many design variables involved. A more efficient ap

proach is to first create a hybrid structure that replaces all four coupling capacitors 

with ideal impedance boundaries that are set to the required capacitances (see Fig. 

3.3 [6]). In this way the complexity of the structure is reduced and some parasitic 

and coupling effects are eliminated. Now, this filter's performance can be tuned more 

easily to give the ideal response. Fig. 3.4 shows a comparison between the design 

flow for the newly proposed and conventional methodologies. It shows that the new 

methodology replaces one difficult tuning step with two easier ones. In this way the 

overall time spent optimizing can be substantially reduced. 

Once the filter's response is satisfactory a pair of coupling capacitors, which were 
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Figure 3.3: Lumped element bandpass filter structure with four ideal capacitors re
placed in the final implementation. 

previously modeled, can replace their ideal counterparts. Fig. 3.5 shows a modified 

hybrid structure that has had its inner ideal coupling capacitors replaced with real 

structures. 

Simulating the new structure will most likely reveal a degraded filter response 

because of the newly introduced parasitic and coupling effects. However, now the 

cause of these effects is clear and can be adjusted through the fine tuning of the 

newly introduced capacitor geometries. A simple circuit simulator is useful here since 

it can indicate whether the capacitance needs to be increased or decreased based 

upon the differences between the EM and circuit simulator response. Performing the 

needed number of iterations of this procedure will result in the replacement of all 

the ideal boundaries with real structures to form a fully embedded LTCC module, as 

shown in Fig. 3.2(a). 

It should be noted that Model Order Reduction (MOR) techniques have been 

extensively developed to reduce simulation times [69] [70]. MOR techniques rely 

on the use of specialized mathematical formulations and macromodels of circuits 

[71,72]. Unfortunately, many MOR techniques have practical limitations and only 
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Figure 3.4: Flow chart comparison of (a) the proposed design methodology, and (b) 
the conventional approach. 

Figure 3.5: Lumped element bandpass filter structure with two ideal coupling capac
itors. 
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achieve significant benefits in ideal circumstances [73]. This work does not rely on 

any such complicated and specialized techniques. Therefore, it can only be considered 

as a partial MOR scheme, in that some real elements are replaced by simpler ideal 

equivalents. Furthermore, the ultimate goal of this approach is not to reduce the 

circuit complexity but rather to improve the filter design process through greater 

insight into EM coupling effects. 

3.3 Design Specifications and Circuit Schematic 

A design study based upon a third-order lumped element bandpass filter was chosen to 

validate the methodology described above. The filter is based on a Chebyshev approx

imation of a capacitively coupled, lumped element topology and has the schematic 

shown in Fig. 3.6 [6]. This design offers relatively low insertion loss in the pass-band, 

while providing acceptably high attenuation out of band. The filter is designed to 

C1 C2 C2 C1 

input • — | |—I 1 | 1 1 | 1—| | — • output 

L>-C3IZ L £ C 4 ; ~ L>C3ZI 

Figure 3.6: Lumped element schematic of bandpass filter. 

have a center frequency of 1.55 GHz, a 10 dB bandwidth of 100 MHz, an insertion loss 

in the passband not exceeding 2.5 dB, an in-band return loss of 10 dB and finally, a 

stop-band insertion loss greater than 20 dB at a frequency offset of 150 MHz from the 

center frequency. 
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Three filters based on these specifications were designed and characterized. Their 

designs differ by the number of surface mount coupling capacitors employed. The first 

design (Fig. 3.3) has four capacitors, the second design (Fig. 3.5) has two, while the 

last design (Fig. 3.2(a)) has none and represents a fully embedded filter structure. 

All these filters share one common component - the spiral inductor that forms 

part of each L-C resonator. Being the largest component, special consideration was 

reserved for this part. First, an in-line geometry was required to facilitate capacitor 

integration. This limited the possible number of turns to be 0.5, 1.5, 2.5 and so on. 

1.5 turns resulted in the best solution that simultaneously achieved a high Q-factor 

with a useful amount of inductance. Section IV discusses the procedure that was used 

to obtain the values of 7.1nH and 86 as the inductance and Q-factor, respectively. 

A line width and separation distance of 100 /urn was chosen based on the guidelines 

in [74]. 

Using the inductor parameters, initial component values were obtained. Stan

dard values for CI and C2 were found to be 0.5 pF and 0.1 pF, respectively. Now, 

the schematic was optimized with these new component values and the results are 

contained in Table 3.1. 

Table 3.1: Theoretical Component Values For Bandpass Filters 

Component 

L 

CI 

C2 

C3 

C4 

Value 

Ind. = 7.1 nH, Q-factor = 86, 1.5 turns 

0.5 pF 

0.1 pF 

1.1 pF 

1.44 pF 
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3.4 Passive Component Design 

LTCC technology allows for the miniaturization of filter designs because of the pos

sibility to stack layers and embed passive components. Also, it has been proven to 

be a low loss microwave substrate suitable for a wide range of applications, including 

antennas [75]. These advantageous features imply that designs created on similar 

material systems can be combined to create system-in-package designs. Table 3.2 

presents the properties of the material system employed in this work. In the follow-

Table 3.2: LTCC Material Properties 

Substrate 

Conductor 

FerroA6 

£ r=5.9 

tan5=0.002 

Height = 0.8 mm (8 layers) 

Silver 

Thickness = 13 [im 

Bulk Conductivity = 6.1xl0 7S/m 

ing subsections the necessary inductors, capacitors, and resonators are designed. This 

collection of structures represents the second stage in the design process, namely, the 

creation of a component library that will be used to assemble the filters. 

3.4.1 Circular Spiral Inductor Design 

The inductor Q-factor has a strong influence on a filter's in-band insertion loss [74]. 

Therefore, some well established inductor design guidelines were followed to reduce 

losses [76]. This resulted in selecting a planar spiral topology with diameter of 1.8 mm. 

Furthermore, the inductor was placed on the top metal layer to reduce dielectric losses. 
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The number of turns was selected by studying the relationship between inductance 

and Q-factor. This is depicted in Fig. 3.7, where the data is obtained from the 

simulation of four inductor structures with 0.5, 1.5, 2.5, and 3.5 turns. It's desirable 

120r 

100 

O 60 

1.5 2 2.5 3 
No. of turns 

Figure 3.7: The relationship between inductance (L) and Q-factor for a spiral induc
tor. 

to keep the number of turns low to achieve a high Q but the lower bound is determined 

by the minimum required inductance. In this work, 1.5 turns provided an acceptable 

amount of inductance for the highest Q. The Self-Resonant Frequency (SRF) should 

also be at least twice the center frequency to ensure a stable value of inductance. 

In this case, the SRF is more than 3 times higher. Importantly, selecting an odd 

multiple of 0.5 turns allows for an in-line geometry that simplifies the creation of a 

resonator. The input signal to the inductor is applied to G-S-G pads that have a 

pitch of 500 yum. The other end of the inductor is connected to an underlying ground 

with a via that has a diameter of 150 /xm. Fig. 3.8 shows two different views of the 

inductor structure. 
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(a) (b) 

Figure 3.8: Spiral inductor model view from: (a) top and; (b) oblique. As indicated, 
the diameter is 1.8 mm. 

The values of inductance and Q-factor were calculated with the use of (3.1) and 

(3.2), respectively. They are valid for a one-port simulation. 

L 
Im (Zm) 

U) 

Q = 
Im (Zm) 

(3.1) 

(3.2) 
Re (Zm) 

As shown in Section 3.6, the simulated inductance and Q-factor are 7.1 nH and 86, 

respectively. 

3.4.2 Circular Multilayer Capacitor Design 

A multilayer capacitor with a plate separation of 100 /xm is employed to realize the 

component values for C3 and C4- The size of the plates is restricted to a maximum 

radius of 600 /im to be compatible with the previously designed inductor. Given the 

limited area, a study was conducted to determine the optimal number of plates. Fig. 
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3.9 shows the results of a parametric simulation for 1, 2, and 3 layer capacitors at 

1.55 GHz. 

4 
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3 
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Figure 3.9: Gains in capacitance with the use of multiple layers. 

As expected, for a given radius the two-layer structure has about twice the capac

itance of the single layer version. Similarly, the three-layer structure has about triple 

the capacitance. However, its curve is not as linear as the others due to increased 

influence of fringing capacitances. In all cases the SRFs are well above the center 

frequency. Therefore, the three-layer structure can be safely used to realize C3 and 

C4 with significantly reduced area. For example, to obtain 1.5 pF, radii of 380 /^m 

and 490/im would be needed for a three-layer and two-layer structure, respectively 

(a reduction of 25 %). 

The three-dimensional structure is shown in Fig. 3.10 along with a simplified 

equivalent circuit [6]. From the equivalent circuit it is apparent that the three-

layer structure consists of three identical capacitors in parallel, CP1, CP2, and CP3. 

Where, RP represents the parallel combination of the resistive losses. The capacitance 



39 

input £p^ 

O 
CP2 CP3 RP 

(a) (b) 

Figure 3.10: Multilayer capacitor: (a) model with identical radii for each plate and; 
(b) simplified equivalent circuit. 

can be calculated from (3.3). 

C = 
Im(Yu) 

u> 
(3.3) 

The required capacitances for C3 and C4 were realized by setting the radii of the 

plates to 335/xm and 380 //m, respectively. 

3.4.3 Novel L-C Resonator Design 

The L-C resonator is created by combining the previously designed inductor and 

capacitors; consequently, its diameter is the same as that of the inductor (1.8 mm). 

The capacitor is placed at the center of the inductor and two layers below its plane. 

Fig. 3.11 shows a top and oblique view of the resonator with the embedded capacitor 

visible. In this way, de-tuning and Q-degrading electromagnetic coupling is reduced. 

Fig. 3.12 displays the effect on Q of the capacitor placement within the structure. 

The unloaded Q-factor of the resonator is calculated with the use of (3.4) [23]: 

tyres 
R 

u0L 
(3.4) 
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(a) (b) 

Figure 3.11- L-C resonator model view from (a) top and (b) oblique. As indicated, 
the diameter is 1.8 mm. 

1 5 2 25 3 
Layers below surface 

Figure 3 12 The effect on resonator Q when increasing the separation between the 
parallel inductor and capacitor. 
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where, R is the input impedance at resonance, UJQ is the resonant frequency, and L is 

the inductance of the parallel inductor. Complete characterization of the resonator 

performance is given in Section 3.6. 

3.4.4 Coupling Capacitor Design 

The design of the coupling capacitors proceeds in the same manner as those for the 

circular capacitors. The results of a parametric simulation yielded the dimensions 

of a two-layer, square plate capacitor that could implement C2. A length of 100 /jm 

yielded a capacitance close to the required 0.1 pF. For CI, a four layer, square plate 

capacitor was used to save area. A length of 300 /j,m yielded the necessary capacitance 

of0 .5 P F. 

3.5 LTCC Bandpass Filter Design 

With the completion of the component library, the next stage in the design process 

can begin, namely, the assembly of a hybrid EM model. 

3.5.1 Hybrid Filter Structure - Four Ideal Coupling Capaci

tors 

Here, all four of the coupling capacitors have been implemented with ideal impedance 

boundaries, while real resonators have been directly inserted. In accordance with the 

filter schematic of Fig. 3.2, CI and C2 were set to 0.1 pF and 0.5 pF, respectively. 

Of course, ideal boundaries could have been used to represent the resonators also. 

The assembled filter with four ideal coupling capacitors is shown in Fig. 3.3. 
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The resonators are placed on alternating sides of the filter backbone. To reduce the 

magnetic coupling between the adjacent resonators, one resonator is mirrored such 

that the surrounding magnetic fields of each inductor oppose each other. The filter 

is fed by the same G-S-G pad structure as were the other components. The overall 

size of this filter is 5x5.4x0.8 mm3. 

As expected, the initial simulated response did not meet the specifications. But 

because this is a hybrid structure with ideal coupling capacitors, only C3 and C4 

needed to be tuned. After performing a short parametric simulation, a satisfactory 

filter response was obtained when the radii of the plates of C3 and C4 were set to 

345/xm and 430 /jm, respectively. This shows that by using a hybrid EM structure, 

the initial simulation results can be easily improved to meet the specifications. 

3.5.2 Hybrid Filter Structure - Two Ideal Coupling Capaci

tors 

The next step involves replacing the inner 0.1 pF ideal impedance boundaries with 

real coupling capacitors from the component library developed earlier. This version 

of the filter is shown in Fig. 3.5. Again, the initial filter response was less than ideal. 

However, it was clear that the major variable that needed to be tuned was the size 

of the newly inserted inner coupling capacitors. By enlarging their length to 256 /urn 

the filter response was significantly improved. Further improvement was obtained by 

slightly modifying the sizes of C3 and C4 so that their radii now measured 341.33/um 

and 438.3yum, respectively. The overall size of this filter is 5x5.4x0.8mm3 . 
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3.5.3 Fully Embedded Filter Structure 

The final iteration in the design process involves replacing the remaining two ideal 

impedance boundaries with real 0.5 pF coupling capacitors. With this final substitu

tion a fully embedded filter is created. The initial simulation revealed a larger than 

expected insertion loss and reduced center frequency. By using a circuit simulator 

the exact causes of the performance degradation were determined. The insertion loss 

was improved by resizing capacitors CI and C2 to 391 //m and 450 //m, respectively. 

The center frequency was reduced because of significant capacitive coupling between 

the outer resonators and capacitors CI and C3. This was expected because of their 

close proximity. This effect was countered by reducing the radii of C3 to 270 /j,m and 

C4 to 420jum, respectively. The overall size of this filter is 5x6x0.8mm3 . 

Table 3.3 summarizes the differences between the initial library component di

mensions and those from the final fully embedded filter. 

Table 3.3: Comparison Between Initial and Optimized Component Dimensions 

Component 

CI 

C2 

C3 

C4 

Initial Dimensions 

300//m 

100/xm 

335 jum 

380/im 

Optimized Dimensions 

391/mi 

450/xm 

270 /an 

420 fjaa 

Whereas CI, C3, and C4 only required minor tuning, the optimized dimensions of 

C2 are significantly different. This relatively large re-sizing is due to the fact that C2 

is only a single-layer capacitor, whereas the others are three. Therefore, its re-sizing 

corresponds to only a slight change in actual capacitance. 
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3.6 Passive Component and Bandpass Filter Char

acterization 

In this section measured results are shown alongside simulated results for compari

son purposes. Vector Network Analyzer (VNA) measurements were performed with 

G-S-G probes having 500 ̂ tm pitch and using a Short-Open-Load-Through (SOLT) 

calibration to the probe tips. 

3.6.1 Inductor Characterization 

As the single most critical component of the filters here, the circular spiral inductor 

was fully characterized. Fig. 3.13 shows the simulated and measured Q-factor for the 

inductor versus frequency [7]. It is evident that the measured Q-factor is noticeably 

Frequency [GHz] 

Figure 3.13: Measured and simulated Q-factor for inductor. 
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lower than expected. This degradation can be explained by examining a micrograph 

of the inductor metallization shown in Fig. 3.14 [7]. The metallization appears to 

Figure 3.14: Inductor metallization micrograph. 

have an inconsistent thickness with many areas showing no conductor present at all. 

Such a high degree of defects will increase the resistive losses of the trace and this is 

reflected in the lower than expected Q-factor of the inductor. 

Fig. 3.15 shows the simulated and measured inductance versus frequency. The 

excellent agreement between these results validates the measurement procedure and 

confirms the explanation of the Q-factor results above [7]. From Fig. 3.15, the value 

of inductance is 7.1nH at the center frequency of 1.55 GHz and the self-resonant 

frequency occurs near 5 GHz. 

3.6.2 Circular Multilayer Capacitor Characterization 

Several copies of C3 and C4 from each filter design were fabricated and characterized. 

Due to the similarity in the results obtained, only the results for capacitor C3 from 

the first filter is demonstrated here. Fig. 3.16 shows a comparison of the measured 
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Figure 3.15: Measured and simulated inductance. 

and simulated capacitance from 1 GHz to 2 GHz. Similarly, Fig. 3.17 shows the Q-

factor of this capacitor where the measured result appears noisy due to the fact that 

the real part of the input impedance is very small (<lf2). Therefore, a quadratic 

function is fitted to the data so that a meaningful comparison with the simulations 

may be done. 

The results are in reasonably good agreement, with the measured capacitance be

ing approximately 0.2 pF lower than expected across the whole band. It is important 

to note that this trend was witnessed in all capacitor measurements for C3 and CI 

and will be explained in Section 3.7. At the center frequency, the measured Q of the 

capacitor is approximately 9% lower than predicted by the simulation, 208 versus 

245, respectively. An explanation for the differences between these measurements 

and their respective simulations is given in Section 3.7. 
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Figure 3.16: Measured and simulated capacitance of C3. 
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Figure 3.17: Measured and simulated Q-factor of C3. 
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3.6.3 Novel L-C Resonator Characterization 

Each resonator from all three filters was fully characterized. However, for demonstra

tion only the middle resonator of the fully embedded filter is shown here. The real and 

imaginary components of the resonator input impedance, Zin, are plotted separately 

in Fig. 3.18. Based on the peak of the real component of the input impedance, the 
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Figure 3.18: Measured and simulated resonator Zin. 

resonant frequency occurs at 1.734 GHz. The unloaded Q-factor of the resonator can 

be calculated with the use of (3.4) by substituting the measured input impedance at 

resonance (3621 tt) for R and from Fig. 3.15 the measured inductance (7.28 nH) for L. 

Performing the calculation yields a measured unloaded Q-factor of 45.65. This com

pares to the simulated Q-factor of 58, where R, w0 and L are 4326 0, 10.37irl06 rads 

and 7.19 nH, respectively. 
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3.6.4 Coupling Capacitor Characterization 

Individual coupling capacitors (CI and C2) from the fully embedded filter were 

fully characterized. Fig. 3.19 shows a comparison of the measured and simulated 

capacitance from 1 GHz to 2 GHz for both CI and C2. 

— — - C1 Measured 
C1 Simulated 

— — C2 Measured 
• • " • ' " C2 Simulated 

" ' " l 1.2 1.4 1.6 1.8 2 
Frequency [GHz] 

Figure 3.19: Measured and simulated coupling capacitors of fully embedded filter. 

The same trend witnessed in the circular capacitor results continues here. That 

is, the simulated results overestimate the true value of capacitance. It is interesting 

to note that the error is greater for CI, which has four layers as opposed to only two 

for C2. It is concluded that the error is not due to inaccurate simulations but rather 

to greater than expected manufactured layer thickness (since capacitance is inversely 

proportional to the layer thickness between capacitor plates). 
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3.6.5 Filter Characterization 

The measured and simulated filter responses are shown here for the filter with four 

ideal coupling capacitors (Fig. 3.20) and for the fully embedded filter (Fig. 3.24). 

For the former, the ideal capacitors are replaced with high Q ceramic capacitors with 

dimensions of 0.6x0.3x0.23 mm3. These were then mounted to the surface of the 

LTCC substrate with conductive epoxy. Fig. 3.21 shows a micrograph of two of these 

capacitors adjacent to the middle resonator. 

o 1 — - ' ' ' ' ' 
0.5 1 1.5 2 2 5 3 

Frequency [GHz] 

Figure 3.20: Measured and simulated response for filter with 4 surface mount capac
itors. 

For this filter, the measured return loss is below 10 dB for ±50 MHz around the 

center frequency of 1.6 GHz. The insertion loss is 7.25 dB, while the stopband at

tenuation is greater than 30 dB beyond ±300 MHz of the center frequency. These 

results are in good agreement with the simulations except for the insertion loss in 
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Figure 3.21: Micrograph of affixed surface mount coupling capacitors. 

the passband. To understand the cause for this difference, multiple copies of this 

exact filter design were populated with surface mount capacitors and measured. The 

ceramic capacitors used to realize CI and C2 both have a published tolerance of 50% 

- as is typical for small valued ceramic capacitors. Large differences in performance 

were observed among these filters, which indicates a strong sensitivity of the filter 

response to capacitor variations. Fig. 3.22 shows the effect of CI tolerance on the 

insertion loss of the filter. 

From Fig. 3.22, a capacitance for CI that is smaller than expected increases the 

insertion loss of the filter substantially. Clearly, it would be advantageous to avoid 

the use of small valued surface mount capacitors. To this end, the fully embedded 

filter is developed. A micrograph of the top metal layer is shown in Fig 3.23, while 

its performance is shown in Fig. 3 24. 

The fully embedded filter displays a 10 dB bandwidth from 1.6 GHz to 1.75 GHz. 

The return loss is 21.3 dB at the center frequency of 1.64 GHz. The cause of the 
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Figure 3.22: Simulated insertion loss variation due to CI tolerance. 
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Figure 3.23: Micrograph of fabricated fully embedded bandpass filter (top view). 
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Figure 3.24: Measured and simulated response for fully embedded filter. 

positive frequency shift of the passband is due to a combination of effects but pri

marily, a thicker than expected layer thickness and lower than expected substrate 

permittivity are at fault. Identical trends are reported in [77]. More detailed expla

nations of the thickness and permittivity effects are discussed in Sections 3.7.1 and 

3.7.2, respectively. The insertion loss is greatly improved compared to the previous 

filter, being 2.8 dB and the stopband performance is similar. The insertion loss is 

improved because the very high tolerance surface mount capacitors of the previous 

filter are replaced with LTCC embedded capacitors, for which the x-y size tolerance 

is typically 0.2% [78]. 
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3.7 LTCC Process Tolerance Effects 

Comparing the filter results shows that surface mount component value tolerances 

have a large effect on filter performance. As shown by the fully embedded ver

sion, which lacks any surface mount components, LTCC process tolerances still have 

a noticeable influence on the filter response. The tolerances associated with layer 

thickness, dielectric constant, and metallization quality are analyzed in the following 

sections. 

3.7.1 Influence of Layer Thickness Tolerance 

The measured results show that the center frequency for each filter displays a positive 

shift of approximately 100 MHz. This effect can be explained by recalling that every 

measured capacitor displays a lower than expected capacitance. For example, in 

Section 3.6.2 the capacitance of C3 is measured to be 20% lower than expected (or 

6.67% lower per layer of the three layer capacitor). Thus, this reduced capacitance 

tends to shift the passband higher in frequency. The reduced capacitance is due to 

a substrate thickness that is measured to be 60/xm thicker than requested. This 

represents a positive 7% variation in layer thickness and agrees very well with the 

6.67% per layer reduction in capacitance observed (since capacitance is inversely 

proportional to layer thickness). This result falls at the extreme edge of the ±7% 

tolerance range published by the LTCC foundry [78]. 

3.7.2 Influence of Dielectric Constant 

The analysis of a calibration structure on the same substrate as the filters indicates 

that the substrate permittivity is 5 % lower than expected. This variation falls within 
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the manufacturers published tolerance but nonetheless also has the effect of increasing 

the center frequencies (since capacitance is directly proportional to substrate permit

tivity) . 

3.7.3 Influence of Metallization Quality 

From the micrographs, the surface roughness of the top metal layer was shown to be 

much greater than expected. Since this layer contains the spiral inductors, their Q-

factors were substantially reduced by the extra resistive losses imposed. The degraded 

Q-factors of the inductors and resonators, of which they are part, manifests itself in 

the measurements as higher insertion losses for both filters. 

3.7.4 Post Simulated Results 

Having quantified the errors due to layer thickness and dielectric constant, it is now 

possible to perform a post-simulation comparison. It is expected that by increasing 

the thickness of each layer by 7% (or 7.5 fi) and reducing the dielectric constant by 5 % 

to 5.605 will increase the agreement between the simulations and measurements. The 

results of these changes are shown in Fig. 3.25 under the label of "post-simulated." 

The changes have the desired effect of improving the agreement with the measure

ments. Therefore, it may be concluded that the tolerance effects quantified above are 

accurate. Based on this experience, extra efforts were made to obtain more accurate 

material specifications on which the designs of later chapters are based. 

3.7.5 Performance Summary 

In Table 3.4, the performance of this filter is summarized. The performance is rea-
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Figure 3.25: A comparison of the measured, simulated, and post-simulated results for 
fully embedded filter. 

Table 3.4: Performance Summary 

Item 

Center Frequency 

10 dR Return Loss 

Insertion Loss 

Attenuation 

Frequency 

[1550 MHz] 

[in-band] 

[in-band] 

[2000 to 6000 MHz] 

[1442 MHz] 

[1660 MHz] 

Simulated Value 

[-] 
1340- 1620 MHz 

1.5 dB 

24 dB (min) 

1.5 dB 

6dB 

Measured Value 

1640 MHz 

1620- 1730 MHz 

2.8 dB 

27 dB (min) 

20 dB 

3dB 
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sonably good despite the frequency shift caused by material tolerances. This result 

will serve as a basis for new and improved designs presented in the next chapters. 

3.8 Summary and Contribution 

This chapter has presented a new, simpler design methodology that has been demon

strated to be effective through the realization of highly miniaturized LTCC bandpass 

filters. The entire process, from initial schematic design, through individual element 

design and characterization, to complete filter characterization has been discussed. 

The new bandpass filters have desirable performance characteristics for emerging 

GPS applications. Although reasonable agreement was obtained, all sources of error 

related to LTCC process tolerance effects were analyzed. The specific publications 

arising from the work contained in this chapter includes two conference papers and 

one Journal article [5-7]. 

The results of this chapter constitute the first and second thesis contributions, 

namely the demonstration of a novel embedded L-C resonator and the application of 

a novel design methodology to a miniaturized LTCC bandpass filter design. Important 

lessons and insights have been learned though the process and will be applied to the 

design of improved versions with even higher performance and smaller footprint. 



Chapter 4 

Advanced B P F Designs 

This chapter continues to pursue the third thesis objective through the design of 

improved filters. More complex topologies and a higher degree of miniaturization 

are used to obtain better performance and packaging. As presented in Fig. 4.1, the 

filter's purpose is to attenuate out of band signals. 

Balun Stage 1 
LNA 

VCO 

Stage 2 Hybrid 
LNA Coupler 

Antenna Mixers 

Figure 4.1: Bandpass filter as part of the complete receiver chain. 

With ever more stringent filter requirements, conventional filter topologies are 

becoming inadequate. The filters of Chapter 3 could be augmented by increasing their 

order. This would provide steeper roll-off at the passband edges and increased out-

of-band rejection. However, increased in-band insertion loss would be an unavoidable 

consequence, along with larger size. Here, two advanced filter techniques are utilized 
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to make the improvements stated above possible without increasing insertion loss or 

size. 

These novel filters achieve superior performance while occupying significantly less 

area. A second-order filter is presented that displays an insertion loss of 2.2 dB. For 

better out-of-band performance, a fourth-order filter is presented that displays steep 

rejection skirts and an insertion loss of less than 4 dB. Both of these filters exhibit 

roll-offs that are higher than their conventional equivalents due to additional zeros 

placed at the passband edges. 

4.1 Finite Transmission Zeros 

Conventional filter topologies that are composed of coupled parallel resonators do not 

have transmission zeros (except at / = 0 and /=oo) [79]. However, modifications to 

the coupling mechanisms can introduce transmission zeros in the stopband, thereby 

enhancing the rejection characteristics. Many different combinations of reactive cou

pling can be used. Capacitive cross coupling of the input and output will generate 

a zero at frequencies below the passband [80]. An arbitrary number of zeros can be 

generated with parallel resonators in series or shunted series resonators [81]. Here, 

capacitive feedback from input to output and inductive coupling between resonators 

is implemented because the zeros can be located accurately [82,83]. 

To demonstrate the advantages of these methods, a second-order filter is designed. 

Such a topology will also provide added benefit of minimizing the passband insertion 

loss since, in general, insertion loss decreases with lower order filters [23]. 
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4.1.1 Capacitive Coupling 

Fig. 4.2 shows a conventional second-order coupled resonator filter alongside its 

typical response. 

o 

-10 

£" -30 
o 

Q- -40 

-50 

-60 

1 12 14 16 18 2 

Frequency [GHz] 

Figure 4.2: Second-order filter with no feedback (schematic and typical response). 

The slope at the passband edges is approximately 60 dB per octave and the stop-

band rejection is about 40 dB. In comparison, Fig. 4.3 shows a second-order filter 

schematic with capacitive feedback that creates two new finite transmission zeros. 

The associated response shows a a roll-off slope of approximately 120 dB per octave 

(with linear extrapolation), which is double that of the first case. However, the trade

off is a noticeably lower stopband rejection of about 20dB. 

This example has shown that with the introduction and proper sizing of a feed

back capacitor two finite transmission zeros can be placed very near the passband 

edges. This creates a sharp roll-off normally associated with higher-order filters. Fur

thermore, the insertion loss in the passband is largely unaffected compared to the 

Port 2 
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Frequency [GHz] 
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Figure 4.3: Second-order filter with capacitive feedback showing two finite transmis
sion zeros (schematic and typical response). 

conventional filter. However, the trade-off is lower stopband rejection. A filter design 

based on this topology has been fabricated and fully characterized. The results are 

presented in the following sections. 

Additionally, a fourth-order filter is also designed to demonstrate increased selec

tivity. This filter is based on a capacitively coupled resonator topology with inductive 

coupling. The circuit schematic along with its corresponding response (with and with

out inductive coupling) is presented in Fig. 4.4. 

In the first example, it is capacitive coupling that creates a feedback path and 

resultant transmission zeros. Here, inductive coupling serves the same purpose. The 

location of the zeros can be controlled by the degree of coupling. Stronger coupling 

brings the zeros closer to the passband edges. At 1.4 GHz and 1.86 GHz (locations of 

zeros), the rejection is more than 30 dB greater compared to the case without coupling. 

The trade-off is reduced in-band return loss. A filter based on this topology has also 
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Figure 4.4: Fourth-order filter with inductive coupling (solid line) and without (dotted 
line) (schematic and typical response). 

been designed and fully characterized with the results contained in the following 

sections. 

These two examples have shown that inductive or capacitive coupling schemes can 

effectively increase the order of a given filter without any extra resonators - at least 

in terms of the roll-off at the passband edges. 

4.2 Challenges 

Two major challenges need to be overcome to create a miniature filter with the fea

tures discussed earlier: i) sizing of feedback capacitor to accurately place transmission 

zeros and ii) spacing of inductors to obtain the correct amount of inductive coupling. 

Transmission zeros can be placed at an arbitrary frequency based on the value 

of the feedback capacitor. For example, the zeros can be placed at a frequency that 
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coincides with a known unwanted Voltage Controlled Oscillator (VCO) harmonic to 

reduce its power. Alternatively, the zeros can be placed near the passband to increase 

filter selectivity - this approach is used here. The first challenge herein is how closely 

the zeros can be placed to the passband without worsening the insertion loss. Using 

inductively coupled resonators (instead of capacitively coupled) effectively reduces the 

filters' component count. However, the trade-off is increased complexity associated 

with the inductors. The second challenge herein is to design a shape and spacing that 

achieves the desired degree of coupling. 

4.3 Improved Second-Order Filter Design 

The same design procedure was followed as in Chapter 3, while the specifications are 

also unchanged but repeated in Table 4.1 for convenience. Given the circuit schematic 

Table 4.1: Filter Specifications 

Center Frequency [GHz] 

10 dB Bandwidth [MHz] 

Insertion Loss [dB] 

Stopband Attenuation [dB] 

1.55 

100 

<2.5 

>20 at ±150 MHz offset 

in Fig. 4.5, all component values were optimized to meet the stated specifications. 

Using the component values listed in Table 4.2, the response presented in Fig. 4.3 is 

obtained. 

The value of the feedback capacitor, C2, was chosen to provide transmission ze

ros as near to the passband edges as possible without affecting the insertion loss or 

the stopband attenuation too adversely. All these component values can be reason

ably implemented in standard low permittivity LTCC material. To realize the small 
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Figure 4.5: Improved Second-order filter with inductive and capacitive coupling. 

Table 4.2: Theoretical Component Values For Improved Second-Order Bandpass Fil
ter 

Component 

L 

CI 

C2 

C3 

k 

Value 

Ind. =3 .55nH 

0.57 pF 

0.1 pF 

2.42 pF 

5% or 0.1775 nH 
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coupling factor (£=0.1775 nH), a pair of identical inductors that reside on the same 

metal layer and have magnetic moments that appose each other were designed. If the 

moments were made to align, too much coupling would be created. In Fig. 4.6(a), 

the HFSS model with a pair of coupled planar inductors is shown. The spiral that 
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(a) (b) 

Figure 4.6: Simulated inductor coupling: (a) model; and (b) plot of coupling strength 
for various separation distances. 

forms the inductor is truncated on one side to make a straight edge allowing for a 

much smaller pitch (center-to-center distance) between pairs of inductors and thus 

better controlled coupling. The desired degree of coupling can be obtained by ad

justing the separation as shown in Fig. 4.6(b). As expected, the coupling is inversely 

proportional to the separation distance. The theoretical coupling required is 5% or 

-13dB and from Fig. 4.6(b), this corresponds to approximately a 50/mi separation. 

This inductor pair is the structure around which the three-dimensional filter layout 

will be completed. 
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4.3.1 Resonator Configuration 

The main goal in the layout of the filter is area minimization. To achieve the smallest 

layout, as many components as possible should be stacked. This of course will cause 

unwanted mutual coupling so some optimization will be needed. As before, a stacked 

resonator configuration is utilized with the coupled inductors placed on the top metal 

layer and the multi-plate resonator capacitors (C3) below. The feedback capacitor 

(C2) and the input capacitors (CI) are also placed below the inductors and above 

the C3 capacitors. In this way, only seven layers of LTCC are needed to package the 

complete filter. Images of the three-dimensional model are presented in Fig. 4.7. 

(a) (b) 

Figure 4.7: Three dimensional layout of new second-order filter: (a) oblique view; 
and (b) top view. 

The embedded capacitors can be seen more clearly in Fig. 4.7(b) where the layers 

are made transparent. The elongated rectangular feedback capacitor is located at the 

center of the filter and is printed on layers 6 and 7. Meanwhile, the input capacitors 

are placed on layers 5 and 6. The larger resonator capacitors occupy layers 2, 3, and 4. 

The filter core, which excludes the probe pads, measures only 2.6 x 2.15 x 0.679 mm3 
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or 0.032 Xg x 0.026 Ag x 0.008 Xg, which makes this the smallest reported L-band 

second-order bandpass filter. The following sections provide simulated and measured 

results for the filter as a whole and its individual passive components. 

4.3.2 Improved Fourth-Order Filter Design 

A fourth-order filter may be constructed by connecting in series two second-order 

filters. Such a topology is shown in Fig. 4.8. Inductive coupling is used between the 

Port l Port 2 

Figure 4.8: Fourth-order filter with inductive coupling. 

first and fourth resonators to create a feedback path from input to output. This in 

turn creates an additional pair of transmission zeros around the passband. To achieve 

the response shown in Fig. 4.8, the component values listed in Table 4.3 are needed. 

Table 4.3: Theoretical Component Values For Improved Fourth-Order Bandpass Fil
ter 

L 

4.1 nH 

CI 

0.66 pF 

C2 

0.18 pF 

C3 

0.15 pF 

C4 

1.77 pF 

C5 

2.2 pF 

k 

0.5% 

This filter is characterized by a larger resonator inductor compared to the previ

ously described second-order filter, while the required coupling is one order of magni

tude smaller. The layout of the filter is done in a " ring" fashion so that the first and 
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fourth resonators are adjacent to each other to facilitate coupling. This can be seen 

in Fig. 4.9. 

(a) (b) 

Figure 4.9: Three dimensional layout of new fourth-order filter (a) oblique view; and 
(b) top view. 

The resonator capacitors (C4 and C5) are placed two layers below the inductors to 

reduce unwanted coupling. As a miniaturization technique, multiple plates are used 

with the bottom plate being made positive - this implies that the ground plane below 

effectively acts as a (free) additional capacitor terminal Through these techniques, 

only 5 layers of LTCC substrate are needed to embed the entire filter. 

Due to the novel layout, the filter core measures only 3.5 x 4.6 x 0.485 mm3 or 

0.043 x 0.056 x 0.006 Ag
3, which makes this the smallest reported L-band fourth-

order bandpass filter The following sections provide simulated and measured results 

for the filter as a whole and its individual passive components 
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4.4 Component Library Creation and Simulated 

Filter Responses 

After obtaining the optimized component values from a circuit simulator, library 

creation can begin. Every capacitor and inductor must be designed and simulated 

individually to synthesize the required values before the filter can be assembled. 

4.4.1 Second-Order Filter 

The shunted parallel resonator determines the center frequency of each filter and its 

associated insertion loss. As LTCC is a high quality dielectric, the dominant loss 

mechanism is due to the conductor. Therefore, the inductor becomes the limiting 

factor in obtaining a low passband insertion loss. The new inductor has already been 

revealed in Fig. 4.6(a). In the quest for higher Q-factor, two important improvements 

were introduced compared to the resonator inductors of Chapter 3. Namely, the 

width of the spiral arms was increased from 100//m to 175/xm and the separation 

from 100//m to 150/xm. The number of turns stays the same at 1.5. From Chapter 

3, the simulated Q-factor was approximately 80 but the measured result (50) was 

noticeably lower. The simulated inductance and Q-factor are presented in Fig. 4.10. 

The Q-factor at 1.55 GHz is estimated to be 80 as well. However, due to the steps 

taken to reduce the parasitic losses of the spiral, it's expected that the measured 

Q-factor will be much closer to this estimated value. The inductance was tuned 

from 3.55 nH to 3.95 nH to obtain a better filter response. The capacitors were also 

modeled individually to synthesize the desired values but then were readjusted to 

obtain a better overall filter response. The largest capacitor for this filter is C3, 

whose simulated capacitance and Q-factor are displayed in Fig. 4.11. 
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Figure 4.10: Resonator inductor simulated results for improved second-order filter: 
(a) inductance; and (b) quality factor. 
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(a) (b) 

Figure 4.11: Resonator capacitor simulated results for improved second-order filter: 
(a) capacitance; and (b) quality factor. 
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As expected, the Q-factor of 250 is much higher for this capacitor than for the 

inductor, while the self-resonant frequency is safely above 4 GHz. The capacitance 

is 1.93 pF at the center frequency. Although not shown here, the input (CI) and 

feedback (C2) capacitors were designed in the same way. With the completion of 

the component library, the physical layout of the filter may be contemplated. It was 

revealed earlier in Fig. 4.7, while the corresponding filter response is presented here 

in Fig. 4.12. 
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Figure 4.12: Simulated improved second-order filter response: (a) wideband view; 
and (b) narrowband view. 

The insertion loss of the filter is only 1.8 dB at the center frequency. The transmis

sion zeros are located at 1270 MHz and 1740 MHz, where the attenuation is 41 dB and 

30 dB, respectively. The remaining filter performance parameters are summarized in 

Table 4.4. 

The 10 dB return loss bandwidth comfortably covers the required L-band spectrum 

(1525 MHz to 1575 MHz) and makes it possible to achieve high yields. Considering 

the small relative bandwidth of this filter, the maximum in-band insertion loss of 
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Table 4.4: Improved Second-Order Filter Simulated Performance 

Item 

Center Frequency 

Return Loss 

Insertion Loss 

Attenuation 

First Transmission Zero 

Second Transmission Zero 

Frequency 

[1550 MHz] 

[1475 to 1610 MHz] 

[1525 to 1575 MHz] 

[100 to 1330 MHz] 

[1700 to 1800 MHz] 

[1800 to 6000 MHz] 

[1270 MHz] 

[1740 MHz] 

Value 

-

135 MHz 

1.8 dB (max) 

22 dB 

20 dB 

10 dB 

41 dB 

30 dB 

1.8 dB is very low. This helps to keep the system noise figure down when this filter 

is placed at the front of a receiver chain. 

4.4.2 Fourth-Order Filter 

The improved fourth-order filters' performance is also highly dependent on the quality 

of its resonator inductors. Slightly more inductance is required compared to the 

second-order filter (4.1 nH vs. 3.55 nH). Therefore, a larger spiral has been designed 

that has the same number of turns (1.5). Its shape is also truncated to allow for 

pairs to be placed closer together (as seen in Fig. 4.9). The simulated inductance 

and Q-factor are shown in Fig. 4.13. 

The Q-factor of approximately 80 is the same as the previous inductors' due to 

their physical similarity. However, due to its larger size and therefore longer current 

path, the measured Q-factor will likely be comparatively lower. The inductance was 

tuned from 4.1 nH to 4.4 nH. As presented in Table 4.3, this filter has two different 
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Figure 4.13: Resonator inductor simulated results for improved fourth-order filter: 
(a) inductance; and (b) quality factor. 

valued resonator capacitors. Both C4 and C5 are implemented with two parallel 

plates and have optimized capacitances of 2.34 pF and 2.9 pF, respectively. The cor

responding plots are presented in Fig. 4.14. 

The Q-factors for both capacitors are above 200, while their SRFs are safely 

above 6 GHz. The smaller coupling capacitors were designed in the same way. With 

the component library completed, the filter was assembled according to the "ring" 

topology described earlier and the final response of Fig. 4.15 was obtained. 

The passband is centered around 1.55 GHz, where the 10 dB bandwidth is 

130 MHz. The high stopband rejection and rapid roll-off at the band edges are attrac

tive features. However, the filters' impressive selectivity is achieved at a high in-band 

insertion loss of 3.8 dB. All performance characteristics are listed in Table 4.5. 

This filter demonstrates that a highly selective response can be achieved with 

very small area utilization. Even with an insertion loss of 3.8 dB, its high out-of-

band rejection and steep roll-off at the passband edges makes this filter potentially 

1.4 1 6 
Frequency [GHz] 

(b) 
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Figure 4.14: Simulated capacitance and Q-factor for: (a)-(b) C4; and (c)-(d) C5. 
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Figure 4.15: Simulated improved fourth-order filter response: (a) wideband view; and 
(b) narrowband view. 

Table 4.5: Improved Fourth-Order Filter Simulated Performance 

Item 

Center Frequency 

Return Loss 

Insertion Loss 

Attenuation 

First Transmission Zero 

Second Transmission Zero 

Frequency 

[1550 MHz] 

[1460 to 1590 MHz] 

[1525 to 1575 MHz] 

[100 to 1415 MHz] 

[1650 to 6000 MHz] 

[2000 to 6000 MHz] 

[1442 MHz] 

[1660 MHz] 

Value 

-

130 MHz 

3.8 dB (max) 

20 dB 

20 dB 

40 dB 

20 dB 

33 dB 
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attractive for noisy environments with strong interferer signals. 

4.5 Characterization of Improved Filters 

Prototypes of the filters described above were fabricated at the facilities of VTT 

Electronics in Oulu, Finland. Upon delivery, the niters were characterized at the 

Communications Research Center. The measurement setup also included 500 //m 

pitch G-S-G probes. The setup was calibrated to the probe tips using the SOLT 

technique. 

4.5.1 Second-Order Filter 

This filter occupies seven layers of the LTCC substrate that has 8 in total. Therefore, 

a finite ground plane was inserted on the first metal layer and tied with multiple 

vias to the external ground plane. Despite this added complexity, the agreement 

between measured and simulated responses are excellent. The measured response of 

the improved second-order filter is compared in Fig. 4.16 with the simulated results. 

The center frequency and locations of the transmission zeros are almost exactly as 

predicted. The minimum insertion loss in the passband is 2.2 dB and thus greater 

than the predicted value of 1.8 dB. This can be explained by examining the measured 

results for the resonator inductor displayed in Fig. 4.17. 

The measured inductance is 4.12 nH or 4% greater than predicted in the simula

tions. This result trends well with the measured filter response that shows a reduced 

center frequency. Since an increased inductance will lead to a lower operating fre

quency for the resonators. The measured Q-factor is 70 and 15 % below the simulated 

value of 83 when a 9th degree polynomial is fitted to the data. This is a significant 
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Figure 4.16: Comparison of measured and simulated second-order filter response: (a) 
wideband view; and (b) narrowband view. 
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Figure 4.17: Resonator inductor results comparison: (a) inductance; and (b) Q-factor. 
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discrepancy and may be considered the prime cause for the reduction in the minimum 

insertion loss in the passband for this filter. As was the case in the previous gener

ation filters, the lower Q-factor is due to poor surface roughness for the conducting 

material. Unfortunately, this is an attribute that is not easily accounted for in the 

simulator. 

The increased inductance of 4 % did not correlate exactly to a 4 % reduction in 

the center frequency. Instead, only a 1% reduction was observed. Greater insight 

into this apparent inconsistency can be gained by examining the measured results for 

the resonator capacitors presented in Fig. 4.18. 

400 
Measured 
Measured (fitted polynomial) 
Simulated 

12 1.4 1.6 1.8 
Frequency [GHz] 

1.2 1.4 1.6 1.8 
Frequency [GHz] 

(a) (b) 

Figure 4.18: Resonator capacitor results comparison: (a) capacitance; and (b) Q-
factor. 

The measured capacitance is in fact 1.8 pF or 7% lower than the expected value 

of 1.93 pF. This adjustment has a counter-balancing effect on the center frequency 

shift caused by the increased inductance. Therefore, in total, the center frequency 

stays nearly unchanged. Meanwhile, the Q-factor of this capacitor is 189 (when a 9th 

degree polynomial is fitted to the data), which is only 8 % lower than the predicted 
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figure of 233. The agreement is much better in this case compared to the Q-factor 

for the inductor because conductor losses play a much smaller role here. Table 4.6 

summarizes the differences between measurements and simulations for the resonator 

components. 

Table 4.6: Measurement Summary - Second-Order Filter Components 

Item at 1550 MHz 

Simulated Capacitance or Inductance 

Measured Capacitance or Inductance 

Observed Tolerance 

Simulated Q-factor 

Measured Q-factor 

Observed Tolerance 

C3 

1.93 P F 

1.8 pF 

-7% 

233 

189 

- 8 % 

L 

3.95 nH 

4.12 nH 

+4% 

83 

70 

-15% 

An overall summary and comparison of results is presented in Table 4.7 for the 

improved second-order filter. 

Despite the small discrepancies noted, the overall agreement between the measured 

and simulated results is reasonable. The high correlation is a testament to the low 

tolerance of the LTCC fabrication process and the high degree of accuracy in the 

electromagnetic simulator employed. The improved second-order filter presented here 

is the smallest ever reported L-band design, while the inductors employed are of very 

high quality. 

4.5.2 Fourth-Order Filter 

This design only utilizes 5 of the 8 available LTCC layers. Therefore a partial ground 

plane was inserted three layers above the main ground plane and tied to it with 
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Table 4.7: Results Comparison - Improved Second-Order Filter 

Item 

Center Frequency 

Return Loss 

Insertion Loss 

Attenuation 

First Transmission Zero 

Second Transmission Zero 

Frequency 

[1550 MHz] 

[1475 to 1610 MHz] 

[1525 to 1575 MHz] 

[100 to 1330 MHz] 

[1700 to 1800 MHz] 

[1800 to 6000 MHz] 

[1270 MHz] 

[1740 MHz] 

Simulated 

-

135 MHz 

1.8 dB (max) 

22 dB 

20 dB 

10 dB 

41 dB 

30 dB 

Measured 

[1524 MHz] 

133 MHz 

[1458 to 1591 MHz] 

2.2 dB (max) 

23 dB 

20 dB 

11 dB 

39dB@ 1261MHz 

28dB@ 1724 MHz 

numerous vias. The alternative strategy would be to place a 3-layer cavity above 

the filter but this was deemed more complicated to implement. Nonetheless, these 

modifications have a small negative impact on the filter performance. The simulated 

results are joined with the measured data for the improved fourth-order filter in Fig. 

4.19. 

As with the second-order filter, the agreement is reasonable. However, there is 

a small shift of the passband down in frequency and a higher minimum insertion 

loss. Reviewing the measured results for the resonator inductor in Fig. 4.20 will help 

understand why. 

The measured inductance of 4.9 nH is 0.5 nH or 9% above the expected value. 

This variation is similar to the one observed for the second-order filter and acts to 

lower the center frequency of this filter as well. The simulated Q-factor of 85 is overly 

optimistic since the observed Q-factor is only 58 (with fitted polynomial) or 22% 

lower than expected. This, however, follows what was observed for the second-order 
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filter where the difference is 15 %. The cause of this has already been discussed. 

As with the previous cases, the measured capacitances of C4 and C5 are lower 

than expected by about 8% each. Similarly, their Q-factors are reduced with the 

largest reduction of 18 % occurring for C5. Reviewing the capacitor measurements, 

we observe an approximately linear relationship between size and Q-factor tolerance. 

That is, for a specified percentage increase in capacitance the Q-factor drops by the 

same amount. The measured results for the resonator capacitors are presented in Fig. 

4.21, while a summary of these results is listed in Table 4.8. 

Table 4.8: Measurement Summary - Fourth-Order Filter Components 

Item at 1550 MHz 

Simulated Capacitance or Inductance 

Measured Capacitance or Inductance 

Observed Tolerance 

Simulated Q-factor 

Measured Q-factor 

Observed Tolerance 

C4 

2.341 pF 

2.185 pF 

-7% 

230.8 

191.9 

-9% 

C5 

2.916 pF 

2.664 pF 

- 8 % 

202 

166 

-18% 

L 

4.4 nH 

4.9 nH 

+ 9 % 

85 

58 

-22% 

An overall summary and comparison of results is presented in Table 4.9 for the 

improved fourth-order filter. 

The results show once again that the variations in inductances and capacitances 

oppose each other to make the overall effect negligible. The reduced inductor Q-factor 

does have a noticeable impact on the minimum insertion loss. Instead of an expected 

3.8 dB loss, the measured result is 4.92 dB. The most direct way to improve these 

figures is to design even higher quality inductors. 
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Figure 4.21: Comparison of capacitance and Q-factor for: (a)-(b) C4; and (c)-(d) C5. 
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Table 4.9: Results Comparison - Improved Fourth-Order Filter 

Item 

Center Frequency 

Return Loss 

Insertion Loss 

Attenuation 

First Transmission Zero 

Second Transmission Zero 

Frequency 

[1550 MHz] 

[1460 to 1590 MHz] 

[1525 to 1575 MHz] 

[100 to 1415 MHz] 

[1650 to 6000 MHz] 

[2000 to 6000 MHz] 

[1442 MHz] 

[1660 MHz] 

Simulated 

-

130 MHz 

3.8 dB (max) 

20 dB 

20 dB 

40 dB 

20 dB 

33 dB 

Measured 

[1521 MHz] 

130 MHz 

4.92 dB (max) 

20 dB 

20 dB 

30 dB 

18 dB @ 1439 MHz 

31 dB @ 1639 MHz 

4.6 Comments on Simulation-Measurement 

Agreement 

The same fabrication process and substrate material was employed in the realization 

of the designs described in Chapter 3 and 4. However, the agreement between simu

lations and measurements is noticeably better in the latter and can be attributed to 

three important changes pertaining to the material parameters: 

1. Relative permittivity adjustment from 5.9 to 5.7. 

2. Layer thickness estimate changed from 100 //m to 97yum. 

3. Addition of gold plating on exposed metal layers. 

These changes are based, in part, on the post-simulation results obtained in Chapter 

3. The simulation models were made to reflect these changes and the measured results 

prove that they are indeed better estimates of the substrate material characteristics. 
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The gold plating is a post-processing operation that has two main benefits: i) lower 

surface roughness and ii) lower ohmic losses in the probe-to-pad contact. 

4.7 Summary and Contribution 

This chapter has presented two improved bandpass filters. The goal was to better 

the results of chapter 3 in terms of in-band insertion loss and overall size. In both 

cases, the new filters have achieved these goals. The second-order design has an in-

band insertion loss 0.6 dB lower than the previous version, while at the same time 

occupying 82 % less volume. In reference to other published work, these new filters 

also compare very favorably in terms of volume occupied as listed in Table 4.10. 

This table lists related work in the area of narrow-band, single-band, lumped element 

LTCC filters. To create a fair comparison, the volume occupied by these filters is in 

terms of guided wavelength (Ap). Otherwise, the differences in center frequency and 

relative permittivity would not be accounted for. The table is sorted by ascending 

volume (top - smallest). 

Table 4.10: Comparison With Related Work 

Ref. 

[This work 1] 

[This work 2] 

[27] 

fc (GHz) 

1.55 

1.55 

2.45 

Dim. in mm and (Xg) 

2.6 x 2.15 x 0.679 

(0.032 x 0.026 x 0.008) 

3.5 x 4.6 x 0.485 

(0.043 x 0.056 x 0.006) 

2 x 1.8 x 0.67 

Vol. (A/ ) 

6.656 x 10~6 

1.44 x 10~5 

1.44 x 10-5 
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Table 4.10: Comparison With Related Work 

Ref. 

[84] 

[85] 

[82] 

[86] 

[87] 

[74] 

[88] 

[89] 

[80] 

[90] 

fc (GHz) 

1.3 

2.4 

2.5 

1.95 

5 

2.45 

2.55 

2.45 

1.95 

5 

Dim. in mm and (Aff) 

(0.046 x 0.041 x 0.015) 

7.3 x 4 x 0.81 

(0.076 x 0.042 x 0.008) 

1.6 x 0.8 x 0.6 

(0.067 x 0.033 x 0.025) 

4.4 x 2 x 0.54 

(0.1 x 0.047 x 0.012) 

1.6 x 0.8 x 0.52 

(0.096 x 0.048 x 0.03) 

1.9 x 1 x 0.8 

(0.088 x 0.046 x 0.037) 

8.3 x 4.6 x 0.46 

(0.19 x 0.1 x 0.01) 

4.52 x 3.45 x 1.08 

(0.1 x 0.08 x 0.025) 

5.03 x 3.56 x 1.08 

(0.11 x 0.08 x 0.024) 

6.6 x 6.6 x 0.836 

(0.13 x 0.13 x 0.016) 

5.0 x 3.5 x 0.9 

Vol. ( V ) 

2.71 x 10"5 

5.52 x 10~5 

5.64 x 10"5 

1.38 x 10"4 

1.49 x 10-4 

1.9 x 10"4 

2 x 10-4 

2.13 x 10~4 

2.7 x 10"4 

1 x 10~3 
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Table 4.10: Comparison With Related Work 

Ref. fc (GHz) Dim. in mm and (Xg) 

(0.2 x 0.14 x 0.036) 

Vol. (A/) 

Based on this group of work, the new second-order filter (this work 1) is nearly one 

order of magnitude smaller than any other design. Similarly, the new fourth-order 

filter (this work 2) is ranked second. The excellent results shown here serve as a 

significant contribution to the field of L-band filters and passive devices in general. It 

has been shown also that very good agreement can be achieved between the measured 

and simulated results. 



Chapter 5 

90-Degree Hybrid Coupler Design 

This chapter continues to pursue the third thesis objective through the design of a 

90-degree hybrid coupler. As presented in Fig. 5.1, the hybrid's purpose is twofold: 

i) to evenly split the RF signal and, ii) provide quadrature outputs since GPS signals 

are phase-modulated. 

Antenna Mixers 

Figure 5.1: Hybrid coupler as part of the complete receiver chain. 

Quadrature hybrid couplers are passive devices that perform a 3dB split of an 

input signal and introduce a 90° phase difference in the outputs. They are commonly 

used to feed patch antennas for circular polarization. Usually, this device is realized 

in some type of microstrip or stripline technology [23] [30]. However, at relatively 

low frequencies such as those in the L-band used for GPS, a conventional microstrip 

88 



89 

hybrid coupler using distributed quarter-wave sections would require several err? of 

area to be realized. As discussed in detail in Chapter 2, several different techniques 

have been used to reduce the size of couplers. However, they have all been shown to 

have notable disadvantages. A lumped element approach has been selected as the best 

approach to implement the coupler here because it reduces the area requirements by 

95% at 1.55 GHz (compared to a microstrip equivalent) with none of the drawbacks 

of the other techniques [8]. Measured results show insertion losses within 0.65 dB of 

the theoretical minimum, an amplitude imbalance of less than 0.18 dB and a phase 

difference of 87.4 degrees. Furthermore, the impedance bandwidth is more than 

sufficient for this application. The following sections will describe the process used 

to design and optimize the complete coupler. 

5.1 Design Specifications and Circuit Schematic 

The design of the lumped hybrid is based on the classical distributed version shown 

in Fig. 5.2. The process involves replacing each section of transmission line with 

equivalent pi lumped networks as presented in Fig. 5.3. 

^ M -

"\_ 

A, t l . 
I ; 

4> * : ; 

BE 

Zj%2 

Zo/V -*** 

"X. m - * * 
y 

-X/4-

Figure 5.2: Classical distributed coupler layout. 
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Figure 5.3: Symmetric lumped element schematic for hybrid coupler. 

The classical hybrid has a bandwidth of approximately 10%, whereas the lumped 

equivalent hybrid typical has less because of increased parasitics. This limitation can 

be mostly avoided by utilizing multiple cascaded pi networks. Here, cascading was 

not necessary since the bandwidth requirement is small (<7%). Equations 5.1 to 5.6 

that define the lumped element values can be derived by equating the ABCD-matrix 

parameters of a pi network to that of a transmission line segment [2]. 

LI 
Zr sin 8 

U) 

L2=Zp^n9 
ui 

C\ = 1 /l-cos6> 
UJZT V 1 + cos 6 

(5.1) 

(5.2) 

(5.3) 



C2 = 
1 / 1 - C O S 0 

" UJZP V 1 + cos 0 

Z r _ V 2 

z/p = ZQ 
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(5.4) 

(5.5) 

(5.6) 

The coupler is designed to have a centre frequency of 1.55 GHz and 10 dB bandwidth 

of over 100 MHz, to account for fabrication tolerances. Insertion losses are to be kept 

as low as possible and an isolation of better than 20 dB is desired. To calculate the 

theoretical component values, each line was assumed to have a phase angle, 9, of 90° 

and a normalized characteristic impedance, Z0, of 50 f2. Performing the calculations 

results in the values of 3.63 nH, 5.134 nH, 3pF and 2pF for LI, L2, CI and C2, 

respectively. These calculations serve as a starting point only. Further tuning and 

optimization will be considered later. Of note, the methodology used here is useful 

for coupler designs for frequencies up to C-band range. Beyond which the advantages 

of using lumped elements are diminished since the wavelength is short enough for 

distributed elements to be used. 

5.2 Component Library Creation and Simulated 

Performance 

Having obtained the theoretical component values, modeling of the passive structures 

to realize these values can begin. The same material system and design procedure is 

used as before, however, the values to be realized here are larger, especially L2 and 

CI. An inductance over 5nH is difficult to achieve using a small planar spiral. An 

alternative topology is the multi-layer spiral (helix) that uses vertical integration to 
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minimize inductor size. Unfortunately, a stacked spiral is expected to have a lower 

Q-factor because more of the magnetic field is contained in the substrate rather than 

air, which is less lossy. To implement CI, a stacked parallel plate capacitor is needed. 

This topology has already been demonstrated in Chapters 3 and 4 in reference to 

the filter designs. Here, the plates will be enlarged further to achieve the necessary 

capacitance. The challenge will be to minimize parasitics to ensure that the self-

resonant frequency is sufficiently high. 

5.2.1 Inductor Design 

Two different valued inductors are required for this design. As shown in Fig. 5.4, both 

are implemented as two-port rectangular helical structures. The smaller inductor, 

(a) (b) 

Figure 5.4: Multilayer spiral inductor structures: (a) LI; and (b) L2 

LI, uses three metal layers and has I74 turns, while the larger, L2, uses four layers 

and 2I/4 turns. Through this vertical integration, their area requirements are kept 

small: 0.775 mm x 1.25 mm for LI and 0.775 mm x 1.15 mm for L2. Choosing a 
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rectangular shape rather than circular also helps minimize the area required. Parasitic 

capacitances are inherently low for this structure because there are no parallel lines 

and stacked segments are separated by at least two layers of LTCC. To make the 

results here comparable with the one-port inductor designs of Chapters 3 and 4, a 

conversion to a single-ended input impedance with Equation 5.7 is necessary [91]. 

Zse = Z\i ^ — (5-7) 
^ 2 2 

The previously described equations may now be used to calculate inductance and 

unloaded Q-factor when Zse is treated as the one-port input impedance. The square 

spiral inductor shown here has an advantage compared to the circular planar spirals 

of Chapter 3 and 4 in regards to its tunability (in simulation). To tune the latter, 

the radius must be changed resulting in different lengths and widths of the structure. 

In contrast, the inductance of the square spiral can be tuned by simply adjusting 

its length, while keeping its width constant. As shown in Fig. 5.5, by varying the 

length of the inductor (while keeping all other dimensions unchanged) the desired 

inductance can be chosen. For this four layer spiral, an inductance in the range 

of 6.5 nH to 10 nH can be selected when the length is varied between 0.3 mm and 

0.9 mm. At the same time, the SRF remains above 3.6 GHz. Although not shown, 

the Q-factor stays at approximately 73 in all cases because of the inductors' inherently 

low parasitic capacitances. This example has shown an effective method of tuning for 

this type of inductor that is not shared with circular spiral inductors. 

Using the aforementioned tuning technique, LI and L2 were set to their respec

tive theoretically calculated inductance values. When used as part of the coupler 

design (to be introduced later), however, their inductances were tuned to 5nH and 
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Figure 5.5: Multilayer spiral inductor structure: (a) length tuning; and (b) its effect 
on SRF and inductance at 1.55 GHz (all other dimensions unchanged). 

7.5 nH for LI and L2, respectively, to meet the coupler's performance targets. The 

corresponding simulated inductance and Q-factor curves are presented in Fig. 5.6. 

5.2.2 Capacitor Design 

In Fig. 5.3, the schematic for the hybrid is presented and shows two capacitors 

(CI and C2) on all four corners. On closer inspection, it is evident that these 

capacitor pairs are connected in parallel and therefore can be combined. This not 

only simplifies the coupler design but also allows for a smaller layout since some 

interconnects are made redundant. However, this step will create one overly large 

capacitor that approaches the limit of what can be achieved with this material system. 

All eight layers are required to realize the theoretically calculated capacitance of 5 pF 

(3pF + 2pF). The actual capacitor structure used and its dimensions are shown on 

Fig. 5.7. 

The novelty of this capacitor arises from its asymmetrical design that combines 
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Figure 5.6: Simulated inductance and Q-factor for: (a)-(b) LI; and (c)-(d) L2. 
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Figure 5.7: Asymmetric multilayer capacitor structure: (a) oblique view; and (b) 
dimensions. 

differently sized plates. The top four plates have an area equal to w x 11 mm2, while the 

bottom four have an area equal to «JX (11 +12) mm2. The reason for this asymmetry 

will become clear when the complete coupler structure is introduced in the next 

section Suffice it to say, creating high-valued capacitors in LTCC is difficult because 

of the low relative permittivity (5.7) and large 97/im layer separation. Therefore, 

large plates are unavoidable and can lead to layout problems when attempting to 

combine many passive elements. Such is the case here where the adjacent inductors 

of the coupler are placed nearby and limit the capacitor plate size. 

After simulating the completed coupler, it became evident that the capacitance 

would have to be adjusted higher than the theoretically calculated value of 5pF 

If all the layers were to be kept the same size, then the final capacitance of 9.1 pF 

would not be achieved. In order to solve this problem, the top four layers were made 

as large as possible without coming too close to the adjacent inductors. Next, the 

bottom four plates were doubled in area because at those substrate levels there are 
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no obstructions (i.e. no metal layers or vias). The final dimensions of the capacitor 

are: w=ll =12=0.8 mm. Fig. 5.8 presents the simulated capacitance and Q-factor 

curves for this capacitor over 1 to 2 GHz. 

30 r 

1.4 1.6 
Frequency [GHz] 

1.4 1.6 
Frequency [GHz] 

(a) (b) 

Figure 5.8: Asymmetric multilayer capacitor simulated performance: (a) capacitance; 
and (b) Q-factor. 

The capacitor Q-factor is only 68, much lower than the smaller capacitors reported 

earlier. Meanwhile, the SRF is 2.21 GHz and has encroached within a 2:1 ratio for 

SRF and center frequency. Despite these results, the capacitor is still useful because 

it is not part of a resonator (where Q-factor is paramount), rather it is simply a 

component of an artificial transmission line where the actual capacitance value is 

more important (to achieve the correct characteristic impedance). 

5.3 Coupler Simulated Performance 

A three-dimensional rendering of the coupler, showing embedded metal layers, along

side a top view is presented in Fig. 5.9. 
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Port 2 Port 3 

Figure 5.9: Hybrid coupler structure: (a) three dimensional view; and (b) top view. 

The coupler occupies a volume of only 4.4x4.2x0.8mm3. The material system 

used here is the same as in Chapter 3 and is described as having eight 97 /*m layers of 

FerroA6 LTCC with a relative permittivity of 5.7 and a loss tangent of 0.002. Silver 

is the conductor. 

Minimizing the coupler size was the primary goal that led to the layout of Fig. 5.9. 

Several different options were explored and this layout, that has the capacitors placed 

at the corners and the inductors in between, yielded the smallest part size. The novel 

layout and packaging of the coupler allows for an extreme degree of miniaturization 

that is unmatched in the literature. As discussed earlier, square multi-layer inductors 

were used as apposed to spiral alternatives because they take better advantage of the 

three-dimensional capabilities of LTCC. The reason for using asymmetrical capacitors 

was to take advantage of the empty volume below the inductors. This made it possible 

to independently size the top four layers (to minimize the overall size of the coupler) 

and the bottom four layers (to help achieve the desired capacitance). The ports of 
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the coupler consist of G-S-G pads that have a pitch of 500 /xm to be compatible with 

RF probes of the same geometry. 

Initially, the theoretically calculated component values were used for the coupler 

but simulations showed that the corresponding center frequency was too high. Re

ferring back to the design equations reveals that the center frequency is inversely 

proportional to the size of LI, L2, and CI. Therefore, their values were increased 

until the correct center frequency was achieved. Then fine tuning was carried out to 

achieve the best amplitude balance and correct phase difference across the outputs. 

The result of these optimizations is summarized in Table 5.1. 

Table 5.1: Component Optimization Results for Lumped Hybrid Coupler 

Item at 1550 MHz 

Theoretical Capacitance or Inductance 

Optimized Capacitance or Inductance 

Percentage Change 

LI 

3.63 nH 

5nH 

+38% 

L2 

5.13nH 

7.5 nH 

+46% 

C 

5pF 

9.1 pF 

+82% 

The simulated results for the complete hybrid coupler are presented in Fig. 5.10. 

The center frequency of 1.56 GHz occurs where Su is minimum, while the 10 dB 

bandwidth at port one extends from 1.4 GHz to 1.75 GHz (350 MHz). The insertion 

loss at port two is 3.5 dB and has a maximum variation of 0.7 dB over a 100 MHz 

bandwidth. Similarly, the insertion loss at port three is 3.5 dB with a maximum 

variation of 0.1 dB. The amplitude imbalance is less than 0.2 dB from 1.5 GHz to 

1.6 GHz and the phase difference varies by less than 3 degrees in the same range. 

These results meet the design specifications given at the beginning of this chapter. 
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Figure 5.10: Simulated coupler performance: (a) Sn', (b) S21; (c) 531; and (d) com
bined A6 and amplitude imbalance 
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5.4 Hybrid Coupler Characterization 

The fabricated coupler is presented in Fig. 5.11 alongside the test setup. Vector 

* 3 ? : J 

m ft£ f 

4S» 

3 
3 

4.4 mm 

(a) 

Figure 5.11: Fabricated coupler: (a) original component; and (b) modified test setup. 

Alumina 50 Ohm SMT 
shorting bridges resistors 

(b) 

network analyzer measurements were performed after SOLT calibration to the probe 

tips was carried out. Because a four-port network analyzer was not available, special 

test layouts were created to measure the device. One such setup is shown in Fig. 

5.11(b) and was fabricated alongside the unmodified coupler. 

The test layout includes pads for mounting resistors and/or shorts. 50 Q SMT 

resistors are used to load those ports that are not being measured. For the other 

ports, the gaps are shorted with alumina bridges. All components were affixed with 

conductive epoxy. To obtain Sn, S22 and S21, ports one and two were pioU-xl and 

ports three and four were loaded. Because of the similarity between Sn and 522, only 

S11 is shown here. S31 was measured by probing ports one and three and loading the 

remainder. The phase difference between the outputs was obtaining by subtracting 
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the phases of S21 and 531 and plotting the absolute value. Similarly, the amplitude 

imbalance was calculated by subtracting the magnitudes of the insertion losses at 

ports two and three and taking the absolute value. All these results are contained in 

Fig. 5.12. 
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Figure 5.12 A comparison of measured and simulaied coupler performance: (a) S\\\ 
(b) 52i; (cj S31, and (d) combined A9 and amplitude imbalance. 

The measured 10 dB bandwidth at port one is 354 MHz and is centered at 1.66 GHz 

so the following results are quoted at 1.55 GHz. The insertion loss at port two is 3.5 dB 
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and has a maximum variation of 0.2 dB over the range of ±50 MHz. The insertion 

loss at port three is 3.65 dB with a maximum variation of 0.1 dB. Fig. 5.12(d) shows 

that the amplitude imbalance is less than ±0.2 dB and the phase difference between 

the output ports is 87.4±2.5 degrees. Although not shown, the isolation between 

output ports is greater than 20 dB at the center frequency. The overall agreement 

is good, however, the measured results show a frequency shift of ±100 MHz or 7%. 

To attempt to account for this discrepancy, the inductors and capacitor were also 

measured separately. 

First, the capacitor's measured results are compared with simulations in Fig. 

5.13. The simulator overestimates the actual capacitance by approximately 13% 
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Figure 5.13: Asymmetric multilayer capacitor measured performance: (a) capaci
tance; and (b) Q-factor. 

at 1.55 GHz, being 7.9 pF instead of 9.1 pF. The Q-factor is also overestimated but 

by only 7%, being 57 instead of 68 (when quadratic curve fitting is applied to the 

measured data). To gain further insight into the coupler's frequency offset, the induc

tors were also characterized. However, being two port structures, their single ended 
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impedance was calculated using Equation 5.7. Fig. 5.14 compares the simulated and 

measured results directly. 
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Figure 5.14: Measured inductance and Q-factor for: (a)-(b) LI; and (c)-(d) L2. 

The smaller inductor, LI, displays a measured inductance that is 16% greater 

than predicted in simulation (5.8nH vs. 5nH, respectively). The corresponding Q-

factor is approximately 50 instead of the expected 75. Focusing on the results for L2, 

we see the same trends where the measured inductance is 10% too large (8.2 nH vs. 
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7.5 nH). This results in a Q-factor of approximately 50 instead of the simulated value 

of 60. As in Chapters 3 and 4, the inductor Q-factor measurements here also include 

a significant amount of noise necessitating the application of curve fitting to obtain 

reliable estimates. The main source of this noise is likely caused by quantization noise 

of the VNA during calibration. This error in calibration is an inherent factor that in 

most cases does not cause a problem. However, during the measurement of inductor 

Q-factors the VNA divides a relatively large number (reactance of input impedance) 

by a much smaller number (resistance of input impedance) that can generate wildly 

different values if the resistance is of the same order as the error. Therefore, the 

noisiest data is observed at lower frequencies where the resistance is smallest ( lfl). 

A summary of these results along with the calculated tolerances are listed in Table 

5.2. 

Table 5.2: Measurement Summary - Hybrid Coupler Components 

Item at 1550 MHz 

Simulated Capacitance or Inductance 

Measured Capacitance or Inductance 

Observed Tolerance 

Simulated Q-factor 

Measured Q-factor 

Observed Tolerance 

LI 

5nH 

5.8 nH 

+16% 

60 

45 

-25% 

L2 

7.5 nH 

8.2 nH 

+9% 

75 

55 

-27% 

C 

9.4 pF 

7.9 pF 

-16% 

68 

57 

-7% 

The discrepancies in these results compared to their respective simulated values 

are in line with what was observed in Sections 3.6 and 4.5. Since the same fabrication 

process was used in all cases, the explanations provided in the previous Chapters 

are also applicable here and are summarized here only. To specifically account for 
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the coupler's shifted center frequency, Equations 5.1 to 5.6 can provide some insight. 

It can be seen that the capacitances and inductances are inversely proportional to 

frequency. This implies the upwards shift in center frequency may be caused if these 

values are lower than expected. However, the measured results show the inductances 

to be in fact larger than required but, conversely, the capacitance to be smaller. These 

tolerances cancel to some degree but obviously the capacitor tolerance dominates, 

hence causing the observed shift. 

An overall summary and comparison of results is presented in Table 5.3 for the hy

brid coupler. Measured results are listed for two different center frequencies; 1.55 GHz 

Table 5.3: Hybrid Coupler Measurement Summary 

Item 

Center Frequency 

10 dB Return Loss BW at Port 1 

I£u| 

\Ssi\ 

Phase Difference 

|52i | Variation [±50 MHz] 

|53i | Variation [±50 MHz] 

Phase Balance [±50 MHz] (max) 

Amp. Imbalance [±50 MHz] (max) 

Simulated 

1.55 GHz 

350 MHz 

-3.5 dB 

-3.5 dB 

90 [degrees] 

0.3 dB 

0.1 dB 

0.2 [degrees] 

0.4 dB 

Measured 

1.55 GHz 

354 MHz 

-4.2 dB 

-3.5 dB 

89 [degrees] 

0.7dB 

0.1 dB 

1 [degrees] 

1.4 dB 

Measured 

1.66 GHz 

354 MHz 

-3.5 dB 

-3.65 dB 

87.4 [degrees] 

0.18dB 

0.1 dB 

2.5 [degrees] 

0.2 dB 

and 1.66 GHz. The former is provided so that a direct comparison with the simulated 

data can be made, while the latter is the actual center frequency for the measured de

vice. In both cases the agreement is reasonable. At 1.55 GHz the phase difference and 

balance is better than at 1.66 GHz but the opposite is true in regards to amplitude 
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5.5 Summary and Contribution 

This chapter has presented a new high-performance hybrid coupler with an extreme 

degree of miniaturization. The purpose of this device is to create quadrature signals 

for I/Q downconversion and demodulation. It is based on a lumped equivalent model 

of a conventional hybrid coupler and occupies only 4.4x4.2x0.8 mm3 of a standard 

low permittivity LTCC. Measured results centered at 1.66 GHz show insertion losses 

within 0.65 dB of the theoretical maximum, an amplitude imbalance of less than 

0.2 dB and a phase difference of 87.4 degrees (see Table 5.3 for a complete summary). 

The specific publication arising from the work contained in this chapter includes one 

conference paper [8]. 

The good performance and small size of the device presented here make it suitable 

for use as a discrete component for various purposes or as an integrated component 

for SoP applications. To prove its high performance, a comparison with literature 

was attempted. However, because of the uniqueness of this design comparable work 

could not be found. Instead commercial components from AVX, Murata, and Johnson 

Technology were used for comparison in Table 5.4. 

The performance of the hybrid coupler presented here compares very favorably to 

similar commercial products belonging to industry leading companies. In fact, this 

couplers impedance bandwidth, phase balance, and amplitude balance are superior to 

the commercial examples given in Table 5.4. This chapter demonstrates the complete 

fulfillment of the third thesis contribution. 



108 

Table 5.4: Comparison with Commercial Components 

Item 

Model No. 

Center Freq. 
[MHz] 

Bandwidth -
Input [MHz] 

I. Loss [dB] 
(max) 

Phase Bal
ance [degrees] 
(max) 

Amplitude 
Imbalance 
[dB] (max) 

This Work 

N/A 

1660 

354 

0.5 

2.5 

0.2 

AVX R F 

DB0805A1650 

1542 

100 

0.35 

3 

0.5 

Murata 

LDC32900M03B-703 

900 

200 

0.8 

3 

1 

Johnson 

1950CH15A100 

1950 

100 

0.8 

3 

1 



Chapter 6 

180-Degree Hybrid Coupler (Balun) 

Design 

This chapter represents the partial fulfillment of the fourth thesis objective by pre

senting the balun, which is a required component of the balun-antenna combination. 

Its purpose is to convert the balanced antenna output to a single ended feed for the 

LNA. Its position in the receiver chain is shown in Fig. 6.1. Baluns are usually 

Antenna Mixers 

Figure 6.1: Bandpass filter as part of the complete receiver chain. 

passive devices used to convert single-ended or unbalanced signals to differential or 

balanced equivalents. An ideal balun introduces a 180 degree phase shift at its output 

terminals and also divides the input power equally. Baluns are often placed between 

109 
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single ended filters and balanced mixers, amplifiers or antenna feed networks. 

The type of balun presented here is also known as a rat-race hybrid, which in turn 

is a special case of a branch-line coupler whose circumference is an odd multiple of 

1.5 A. The conventional approach has been to use distributed elements (microstrip, 

stripline etc..) to implement such a balun. A layout of this classical design is shown 

in Fig. 6.2. This approach can yield low loss, broadband devices that are simple 

to design and manufacture [29]. However, due to its electrical length, the size of the 

balun is often too large to be of practical use except at millimeter frequencies [92] [36]. 

To aid in miniaturization, lumped element loading has been used to achieve sig

nificant size reductions [93] [21]. The tradeoff is a much smaller operating bandwidth. 

Exotic design techniques that utilize metamaterial lines can, to some degree, extend 

the operating bandwidth but the component size remains relatively large [94]. With 

about the same operating bandwidth of the loaded case, further miniaturization is 

possible if the entire balun is implemented with lumped elements [95]. Simplified 

networks can be realized with extremely small dimensions but they display even 

narrower bandwidth [96] or poor phase balance [97]. Moreover, simplified networks 

make it difficult to optimize the amplitude and phase balance simultaneously due to 

the reduced number of design variables [98]. Higher order networks can be used to 

create broadband baluns at the expense of increased insertion loss and component 

size [99] [100]. 

Since the primary concerns here are amplitude and phase balance and not broad 

bandwidth, a first order lumped model is used [95]. Its design is based on theory 

similar to that of the 90-degree hybrid coupler of Chapter 5. Compared to a conven

tional microstrip rat-race example, the balun is smaller in area by 98% at 1.55 GHz. 

Measured results show insertion losses within 0.67 dB of the theoretical minimum, 
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an amplitude imbalance of less than 0.2 dB and a phase difference of 179.2 degrees. 

Furthermore, the impedance bandwidth is over 500 MHz and more than sufficient for 

this application. The following sections will describe the process used to design and 

optimize the complete balun. Also, the material system used here is the same as in 

previous chapters. Namely, the thickness of each one of the eight layers of FerroA6 

LTCC is 97//m, while the relative permittivity is 5.7. 

6.1 Design Specifications and Circuit Schematic 

The balun operates by introducing a 180 degree phase difference between the output 

ports (2 and 4) when power is applied to port 1. Meanwhile, port 3 remains isolated. 

A similar design methodology used for the 90 degree hybrid (Ch. 5) is pursued here 

where each transmission line is replaced with a lumped element equivalent. Three 90 

degree pi networks are inserted between ports 1-2, 2-3 and 3-4, while a 270 degree (or 

-90 degree) highpass tee network is placed between ports 1-4. The lumped equivalent 

model of the balun is shown in Fig. 6.3 alongside the corresponding design equations 

(6.1 to 6.4) [2]. 

U = ^ Z ° 5 i ° ' ? (6.1) 

L2 = ^ § (6.2) 

^ 1 / l — cos9 ,, „. 
C I = -7= J- (6.3) 

V2Z0u\l 1 + cosfl v ' 

V2Z0u\ l - c o s 0 

The lumped element values are obtained by substituting Z0 with 50 Q and u with 
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P4 

3X/4 

Figure 6 2. Classical distributed rat-race coupler layout. 

Figure 6 3: Symmetric lumped element equivalent model for rat-race coupler. 
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27rxl.55xl09 in all equations, while, 6 is substituted with 90 degrees in equations 

6.1 and 6.3. In equations 6.2 and 6.4, 9 is replaced with -90 degrees. The balun 

is designed to have a centre frequency of 1.55 GHz and 10 dB bandwidth of over 

100 MHz, to account for fabrication tolerances. Insertion losses are to be kept as 

low as possible and an isolation of better than 20 dB is desired. Performing the 

calculations yields 7.25 nH for both LI and L2 and 1.45 pF for both CI and C2. 

6.2 Component Library Creation and Simulated 

Performance 

Before the complete balun structure could be assembled, each inductor and capacitor 

was simulated individually to provide the correct theoretical values. Capacitors CI 

and C2 were implemented as 7 layer parallel plate designs, while the square shaped 

spiral inductors have 374 turns each and also utilize 7 layers. As will be shown, the 

tuning (in simulation) of the balun to obtain optimal performance proved challenging. 

In fact, it was necessary to size the inductors independently of each other. 

6.2.1 Inductor Design 

A model of the inductor and how it was tuned is shown in Fig. 6.4. A rectangular 

helical structure is employed so that the tuning method used in Chapter 5 could also 

be employed here. 

The theoretical calculations indicate that LI and L2 should have the same induc

tance. However, in practice it was discovered that the balun could not be optimized 

without giving these inductors different values. The strategy used was to assign three 



(a) (b) 

Figure 6.4: Multilayer spiral inductor structures: (a) three-dimensional model; and 
(b) length adjustment. 

distinct design variables for the lengths of L2, LI between ports 2-3, and the LI pair 

between ports 1-2 and 3-4 To remove any ambiguity, LI between ports 2-3 will be 

referred to as L3. 

The same inductor structure is used to synthesize the three required inductances 

but with different lengths for each. First, a parametric simulation was run that varied 

the length of the inductor (as shown in Fig. 6.4(b)) to obtain the basic inductance 

of 7.25 nH. Subsequently, this inductor was copied and placed in a way to implement 

the balun along with capacitors CI and C2. The balun layout will be revealed in 

Section 6 3 along with a description of the methodology used to yield inductances of 

8 9nH, 7 7nH, and 9.2 nH for LI, L2, and L3, respectively The simulated Q-factor 

for these inductors varies between 55 and 65. Corresponding plots of these quantities 

are displayed in Fig 6.5 
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Figure 6.5: Simulated inductor performance for balun: (a) inductances and; (b) Q-
factors. 

6.2.2 Capacitor Design 

The theoretical calculations indicate that both CI and C2 should have the same 

capacitance. Indeed, this was maintained while optimizing the balun's performance. 

However, the larger capacitors whose values are 2C1 were sized independently and 

did not maintain the theoretical ratio of 2:1. The capacitor model is not unlike that 

used for the 90-degree coupler save for the fact that here all plates are of equal size. 

The optimized capacitances and Q-factors are displayed in Fig. 6.6. 

At 3.3 pF for CI and C2 and 4.2 pF for 2C1, the optimized capacitances are 

notably larger than theory suggests but this trend is consistent with what was expe

rienced during the design of the 90-degree hybrid. 
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Figure 6.6: Simulated capacitor performance for balun: (a) capacitances; and (b) 
Q-factors. 

6.3 Balun Simulated Performance 

A three-dimensional rendering of the balun, showing embedded metal layers, alongside 

a top view of the structure is displayed in Fig. 6.7. In this figure, individual capacitors 

and inductors are labeled so that a comparison with the schematic representation can 

be made. The balun occupies only 4.4x4.2x0.679mm3 of standard low permittivity 

LTCC substrate (7 layers). Miniaturization had a strong influence in the design of 

the balun. As can be seen in Fig. 6.7(a), the structure is very dense. The novel layout 

and packaging of the balun allows for an extreme degree of miniaturization that is 

unmatched in the literature. The smallest dimensions permitted by the foundry for 

both line width and separation were needed to obtain such a compact structure. In 

general, the topology of the model follows that of the schematic closely. However, 

a key reason for the model's compactness is that inductor L2 is folded inside and 

resides at the center of the balun structure (unlike in the schematic representation). 

In an effort to minimize resistive losses in the network, the number of vias used was 
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Port 3 Port 4 

Port 2 Port 1 
(a) (b) 

Figure 6.7: Balun structure: (a) three dimensional view; and (b) top view. 

reduced by combining as many nodes as possible. 

Not surprisingly, the initial simulation of the complete balun revealed that it did 

not meet the required specifications. Specifically, the center frequency was too high 

and the amplitude balance of the output ports was more than 3 dB off. These prob

lems can largely be attributed to mutual coupling between inductors. In order to 

effectively compensate for this phenomenon, the effect of each component on the 

balun's performance needs to be determined. As mentioned earlier, this is why inde

pendent design variables were assigned to the sizes of the inductors and capacitors. 

Through the perturbation of one component value at a time the following behaviors 

were observed for the balun structure: 

1. CI and C2 have a strong effect on the center frequency Increasing both reduces 

the balun's center frequency and vice-versa. 

2. Changing L2 has a strong influence on output phase without greatly affecting 
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amplitude balance. 

3. Increasing the inductance between ports 2 and 3 reduces S^. 

4. Increasing the inductance between ports 1-2 and 3-4 increases 541. 

With this knowledge, it is now necessary to develop a methodology to tune the 

balun. Complicating matters is the fact that all variables in this design are inter

dependent to some degree. Nonetheless, the methodology that is found to be most 

effective is as follows: first, the center frequency of the balun was optimized by increas

ing capacitors CI and C2; second, the amplitude balance was improved by adjusting 

the LI inductors; finally, L2 was increased slightly to achieve the correct phase shift. 

The final dimensions of each component were optimized in 17 iterations of manual 

tuning. Table 6.1 shows the initial and final values. 

Table 6.1: Balun Optimization Results 

Initial 

Final 

CI H 
630 

810 

C2 H 
450 

525 

LI [jum] 

500 

625 

L2 [/im] 

500 

525 

LS [/im] 

500 

650 

Plotting the magnetic fields within the substrate as presented in Fig. 6.8 is useful 

in gaining insight into the operation of the balun. From Fig. 6.8, at least two 

observations can be made: i) the magnetic fields of the inductors are tightly coupled, 

and ii) port 3 is effectively isolated. The first observation confirms the earlier assertion 

that parasitic effects are a significant factor in the initial performance of the balun, 

while the second observation is confirmed by the S-parameter (specifically S31) results 

presented next. 
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Figure 6.8: Magnetic fields within balun structure. 

The complete simulated results for the optimized balun are displayed in Fig. 6.9. 

At the center frequency of 1.55 GHz, the insertion losses of ports 2 and 4 are equal to 

3.4 dB. The amplitude balance is very stable and does not exceed 0.7 dB from 1.4 to 

1.8 GHz. The phase difference is only 0.5 degrees below the ideal 180 degrees. The 

return losses at ports 1 and 4 (Sn, S44) are below 10dB from 1.3 to 1.7GHz, while 

at port 2 the impedance bandwidth (-S22) ranges from 1.1 to 1.7 GHz. At port 3, the 

isolation (531) is 26 dB. This performance meets the design specifications. 

6.4 Balun Characterization 

A micrograph of the fabricated balun is shown in Fig. 6.10. The procedure used 

to measure the balun was identical to that used for the 90-degree hybrid coupler of 

Chapter 5. That is, a pair of G-S-G probes with a pitch of 500/xm were employed 

to obtain 2-port S-parameter data (both magnitude and phase). The remaining two 

ports were loaded with 5017 chip resistors. To obtain the full set of S-parameter data, 
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Figure 6.9: Simulated balun performance: (a) Sn; (b) S22 an<3 521; (c) ^33 and S31; 
(d) 544 and S41; and (e) combined A0 and amplitude imbalance. 
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Figure 6 10: Micrograph of fabricated LTCC balun. 

three measurement configurations were required and are outlined in Table 6.2. The 

specific S-parameters that can be obtained from each configuration are also listed in 

Table 6.2. 

Table 6.2 Balun Measurement Configurations 

Configuration 

1 

2 

3 

Port 1 

Probe 

Probe 

Probe 

Port 2 

Load 

Probe 

Load 

Port 3 

Load 

Load 

Probe 

Port 4 

Probe 

Load 

Probe 

S-Parameters 

S n , S41, S44 

S21, S22 

S31, 533 

The amplitude imbalance is calculated by subtracting the magnitudes of Sn and 

£21, while the phase difference is obtained by subtracting their phases A different 

copy of the balun was used for each measurement configuration This was done to 

prevent component swapping, which can cause metallization damage and ultimately 

effect the accuracy of the results While, SOLT calibration was performed to the 

probe tips, the effect of the pads and loads was not deembeded A comparison of the 
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simulated and measured results is shown in Fig. 6.11 with reasonable agreement in 

all cases. 

The measurements indicate impedance bandwidths at all ports of almost 500 MHz 

and more than sufficient for this application. Insertion losses at the output ports are 

less than 0.67 dB above the theoretical minimum. The phase difference of the outputs 

is 179.25 degrees, while the amplitude imbalance is below 1.2 dB. A detailed summary 

and comparison of results is presented in Table 6.3. For parameters such as phase 

and amplitude balance, their variations are quoted based on the operating range of 

the balun, which is from 1.525 GHz to 1.575 GHz. 

Table 6.3: Balun Measurement Summary 

Item 

Center Frequency 

10 dB Return Loss BW at Port 1 

\S2l\ 

\S*\ 

Phase Difference 

|S2i| Variation [±50 MHz] 

|S4i| Variation [±50 MHz] 

Phase Balance [±50 MHz] (max) 

Amp. Imbalance [±50 MHz] (max) 

Simulated 

1.57 GHz 

410 MHz 

-3.4 dB 

-3.4 dB 

179.5 [degrees] 

0.1 dB 

0.01 dB 

1 [degrees] 

0.12 dB 

Measured 

1.55 GHz 

560 MHz 

-3.5 dB 

-3.67 dB 

179.25 [degrees] 

0.02 dB 

0.02 dB 

0.25 [degrees] 

1.2 dB 

The overall performance of the balun is very good. The poorest performance 

parameter is the amplitude imbalance. As displayed in Fig. 6.11(e), it is below 

0.4 dB from 1.4 GHz to 1.8 GHz but rises significantly below this band. Although still 

within an acceptable range, the imbalance will limit the operating bandwidth of the 
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Figure 6.11: Measured balun performance: (a) Su', (b) 522 and 52i; (c) 533 and 531; 
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balun more than any other performance parameter. To determine the reason for this 

discrepancy, LI, L2, and L3 were measured individually and their results presented 

in Fig. 6.12. For completeness, capacitor 2C1 was also measured and its results are 

plotted in Fig. 6.13. 

These measurements show that the inductors have a tolerance of +10%, while the 

capacitor displays a tolerance of only -5%. These numbers and the Q-factor tolerances 

are listed in Table 6.4. 

Table 6.4: Measurement Summary - Balun Components 

Item at 1550 MHz 

Simulated Capacitance or Inductance 

Measured Capacitance or Inductance 

Observed Tolerance 

Simulated Q-factor 

Measured Q-factor 

Observed Tolerance 

LI 

8.9 nH 

9.8 nH 

+10% 

58 

45 

-29% 

L2 

7.7 nH 

8.4 nH 

+9% 

62 

45 

-38% 

L3 

9.2 nH 

lO.lnH 

+10% 

58 

45 

-29% 

2C1 

4.2 pF 

4pF 

- 5 % 

111 

87 

-27% 

In Section 6.3 observations were made about the balun's behavior when a single 

component value was changed. This aided in the optimization of the balun design but 

it can also be used here to help understand the cause of the amplitude imbalance. It 

was observed that LI and L3 have opposite effects on the amplitude imbalance and 

since their tolerances are identical they are not the likely cause. This leaves L2 and 

2C1 as better candidates so their tolerances were incorporated into a post-simulation 

with the results displayed in Fig. 6.14. 
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The plot of amplitude imbalance shows a better match between the post-

simulation and measurements than the original simulation. This confirms the sup

position that tolerances of L2 and 2C1 are responsible for the added amplitude 

imbalance. Therefore, in future designs extra care should be taken to reduce them 

on these components in particular. 

6.5 Summary and Contribution 

This chapter has presented a new high performance balun with an extreme degree of 

miniaturization that represents the partial fulfilment of the fourth thesis contribution. 

A methodology was presented that allowed for the successful optimization of the 

design with relatively few iterations needed. Measured results show insertion losses 

within 0.67 dB of the theoretical maximum, an amplitude imbalance of less than 

1.2 dB and a phase difference of 179.25 degrees. The performance of this balun make 

it a suitable choice for use in sensitive communication equipment as a surface mount 

component or embedded within an SoP environment. Furthermore, its small size 

makes it possible to place near the feed point of an antenna to create a compact 

balun-antenna combination. 

To prove its high performance, a comparison with literature was attempted. Un

fortunately, as was the case with the 90-degree hybrid coupler of Chapter 5, compara

ble work could not be found. Instead commercial components from TDK, Murata, and 

Johnson Technology were used for comparison in Table 6.5. The parameter variations 

are determined from the quoted operating bandwidths of their respective components. 

The operating bandwidth of the balun here is from 1.525 GHz to 1.575 GHz. 

In comparison with these components from leading manufacturers the performance 



Table 6.5: Comparison with Commercial Components 

I t e m 

Model No. 

Center Freq. 
[MHz] 

Bandwidth -
Input [MHz] 

I. Loss [dB] 
(max) 

Phase Bal
ance [degrees] 
(max) 

Amplitude 
Imbalance 
[dB] (max) 

This Work 

N/A 

1550 

560 

0.67 

0.25 

1.2 

TDK 

HHM1526 

1850 

280 

0.8 

9 

1 

M u r a t a 

LDB211G8110C-001 

1810 

200 

0.9 

N/A 

N/A 

Johnson 

1600BL15B050 

1600 

200 

1 

10 

2 
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of the balun presented here distinguishes itself as the best in all categories. To the 

author's knowledge, no other balun demonstrates such good phase balance, insertion 

loss, and even amplitude imbalance. 



Chapter 7 

Antenna Element Design 

In accordance with the fourth thesis objective, this chapter presents a novel antenna 

element whose topology is based on the study of Chapter 2. The antenna design is 

revealed along with simulations and measurements showing return loss and radiation 

patterns. The desired frequency of operation is 1.55 GHz. It's position in the receiver 

chain is displayed in Fig. 7.1. 

— j | _ —j^>- £ ^ 

Balun Stage 1 
LNA 

IP 
BPF 

vco 

Stage 2 
LNA 

Hybrid 
Coupler 

Antenna 

Figure 7.1: Antenna as part of the complete receiver chain. 

The antenna's differential port will be converted to a single-ended port with the 

use of the balun described in chapter 6. The antenna will be designed with an ideal 

feed before the balun is introduced and the resulting antenna-balun combination 

is optimized. This co-design methodology improves the likelihood of satisfying all 

130 
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7.1 Antenna Concept and Initial Design 

The quality of GPS antennas has a strong influence on the overall performance of a 

receiver due to weak satellite signals. Many antenna topologies have been adapted 

for GPS applications. However, not every type of antenna element is suitable for 

SoP integration. Most importantly, the element should be planar to occupy as few 

substrate layers as possible. Also, it should lend itself to common miniaturization 

techniques such as meandering and folding to minimize its size. 

A large body of work already exists on the subject of general antenna miniaturiza

tion techniques in the form of journal articles [33,101-103] and textbooks [58,104,105]. 

These techniques can be divided into two main categories: i) material and ii) reac

tive loading [106]. Material loading refers to the application of materials that have 

a high relative permittivity or permeability, while reactive loading increases the self-

inductance and/or shunt capacitance of an antenna's structure. Reactive loading is of

ten the preferred technique because it doesn't suffer from additional losses associated 

with material loading. Reactive loading can be achieved by way of geometrical trans

formations that alter the current distribution of standard antenna elements. This can 

be accomplished by introducing slots or notches that force surface currents to travel 

along a longer path than normal [107]. Lumped element loading can work in the 

same way to reduce the reactive component of an antenna's input impedance so that 

it becomes resonant at a lower frequency [108]. For dipoles in particular, geometrical 

transformations like bending, meandering, or some other sort of space maximization 

technique are common [109,110]. The degree of miniaturization achievable, however, 
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is governed by fundamental limits [106,111]. An antenna's gain, bandwidth, and ef

ficiency decrease as these limits are approached. The antenna design presented here 

uses a combination of material and reactive loading, with the latter component being 

dominant. 

When discussing the relative size and performance of antennas it is important 

to specify what size ground plane is required, if any. This was already proven in 

Chapter 2 in reference to monopole and microstrip antennas. Moreover, studies by 

S.R. Best have shown that the size and location of a PIFA antenna's ground plane 

may have a significant impact on its performance as well [50,112]. By virtue of being 

housed in a small package, the antenna for this application should not be dependent 

on a ground plane. An omnidirectional radiation pattern is preferred, especially for a 

receiver whose orientation in space may be arbitrary. For simplicity, we have restricted 

ourselves to linearly polarized elements in this work. 

Based on the study in Chapter 2, a dipole antenna is proposed for integration 

into the GPS SoP module. Since this is a resonant element, the total length of a 

basic dipole is approximately half of a wavelength in freespace (Ao/2). At 1.55 GHz 

this equates to 95 mm. Given the stated dimensions of the SoP module (32 x 24 x 

2.5 mm3) yielding a perimeter of 112 mm, such a long dipole would be expected to 

be accommodated by routing the dipole arms around the perimeter of the module. 

However, simulating this simple solution results in a self resonance at 1.85 GHz and 

input impedance of 12+J347 U at 1.55 GHz. Such a low resistance would make match

ing to 50 Q challenging. The input impedance can be increased by lengthening the 

dipole but due to the limited area available, miniaturization techniques are needed. 

Meandering of the dipole arms is a well known and effective method [113-117]. Fig. 

7.2(a) presents the concept of meandering, while Fig. 7.2(b) shows its applications in 
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this antenna design. 

@ 
<L„/2 

Dipole 
Miniaturization 

<L0/2 

(a) (b) 

Figure 7.2: Miniaturization of a conventional dipole by the meandering of each arm: 
(a) concept; and (b) realization. 

By meandering the dipole arms, a length of 0.8 A or 160 mm is achieved and the 

self resonant frequency lowers to 1.7 GHz. The input resistance at 1.55 GHz becomes 

50 0, but due to the introduction of inductive loading, the input reactance jumps to 

j768f2 [118]. A comparison of the simulated input resistances for both the 0.5 A and 

0.8 A length dipoles is shown in Fig. 7.3. 

7.2 Antenna Design and Optimization 

The actual proposed dipole layout is shown in Fig. 7.4. The antenna arms are placed 

around the perimeter of the module to maximize unobstructed space for the placement 

of receiver components. In simulation, an ideal excitation is used to feed the dipole 

with a differential signal at one edge of the module. It is known that this geometry 

will cause unwanted field cancelation due to the creation of parallel current lines with 
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Figure 7.3: Comparison of input resistances for two different length dipoles. 

opposite directions. Better radiation efficiency could be achieved with a centralized 

feed and the arms oriented in a "Z" pattern. However, this would critically limit the 

space for receiver components and therefore was not adopted. The location of the 

lossless lumped element impedance matching circuit is shown. Impedance matching 

is necessary to cancel out the large inductive component of the input impedance and 

will be described in the next section. 

The material system used is the same as in [6] except the parameters have been 

updated based on more recent findings. The thickness of each layer of FerroA6 LTCC 

has been adjusted to 97 pm (from 100 ̂ m ) and the substrate's relative permittivity 

has been reduced to 5.7 (previously 5.9) The loss tangent (0.002), the conductor 

(silver) and the number of layers (8) remains unchanged. However, the top and 

bottom metal layers are gold plated to reduce oxidation and surface roughness. 

As discussed, the dipole is miniaturized by meandering each arm to occupy area 
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as efficiently as possible. The dipole metallization is located on the bottom of the 

substrate along with a ground plane. It is important to note that the ground plane 

is not necessary for the operation of the dipole, rather it is there to be used by other 

receiver components (such as the BPF, coupler, etc.). However, the distance from 

the ground plane to the antenna adds significant capacitive loading. This distance, 

labeled as d in Fig. 7.4 along with the arm width (w), separation (s), and meander 

length (/), represent the three most important design variables. 
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Figure 7.4: Proposed miniaturized dipole layout. 

The first step in the design process involves determining a value for w. Choosing a 

small w will increase the ohmic losses in the dipole. On the other hand, a large w will 

reduce the maximum antenna length achievable and space for circuit components. A 
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width of 1.0 mm was deemed to be a good compromise. For s, the important consider

ation is capacitive loading that increases with decreasing s. This type of loading can 

lead to additional ohmic losses if the electric field strength between adjacent traces is 

high. Therefore, selecting a relatively large separation of 1.0 mm avoids this unwanted 

effect. Similarly, if d < 1.0 mm the losses will be elevated so setting rf = 1.5mm by

passes this problem as well. The variable I is solely determined by the desired length 

of the dipole. Obviously, setting a large / will result in almost no meandering of the 

arms. In this case, the minimum length of 3 mm was selected so that more meander 

sections could be accommodated. A summary of the final variable values is presented 

in Table 7.1. 

Table 7.1: Final values for antenna design variables 

Variable 

w 

s 

d 

I 

Optimized Value [mm] 

1.0 

1.0 

3 

1.5 

7.3 Matching Network 

An ideal A/2 dipole has an input resistance of 73 0, along with a small positive reac

tance. In this case, a matching network may even be unnecessary if the length of the 

dipole can be changed freely to tune its impedance. In reality, most resonant anten

nas require a matching network to transform the complex driving point impedance 

to a purely real value, typically 50$7. Such is the case in this printed dipole design. 
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The input impedance of the miniaturized dipole is 26+J278 0,, which differs from the 

simplified miniaturized dipole discussed earlier that does not feature a matching net

work layout. This discrepancy is not too surprising since the feed area of a dipole is 

known to be very sensitive to geometrical changes, especially when the currents there 

are small [58]. Importantly, the resistance is high enough that a matching network 

with reasonable element values can still be created. 

L-section matching is used to obtain the element values of the parallel inductor and 

series capacitors. Calculations based on the analytical equations from [23] are used 

to obtain element values. A high pass matching network, presented in Fig. 7.5(a), is 

chosen because the normalized load impedance lies outside of the 1+jx circle on the 

Smith chart. 

The network of Fig. 7.5(a) is suitable for matching a single-ended antenna, where 

Zant.se represents the single-ended antenna impedance. In this work, the antenna 

has a differential input. Therefore, a modification to the network needs to be made 

by noting that a virtual ground exists in between the dipole arms. The equivalent 

matching network is shown in Fig. 7.5(b). 

One arm of the dipole is excited by a 50 Q, port referenced to ground, while the 

other is loaded with 50 O to obtain a Zant_se of 8.8+J128 S7. Finding the values for the 

lumped components can be done using the Smith chart or with analytical equations. 

Either method will result in series capacitor and shunt inductor values of 0.918 pF 

and 2.32 nH, respectively. Further tuning of these theoretical numbers in simulation 

yielded final values of 0.95 pF and 3nH. Surface mount 0402 components are used 

to realize the matching network as opposed to embedded elements due to the LTCC 

fabrication tolerances and the narrow bandwidth of the dipole. As shown in Fig. 7.4, 

the matching network is located near the feed point of the antenna and is comprised 

http://Zant.se
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Figure 7.5: L-section matching network for: (a) single-ended; and (b) differential 
antennas. 

of three pads. The end-loading pads are located, as expected, at the ends of the 

dipole arms and are also sized for 0402 passive components. 

7.4 Simulated Results of Final Design 

The preliminary antenna design of section 7.1 is now combined with the matching 

network of section 7.3 to produce a final impedance matched SoP antenna. 

7.4.1 Ideal Feed 

Given an ideal differential feed and lossless L, C matching elements, Fig. 7.6 shows 

that the matching network improves the return loss substantially. The 10 dB band

width is 20 MHz or 1.27% and extends from 1.565 GHz to 1.585 GHz. 

For an ideal dipole, the radiation patterns are typically generated based on a 

coordinate system that has the z-axis oriented along the dipole arms. In this way, 

the 6 = 90 cut (azimuth) displays a constant pattern, while the <fi = 0 cut (elevation) 
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Figure 7.6: A comparison of the return loss for the SoP dipole with and without a 
matching network. 

yields a directional pattern. The measurement setup used later, however, uses a 

different orientation that is adopted in simulations for consistency. The coordinate 

system employed here along with a 3-dimensional rendering of the the antenna pattern 

is shown in Fig. 7.7. 

The azimuth cut is now defined as the Z-Y plane, while the elevation cut is in 

the Y-X plane. The dipole in this work differs from the ideal case in that its arms 

are bent at 90 degrees to almost create a square loop. However, a dipole pattern is 

expected to be generated since the highest intensity surface currents are located on 

the antenna sections that are parallel to the x-axis. 

Simulated principal plane cuts are presented in Fig. 7.8. They indicate a dipole-

like radiation pattern with a peak gain of 0 dBi. While this result falls short of the 

theoretically expected gain of 1.7 dBi, it is nonetheless consistent with the fact that 
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(a) (b) 

Figure 7.7: (a) Coordinate system used for radiation patterns; (b) Simulated 3-
dimensional result referenced to antenna model. 

field cancelation (due to the bent dipole arms) and material losses contribute to lower 

gain. The simulated radiation efficiency of the dipole is 75%, however, this result does 

not include the losses due to real matching elements. A better estimate of efficiency 

will be provided later. 

7.4.2 Balun Feed 

The 180-degree hybrid coupler described in Chapter 6 is used as a balun to feed 

the dipole. Although its amplitude and phase responses are very good, it's expected 

that the dipole will not perform as well as with the ideal feed. The balun is placed 

as close to the dipole terminals as possible to minimize line losses. Furthermore, 

Co-Planar Waveguide (CPW) lines are used, as opposed to microstrip, to reduce 

crosstalk and allow for a partial ground plane to be printed on the top metal layer of 

the module. Since the transitions from microstrip to CPW are all much smaller than 
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10 dBi °0dBi 

(a) Azimuth (Z-Y plane) (b) Elevation (Y-X plane) 

Figure 7.8: Simulated radiation patterns with ideal port excitation and lossless match
ing elements. Co-pol (solid line) and cross-pol (dashed line) results are shown. 

a wavelength, special design considerations are not required. These features, along 

with the complete top metal layer for the module, are shown in Fig. 7.9(a) where the 

substrate is transparent and outlined only. It is important to note that the output 

of the balun is located on the top metal layer, while the antenna is located on the 

bottom metal layer. This necessitates two vias and sections of CPW lines, presented 

in Fig. 7.9(b), to connect the antenna terminals to the balun outputs. 

Feeding the dipole with the balun introduces additional losses that can be seen 

in the radiation patterns of Fig. 7.10. A portion of these losses is attributed to the 

presence of metal traces and slots associated with the inclusion of the top metal layer 

of the module. Although the patterns of both principal planes retain the same shape, 

the peak gain drops to -1.6 dBi and cross-pol levels rise slightly. Furthermore, the 

efficiency drops by 12 % to 63 % compared to the ideal port case. 
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Figure 7.9: Location of (a) lumped element balun; and (b) detailed image of balun. 
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(a) Azimuth (Z-Y plane) (b) Elevation (Y-X plane) 

Figure 7.10: Simulated radiation patterns with balun feed. Co-pol (solid line) and 
cross-pol (dashed line) results. 

Only minor de-tuning of the antenna is observed when the balun feed is used. As 

shown in Fig. 7.11, the center frequency shifts lower by 25 MHz. As will be discussed 

next, this can be compensated by reducing the value of the series capacitors of the 

matching network. 

To summarize, Table 7.2 provides a list of differences in the performance of both 

dipole configurations discussed above. 

7.5 Measured Results 

The LTCC SoP module containing the antenna was fabricated at VTT Technical 

Institute in Oulu, Finland. In Fig. 8.10(a), the top layer of the SoP is visible along 

with the antenna terminals. The bottom side of the SoP module, which contains the 
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Figure 7.11: Performance difference for ideal and balun fed dipole. 

Table 7.2: Differences in dipole performance when using an ideal port or embedded 
balun feed 

Peak Gain [dBi] 

Efficiency [%1 

Center Frequency [MHz] 

Bandwidth [MHz] 

Ideal Feed 

0 

75 

1575 

20 

Balun Feed 

-1.6 

63 

1550 

20 
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antenna is presented in Fig. 8.10(b). Here, the pad locations for the input/output 

port, matching network and end-loading of the dipole are indicated. End-loading is 

a technique that may be used to increase the impedance bandwidth of an antenna or 

reduce its frequency of operation [59,106]. 

A conventional SMA connector cannot be used as a port for the dipole because of 

the small size of the module. Instead, a miniature surface mountable coaxial connector 

is used, the location of which is shown in Fig. 7.13. This type of connector, called 

a "W.FL", is only 2 mm x 2 mm in size and is also used for all other input/output 

ports on the module. 

To effectively test the antenna and balun combination, the entire receiver was 

disconnected and the output redirected to a test port. High quality passives were 

chosen and attached with conductive epoxy to their respective pads on the package. 

The typical Q-factors for the SMT capacitors and inductor are 300 and 70, respec

tively. Although high, these finite Q-factors will reduce the gain and efficiency of the 

antenna. The input/ouput port is located on the bottom side of the package and is 

accessed by the aforementioned W.FL connector, which is connected to a miniature 

coaxial cable that finally is adapted to a standard SMA cable that travels to the 

measurement equipment. This setup is shown in Fig. 7.13. 

Return loss was measured by an Agilent 8275 VNA in a Faraday cage that was 

SOLT calibrated up to the antenna's SMA adapter. Fig. 7.14 displays return loss 

curves for capacitor values ranging from 0.6 pF to 0.9 pF. 

As shown in Fig. 7.14, decreasing the capacitance has the converse effect on the 

antenna's resonance frequency. The nominal capacitance of 0.9 pF achieves a good 

match but the frequency of 1.47 GHz where it occurs is outside the desired bandwidth. 

The likeliest reason for this discrepancy is that all the embedded layers of the SoP 
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Figure 7.12: Micrograph of fabricated SoP antenna: (a) top; and (b) bottom vi 
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Figure 7 14 Measured antenna return loss for various values of matching capacitors. 
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module were not simulated. Therefore, coupling to the numerous vias and ground 

planes was not accounted for. Of the remaining cases, a capacitance of 0.8 pF provides 

the best in-band match and a minimum Sn of-12dB at 1.507 GHz. This configuration 

was used to obtain radiation patterns in the two principle planes. End-loading of the 

antenna arms would not be helpful since its effect would be to lower the resonant 

frequency instead of raising it. The anechoic chamber where the measurements were 

conducted is shown in Fig. 7.15. It's located within the David Florida Laboratory, 

which is part of the Canadian Space Agency facilities at CRC. A WR560 open-ended 

waveguide was used as the transmit antenna and NSI2000 V4.6.3 software controlled 

the calibration and data collection. A near-to-far-field transform was automatically 

performed in software. 

The Antenna-Under-Test (AUT) is held securely by a foam base, which in turn 

is attached to a wooden "cartwheel". The AUT and cartwheel are then mounted on 

a pedestal that places the AUT at the center of the rotational axis of the positioner. 

It can be seen that the positioner holding the AUT obstructs the backwards view. 

Therefore, data in this range is not accurate and will be greyed out in the following 

graphs. Pattern measurements were obtained at 1.507 GHz, 1.525 GHz, 1.555 GHz 

and 1.575 GHz. 

In general, the radiation patterns in both planes are satisfactory. In the azimuth 

plane, the required low directivity is observed with cross-pol levels that are about 

10 dB down. In the elevation plane, the pattern is more directive with nulls near 

the expected locations of 0 and 180 degrees. No rippling is observed, which would 

indicate that there is minimum spurious radiation of the coaxial feeding cables. The 

highest gain (-0.8 dBi) and radiation efficiency (26%) are observed at 1.55 GHz and 

1.525 GHz, respectively. 
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(b) 

Figure 7 15: Photographs of anechoic chamber used to obtain radiation patterns. 
Image showing (a) both antennas; and (b) close-up of antenna under test 



(a) 1.507 GHz (b) 1.525 GHz 

(c) 1.55 GHz (d) 1.575 GHz 

Figure 7.16: Experimental azimuth (Z-Y plane) radiation patterns. Co-pol (solid 
line) and cross-pol (dashed line) results. 
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(a) 1.507 GHz (b) 1.525 GHz 

120° 

(c) 1.55 GHz (d) 1575 GHz 

Figure 7.17: Experimental elevation (Y-X plane) radiation patterns. Co-pol (solid 
line) and cross-pol (dashed line) results. 



152 

To create a more meaningful comparison of gains and radiation efficiencies, pas

sives of finite Q must be modeled. As mentioned earlier, Q of passive matching 

elements has an important effect on overall performance of the dipole (in this discus

sion, Q refers to unloaded Q). Since Q values can't be used directly by HFSS, they 

must first be converted to equivalent parallel resistances with the use of Equation 

3.4. Where the Q's are typical values obtained from manufacturers datasheets. The 

model of Fig. 7.9(a) was augmented with these resistances of 32kf2 and 2kJ7 that 

correspond to Q's of 300 (for each capacitor) and 70 (for the inductor), respectively. 

This model also shows that only the top layer metal is incorporated in the simulation 

since including all layers would be too computationally demanding. 

The radiation efficiency is defined as the ratio of the radiated power to the accepted 

power given by Equation 7.1 [58]. 

where, Praa is the radiated power in watts and Pacc is the accepted power in watts. 

Therefore, all losses are accounted for including miss-match loss, conductor loss, di

electric loss and matching component loss. A comparison of the simulated and mea

sured peak gains and efficiencies is provided in Table 7.3. 

The tabulated figures show reasonable agreement between the simulated lossy 

and experimental results. In terms of radiation efficiency, the agreement is highest 

at lower frequencies because that is where experiments indicate the antenna to be 

resonant. At all frequencies, blockage caused by the positioner reduces the amount 

of radiated power received in that direction and thus efficiency suffers. Of note, 

at 1.55 GHz the simulated efficiency is 38%, compared to 65% when losses of the 
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Table 7.3: A comparison of radiation efficiencies and peak gains 

—-—______Frequency [GHz] 
Parameter -—__________ 

Peak Gain [dBi] [Simulated Lossless] 

Peak Gain [dBi] [Simulated Lossy] 

Peak Gain [dBi] [Measured] 

Efficiency [%] [Simulated Lossless] 

Efficiency [%] [Simulated Lossy] 

Efficiency [%] [Measured] 

1.507 

-5.2 

-5.6 

-5 

25 

23 

21 

1.525 

-4.4 

-4.7 

-1.8 

31 

28 

26 

1.55 

-3.0 

-3.38 

-0.8 

42 

38 

19 

1.575 

-1.7 

-2.1 

-2.3 

55 

50 

12.5 

matching components are not included. In all cases the miniature W.FL connectors, 

cables, and SMA adapter contribute to the losses. The positioner can also be acting 

as a deflector that increases the directivity of the antenna, which may explain why 

the measured peak gain values are about 3 dB higher than expected at 1.525 GHz and 

1.55 GHz, and why the measured efficiency values are lower than expected at 1.55 GHz 

and 1.575 GHz. Other possible sources of error that contribute to the disagreement 

include Q tolerances of the matching components (that can vary by several percent) 

and losses of the conductive epoxy. In addition, the insertion losses, however small, 

of the balun also reduce the gain and efficiency of the dipole. 

As a final comparison, Fig. 7.18 presents the simulated lossy and measured co-pol 

radiation patterns at 1.575 GHz. 

7.6 Summary and Contribution 

This chapter has presented a novel dipole suitable for integration in the GPS front-

end module of this work. Two series capacitors and one parallel inductor are used 
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(a) Azimuth (Z-Y plane) (b) Elevation (Y-X plane) 

Figure 7.18: Comparison of principal plane radiation patterns at 1.507 GHz. Mea
sured (solid line) and simulated (dashed line) results: (a) azimuth; and (b). Elevation 

for the matching network to create a good impedance match and radiation efficiency 

at 1.55 GHz. A lumped element balun is used to convert the dipole's output from 

differential to single ended. The dipole-balun combination only occupies the module 

perimeter, leaving 40 % of the total area available for use by remaining receiver com

ponents. The measured results are in good agreement with the simulated data and 

possible sources of error have been discussed. The specific publication arising from 

the work contained in this chapter includes one conference paper [9]. To prove its 

high performance, a comparison with commercial antennas from leading corporations 

is used in Table 7.4. 

Based on performance only, the antenna presented here is competitive with similar 

commercial products. Its competitiveness increases when the overall size of the an

tennas is considered since the commercial examples compared here all require a large 



Table 7.4: Comparison with Commercial GPS Antennas 

Item 

Model No. 

Center Freq. 
[MHz] 

Bandwidth 
[MHz] 

Peak Gain 
[dBi] (max) 

Average Effi
ciency [%] 

Polarization 

Size (Includ
ing GND) 
[mm x mm] 

Relative Area 
[%] 

This Work 

-

1550 

20 

-0.8 

19 

linear 

2 4 x 3 2 

100 

Johnson 

1575AT43A40 

1575 

40 

-1.5 

-

linear 

20 x 49.5 

129 

Antenova 

A10137-D 

1575 

30 

-1.5 

70 

linear 

2 0 x 6 0 

156 

Taoglas 

GLA.02 

1575 

20 

1.34 

65 

linear 

4 0 x 8 0 

416 
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external ground plane to function properly. The smallest example is still 29% larger 

than this work, while the largest is over four times larger. To the author's knowledge, 

no other antenna demonstrates such good performance for GPS applications in such 

a small package as the design presented here. The results of this chapter constitute 

the partial fulfillment of the fourth thesis contribution, namely the co-design and 

aggressive miniaturization of a SoP receiver front-end with antenna. 



Chapter 8 

SoP Design of an L-Band Miniature 

Receiver Module for GPS 

The work contained in this chapter represents the completion of the fourth and fi

nal thesis objective. Namely, the SoP integration of a GPS receiver front-end with 

antenna. Fig. 8.1, presents these devices and their locations in the receiver chain. 

All the necessary active components of the receiver will be described but first the 

VCO 

Balun S t a 9 e 1 BPF S t a 9 e 2 H y b r i d 

LNA LNA Coupler 
Antenna Mixers 

Figure 8.1: Active components of the miniature receiver module (MRM). 

specifications and requirements will be discussed. 

157 
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8.1 GPS Specifications 

The GPS signal from the satellite primarily uses the 1575.42 MHz RF carrier. Direct-

Sequence Spread Spectrum (DSSS) modulation is used with binary phase-shift key

ing (BPSK) encoding. Typical signal power at the receiver is extremely low, about 

— 130 dBm which is actually below the thermal noise floor as calculated from Equation 

8.1 where a channel bandwidth of 2.046 MHz is used. 

dBm 
Noise Floor = -174 —— + 10 log10 (2.046 x 106) = -110.9 dBm (8.1) 

Hz 

If the receiver and transmitter are synchronized then the signal can be recovered by 

de-spreading and integrating over a long period of time that results in a processing 

gain of several decibels [119]. In this way the required Signal-to-Noise Ratio (SNR) 

can be achieved. The remaining specifications for a GPS signal are summarized in 

Table 8.1. 

Table 8.1: GPS Specifications 

Specification 

Carrier Frequency 

Power 

Data rate (Rb) 

Channel Bandwidth 

Modulation 

Value 

1575.42 MHz 

-130 dBm 

50 bps 

2.046 MHz 

DSSS+BPSK 
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8.2 Receiver Requirements 

A detailed analysis of the requirements of a complete GPS receiver are presented 

in [119]. Based on this study, only the requirements relevant to a receiver front-end 

are discussed here and include gain, noise, and image rejection performance. 

8.2.1 Gain 

Due to a GPS signal's low power, a total system gain of approximately 100 dB is 

required. In modern receiver designs, only 10% to 40% of that gain is generated by 

the front-end with the remainder provided by the digital baseband circuitry [120]. 

Therefore, a front-end with between 20 dB and 40 dB gain would be sufficient for this 

work. Cascaded amplifiers with moderate gain can be used to maintain good linearity 

and give the option of realizing variable gain. 

8.2.2 Noise Figure 

Good Noise Figure (NF) performance of a GPS receiver is important in ensuring that 

the minimum sensitivity is low enough to reduce the likelihood of tracking errors. 

The receiver sensitivity can be calculated from Equation 8.2 [119]. 

C 
Sensitivity[dBm] = ( — 

dBm 

~Hz~ 
+ N0 

dBm 
Hz 

+ NF [dB] (8.2) 

where, No is the thermal noise floor (-174dBm/Hz), NF is the noise figure of the 

receiver, and 4r is the carrier-to-noise ratio which is the SNR normalized to a 1 Hz 

bandwidth. Here, the target -^ and NF are 37dBm/Hz and 3dB, respectively. With 

these specifications, the receiver's sensitivity can extend down to -134dBm/Hz. As is 
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well know, the NF of the receiver is largely determined by the noise performance of 

the first element in a cascaded system. Here, the antenna-balun combination along 

with the first stage LNA can be grouped together to form an active antenna. This 

block constitutes the first element in the receiver presented here and is shown in Fig. 

8.2. 

Noise Floor =-110 dBm 
Sensitivity <-130 dBm 

Balun Stage 1 
LNA 

Antenna 

Figure 8.2: Block diagram of the active antenna which constitutes the first element 
in the receiver. 

An estimate of the active antenna's NF can be obtained by recalling the balun's 

insertion losses from Chapter 6 and applying Friis' formula for noise. This data along 

with the NF and gain of a typical LNA is listed in Table 8.2. Being a passive device, 

Table 8.2: Active Antenna Specifications 

Component 

Balun 

LNA 

Gain [dB 

-1.17 

15 

NF [dB] 

1.17 

2.2 

the balun's NF is equal to the sum of its insertion losses at the output ports. The 

balun and LNA form a cascaded system that has a total NF of 2.1 dB when Friis' 

formula for noise is applied. This result gives a margin of 0.9 dB to the maximum 

desired NF of 3 dB. 
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8.2.3 Image Rejection Ratio 

Quadrature downconversion is required for GPS communication since the two sides 

of the BPSK spectra carry different information that must be separated before re-

combining at IF. Several methods exist to reduce the amount of noise contribution 

from the image band. The chosen solution will be discussed later but for now it 

is important to note that the level of rejection is dependant on the amplitude and 

phase balance of the I /Q branches. This relationship is called the Image Rejection 

Ratio (IRR) and is denned by Equation. 8.3 [67]. 

IRR = 
l + 2Acos(0) + A2 

l-2Acos(6) + A2 (8.3) 

where, A is the amplitude mismatch and 6 is the phase mismatch. Plotting this 

relationship for phase errors between 0.1 and 100 degrees and amplitude errors of 0 

to 2dB yields the curves in Fig. 8.3. Based on these curves, a realistically achiev-

70 
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Space 
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Phase Imbalance [degrees] 

10' 

Figure 8.3: Image rejection ratio for different values of phase and amplitude imbalance 
from Equation 8.3. 
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able IRR lies in the range of 20 to 30 dB. The shaded region of Fig. 8.3 indicates 

that to achieve this specification, the amplitude imbalance must be less than 0.8 dB 

and simultaneously the phase imbalance must be below 3 degrees. A higher IRR 

would require a more complicated IRM with active amplitude balancing composed 

of components with extremely tight tolerances. A summary of the derived receiver 

requirements is provided in Table 8.3. Next, the design of the complete miniature 

Table 8.3: Summary of Receiver Requirements 

Specification 

System Gain 

c 
No 

Noise Figure 

Image Rejection Ratio 

Value 

>90dB 

37 dB 

<3dB 

>20dB 

receiver module (MRM) is discussed. 

8.3 MRM System Architecture 

The MRM uses a superheterodyne (or heterodyne) system architecture that is ex

tensively employed in commercial products because it reduces the Q requirement of 

the channel select filter by translating the channel bandwidth to a lower intermediate 

frequency (IF) [67]. The translation or downconversion is carried out by way of a pair 

of mixers that multiply the incoming RF signal with a local oscillator (LO) signal to 

produce I and Q IF outputs. In this implementation, the mixers are located on the 

MRM but the LO is fed from an external source. 
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8.3.1 Basic Functionality 

Before a detailed schematic of the MRM is presented, its basic functionality is dis

cussed in reference to Fig. 8.1 that shows a simplified representation of the MRM. 

The antenna presented in chapter 7 is the first component in the chain that captures 

the RF signal and converts it to a voltage difference across its terminals. The balun 

from chapter 6 then translates this differential voltage to a single-ended signal refer

enced to a 50 0. impedance that is passed to the first stage LNA. The LNA is placed 

right after the antenna-balun combination because it is well known that the first stage 

(in a cascaded system) has a dominating influence on the noise performance of the 

system [23]. That is, the high gain and low noise figure of the LNA will work to 

diminish the noise added by later stages like the BPF. The filter is the next stage 

in the receiver. In fact, the schematic and layout of the MRM will show that both 

filters presented in chapter 4 have been included with an ability to select one or the 

other. The next component in the receiver is the second stage LNA that is by default 

enabled but the MRM has the provision to bypass this gain stage if it is not required. 

After the second stage LNA, the signal reaches the downconversion stage discussed 

earlier that also implements part of the IRM. The necessary quadrature signals can 

either be generated in the LO or RF path. Here, the phase shift is applied in the 

RF path with the use of the 90-degree hybrid presented in Chapter 5. This method 

avoids the need for a polyphase filter that is typically used to create the phase shift 

but also brings with it many tradeoffs [67]. To create an IRM, one of two popular 

circuits can be employed. The Weaver and Hartley architectures differ in the way 

the image is canceled. Whereas the Hartley circuit uses a second 90-degree phase 

shift block to create an image signal of opposite polarity, the Weaver circuit uses 

another complete quadrature mixing stage to achieve the same result. Therefore the 
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Hartley circuit is much simpler but compared to the Weaver it is more sensitive to 

amplitude and phase imbalances. Given the fact that a 90-degree hybrid with good 

phase and amplitude balance has already been demonstrated, these drawbacks can 

be minimized. The final IRM configuration is shown in Fig. 8.4. 

Figure 8.4: A quadrature downconverter with a Hartley image reject mixer and RF 
path quadrature generation. 

Of course, as part of the quadrature generation process, the coupler also divides 

the RF signal and removes the need for an additional component for this purpose. 

The quadrature phases are then mixed down with the LO signal to create I and Q in

termediate frequency (IF) signals that are routed from the MRM and finally combined 

by another 90-degree hybrid coupler. The latter coupler is an external component 

because at IF frequencies its size is too large to incorporate on the MRM. With 

the basic functionality of the MRM described, a detailed schematic representation is 

contemplated next. 

8.3.2 Detailed Circuit Schematic 

A detailed schematic of the full receiver is shown in Fig. 8.5 with all components 

labeled. The input to the receiver chain can either be provided from the antenna-

balun combination (labeled as "BALUN_0UT") or from an external port (labeled as 
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vcc t 

C124 

! C126 
C128 R03 
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BALUN OUT 

R05 

R206 

Figure 8.5: Detailed schematic of MRM without antenna and balun stages. 
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"ANTJTEST"). All external ports are implemented with W.FL connectors, which were 

first presented in chapter 7. The first stage LNA, U106, is surrounded by decoupling 

capacitors and a bypass path can be used for debugging purposes. The output of this 

LNA is sent to a filter bank, U900, that contains single copies of the second-order 

and fourth-order filters of chapter 4. Either filter can be selected by appropriately 

choosing resistors R03 to R06 to be either open or 0 Q,. 

The output of the filter can either be directed to the second stage LNA or to an 

output port (WFL2) for debugging purposes. The second stage LNA is identical to 

the first and is enabled by default but again can be bypassed if desired. The next 

component in the chain is the 90-degree hybrid coupler (U204) that has as its outputs 

quadrature signals for the mixers (U202 and U205). At this point it is crucial to keep 

both signal paths equal in length to maintain their relative phase shift. Similarly, 

the LO feed paths also must have the same length. The outputs of the mixers are 

sent to a pair of W.FL connectors (WFL3 and WFL5) so that they can be transferred 

to another module for further processing. 

Power to the MRM module is supplied from an external source through one of the 

W.FL connectors (WFL6). A low-dropout power regulator (U305) is located on the 

MRM to ensure that the voltage and current remain stable during all circumstances. 

This circuit is shown in Fig. 8.6. In addition, three large valued capacitors (C302 

to C304) are included at the output of the regulator to filter-out any low-frequency 

harmonics or other noise that may be present on the supply rail. Finally, a ferrite 

bead (B101) is placed in series with the power supply to block any RF leakage from 

the MRM. 
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Figure 8.6: Low drop-out power regulator for MRM. 

8.4 M R M Layout Design 

The total area for the MRM is 32 mm x 24 mm but some of this area has already been 

allocated to the antenna-balun combination presented in Chapter 7. In section 7.4.2 

the layout of the antenna-balun was shown to occupy the perimeter of the MRM along 

with an interior rectangle (for the balun). Although the antenna only occupies one 

layer of the 8 layer substrate, all the layers overlapping it were designated as keep-out 

areas to prevent unwanted loading of the antenna. The unused area is dedicated to 

the remaining receiver components as shown in Fig. 8.7. The dedicated receiver area 

measures 20 mm x 19 mm but, as already stated, one corner is reserved for the balun. 

The layout of the receiver proceeds in a counter clockwise direction beginning in the 

top left region near the balun and ending in the top right corner of the MRM. The 

placement of components follows the same order as the detailed schematic to minimize 

transmission line lengths. All the previously described LTCC components, including 

the BPFs, coupler, balun, and antenna are placed within the MRM unchanged. That 

is, no additional optimization of their dimensions is conducted to compensate for any 

de-tuning the MRM environment may induce. Instead, careful layout considerations 

are used to keep their performance almost identical to what was observed in their 



168 

MRM 
"" - • ' — — - " .,:^.~.u..,^.—— — • • • - ' 

1 

! 

1 

i 

! 

Reserved: 
Balun m 

Reserved: 
Receiver 

^) Reserved: Antenna 

-* 32 mm 

I 

c 

* \ 

r 

, 
i 

i 

i 

= i 

= i 

i 
( 

i 
! 

' 
1 

Figure 8.7: Area allocation for the various components of the MRM. 

stand-alone implementations. The final locations of all the receiver components are 

displayed in Fig. 8.8 which shows a top view of the MRM. The antenna is only 

shown in Fig. 8.8 to provide perspective, it is not located on the same layer as the 

receiver electronics. Rather, the antenna is printed on the bottom layer of the MRM. 

This will be made more clear in section 8.6 where the fabricated MRM is presented. 

All the layers of the MRM are listed and described in Table 8.4. To enhance the 

electromagnetic shielding of the MRM, CPW transmission lines are used exclusively 

on L8. Internally, stripline interconnects are used on L5 with associated ground planes 

located on layers L7 and L3 creating a height of 4 layers. With this configuration layers 

L6 and L4 are left blank. The extra height increases the characteristic impedance of 

the structure and makes a 50 Q line width more reasonable. Layers L2 and LI contain 

various ground planes while Lib, the exposed bottom layer, contains the antenna and 
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Figure 8.8: Locations of MRM components. 

Table 8.4: MRM Layer Descriptions 

Layer 

L8 

L7 

L6 

L5 

L4 

L3 

L2 

LI 

Lib 

Description 

Top layer containing CPW lines and pads for all SMT components. 

Internal ground layer 1. 

Blank 1. 

Stripline layer. 

Blank 2. 

Internal ground layer 2 

Internal ground layer 3. 

Partial ground layer for BPFs and balun. 

Bottom layer containing antenna and WFL connectors. 
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WFL connector pads. Selected metal layers are shown in Fig. 8.9. 

The final metal layers shown in Fig. 8.9 also reveal a significant number of vias 

whose purpose it is to keep all ground planes at the same potential. Furthermore, some 

are placed around the embedded filters, coupler, and balun to increase their isolation. 

In the following section, active components are selected to meet the specifications 

outlined earlier. In summary, the MRM layout design resulted in the antenna and 

receiver front-end being tightly integrated without significant interference. The key 

enablers for achieving this were: 

1. Strategic layout area allocation to ensure no overlap of receiver components and 

antenna (where high intensity electric fields exist). 

2. Appropriate use of transmission line technologies (CPW, stripline) to enhance 

shielding. 

3. Extensive use of vias and via fencing of sensitive embedded passives to reduce 

unwanted coupling and parasitic loading of resonators in particular. 

8.5 Active Component Selection 

The active components of the MRM are all implemented with commercial SMT de

vices. Alternatively, a custom RFIC could have been designed to combine all the 

discrete components on a single IC package to reduce their footprint and potentially 

power consumption as well. However, given a bulk CMOS process, such a design 

would likely not perform to the same level as a discrete implementation that takes 

advantage of specialized technologies. Furthermore, it would significantly increase 

the time required for design and measurement of the MRM. 
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Figure 8.9: Selected metal layers of the MRM. 
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The SMT devices were selected to meet the stated receiver specifications and 

match as closely as possible those used by SkyWave Inc. in their commercial GPS 

receiver so that a fair performance comparison could be made. A total of five active 

components are required by the receiver with the most critical components being 

the LNAs and mixers. Silicon - Monolithic Microwave Integrated Circuit (Si-MMIC) 

amplifiers with 15 dB gain and 2.2 dB NF and Si-MMIC downconverters with 6dB of 

conversion gain and a 10 dB NF were chosen. The gain of these devices totals about 

36 dB, which satisfies the gain requirement given earlier. The NF of the amplifiers 

is very low and should provide enough margin so that the overall NF is below 3dB. 

As described earlier, the IRR is limited by the amplitude and phase balances of the 

I and Q signal paths. In practice, the RF hybrid, mixers, and IF hybrid are the 

components that will determine the IRR. The RF hybrid is a known quantity but 

the mixers can't be perfectly matched due to fabrication tolerances. Similarly, the IF 

hybrid is a lumped element implementation where each of its inductors and capacitors 

have a 5% tolerance. Finally, a low drop-out power regulator (U305) is also located 

on the module to provide a clean and stable supply voltage to the MRM. The full bill 

of materials is given in Table 8.5. 

Table 8.5: MRM Bill of Materials 

Reference Designator 

C206, C207, C210, C211, 

C212, C215, C254, C259, 

C303, C900, C904, C908 

Description 

CHIP CAP 0402 22 pF 5 % 

50 V COG 

Part No. 

GRM1555C1H220JZ01 
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Table 8.5: MRM Bill of Materials 

Reference Designator 

C302, C304, C329 

C203, C214 

C909 

C124, C128, C125, C126, 

C127, C901, C902, C903, 

R308, R01, R02, R03, 

R04, R05, R06, R07 

R204, R205, R206 

B101 

U106, U901 

U202, U205 

Descr ipt ion 

CHIP CAP 0402 lfiF 10% 

6.3V X5R 

CHIP CAP 0402 10 nF 10% 

10 V X7R 

CHIP CAP 0402 0.01/zF 

CHIP RES 0402 0ft 

CHIP RES 0402 49R9 1% 

1/16W 

CHIP FERRITE BEAD 0402 

IK 25% 200mA 0.1ft 

Si-MMIC-Amplifier in 

SIEGET 25-Technology 

S0T343-4 

3 V Super Minimold 

L-Band Si MMIC 

Downconverter S0T363R 

P a r t No . 

N/A 

N/A 

N/A 

N/A 

N/A 

BLM15HG102SN1 

BGA427 

UPC2756TB-E3 
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Table 8.5: MRM Bill of Materials 

Reference Designator 

WFL1, WFL2, WFL3, WFL4, 

WFL5, WFL6 

U305 

U900 

U204 

Description 

RF, Coaxial connector, 

SMT 

Single Output LDO, 

100mA, Fixed(3.0V), 

Low Noise, High PSRR 

Custom, embedded LTCC 

BPF (x2) 

Custom, embedded 

LTCC 90-degree hybrid 

coupler 

Part No. 

W.FL-R-SMT-1 

TPS79230 

N/A 

N/A 

The discrete passives of the MRM are implemented with 0402 sized components. 

Although smaller 0201 versions are available they would make manually populating 

the MRM significantly more difficult. Another advantage of 0402 sized components 

is that they typically have lower tolerances than their 0201 counterparts. This is 

especially important for component pairs that need to be matched like resistors R205 

and R206. For these in particular, ultra-low 1 % tolerance components were selected. 

The active components have small, 6-pin SOT packages that easily fit on the 

MRM. Although the filter bank and the 90-degree hybrid are embedded components, 

they have placeholders that appear on the bill of materials as U900 and U204 to make 

layout creation easier. 
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8.6 Fabricated MRM 

The MRM was fabricated using the same LTCC process as the previously presented 

filters, coupler, and balun. Images of the top and bottom of the MRM with labeled 

components are shown in Fig. 8.10. Here it is easy to see that the antenna metal 

Figure 8.10: Micrograph of fabricated MRM with populated components: (a) top; 
and (b) bottom view. 

occupies the bottom of the MRM along with all the WFL connectors. The SMT 

components and WFL connectors are placed on opposite sides of the module to de-

clutter the measurement setup as much as possible. 

8.7 MRM Testing 

The test setup used to measure the MRM is shown in Fig. 8.11 where the larger 

circuit board is a SkyWave Inc. "Core Modem" (CM) transceiver. On the MRM, 

the second order BPF is enabled due to its lower insertion loss. The CM contains a 

receiver front-end similar to the MRM, however, it is significantly larger mainly due 
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Figure 8.11: MRM and Skywave Inc. measurement setup. 

to the use of coaxial resonator type BPFs. These large components are clearly visible 

in Fig. 8 11 

The CM is needed because it provides power and the LO signal to the MRM. First, 

the CM is tested by itself to characterize its gain, NF and IRR. Then, the front-end 

of the CM is disabled and the MRM is inserted in its place The same measurements 

under the same conditions are performed again on this new setup. The goal of this 

measurement methodology is to provide a good comparison between the MRM and 

CM The measurement equipment consists of a IFR 2025 signal generator, HP 8753D 

network analyzer, HP E4402B spectrum analyzer, and a windows PC An RS232 

interface is used between the PC and SkyWave Inc. CM RevB for programming and 
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data logging. 

In all cases the antennas are bypassed and a signal generator is used to directly 

supply the CM with an RF signal at 1545 MHz. To obtain the desired jf- value of 

37dBm/Hz, the input signal power is adjusted to -130 dBm. By running a diagnostic 

program, the performance parameters of the CM are obtained. Table 8.7 lists typical 

"in factory" results. 

Table 8.6: CM Performance Results (Typical) 

Item 

Gain (front-end) 

NF (front-end) 

IRR 

Value [dB] 

30 

<2 

21 to 27 

With the CM front-end disabled, the MRM was able to take its place. Miniature 

50 Q. coaxial cables specifically designed for use with WFL connectors were used to 

connect the MRM with the CM. On the MRM side they were simply "clipped" into 

place, while the other ends were cut and directly soldered to the correct nodes on the 

CM. The CM circuitry was exposed by removing the tin shielding in that area. In 

this way, the MRM front-end effectively replaced the built-in front-end of the CM. 

Spectrum measurements were first obtained to confirm that the MRM was functioned 

correctly. For this test, the RF input consisted of a -100 dBm signal at 1549 MHz, 

while the LO input was set to 1547 MHz. The captured IF output spectrums are 

plotted in Fig. 8.12. 

The in-phase output is centered at 2.002 MHz and has an amplitude of -66.74 dBm, 

while the quadrature output is centered at the same frequency with an amplitude 

of -68.16 dBm. This result demonstrates that the MRM performs the quadrature 
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Figure 8.12: Spectrums of MRM IF outputs (low side LO): (a) I; and (b) Q. 

downconversion operation correctly with an amplitude imbalance of approximately 

1.4 dB. The difference in amplitudes between the -100 dBm input signal and the I and 

Q outputs can be used to estimate the MRM gain to be at least 34 dB. To obtain 

the exact gain would require calibrating out the losses of the cables and connectors 

which may be as much as 5 dB in total. 

From Fig. 8.3, a measured amplitude imbalance of 1.4 dB would suggest a max

imum theoretically achievable IRR of about 17 or 18 dB. This would fall below the 

target requirements but some of the imbalance may be due to the measurement setup 

itself. This is likely since the spectrum plots were obtained by connected one IF out

put to a spectrum analyzer while leaving the other connected to the CM. Differences 

in impedances at the various interfaces could easily create mismatches that lead to 

amplitude imbalances. Nevertheless, an IRR test was performed by injecting a tone 

at the image frequency of 1549 MHz when the RF input is at 1545 MHz and the LO at 

1547 MHz. As was noted before, a carrier power of-130 dBm is required to obtain the 

desired jj- value of 37dBm/Hz. Now the IRR can be measured by finding the signal 
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power at the image frequency needed to obtain the same jj- ratio. This was done 

by slowly increasing the image power from -130 dBm until the target was achieved. 

This occurred at a power level of -107 dBm, indicating an IRR of 23 dB (130 dBm -

107dBm). This result is within the target specifications outlined earlier. 

Measuring the NF of the MRM is problematic because of the unknown noise levels, 

especially at the input. Therefore, calculating the SNR degradation would not give 

an accurate NF. From a first order perspective, the high gain amplifiers effectively 

buffer-out the noise contribution of subsequent stages. However, noise coupling from 

the CM to the MRM may be significant since the CM shielding was compromised 

to allow access to its circuitry. Furthermore, the MRM active components are not 

shielded. Despite these deficiencies, it is expected that the NF is in the range of 3 dB. 

Table 8.7 lists the complete MRM results. 

Table 8.7: MRM Performance Results (Typical) 

Item 

Gain (front-end) 

NF (front-end) 

IRR 

Value [dB] 

>34 

3 (estimate) 

23 

In addition to spectrum measurements, a network analyzer was used to verify 

the performance of the embedded filter and 90-degree hybrid coupler. The following 

results were obtained through "in measurement" probing, that is while the MRM 

was powered on and operating normally. A coaxial probe was used to record the 

s-parameters at the output of the second-order, which were stored in memory. Then, 

the input s-parameters were recorded and subtracted from those stored in memory to 

obtain a transfer function. This result is shown in Fig. 8.13 along with a comparison 
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with the stand-alone performance first presented in Chapter 4. Without calibration, 

14 16 
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Figure 8.13: MRM filter measurements: (a) normalized 521; and (b) comparison with 
standalone filter from Chapter 4. 

only relative measurements can be obtained so the filter results are normalized. From 

Fig. 8.13(b), the embedded filters' performance is in very good agreement with the 

measured 6*21 of its stand-alone counterpart. Only a small positive frequency shift 

of 40 MHz is observed. This good agreement validates the shielding techniques in

corporated in the layout of the MRM and proves that a sub-component can perform 

adequately within the larger module without any re-design. The same measurement 

methodology was used to verify the amplitude and phase balance of the 90-degree hy

brid coupler. These results are shown in Fig. 8.14. The amplitude imbalance is only 

0.42 dB, while the phase difference is 87 degrees. These results compare well with the 

stand-alone counterpart that displayed an amplitude balance and phase difference of 

1.4 dB and 89 degrees, respectively. 

The successful measurement of the MRM represents the first time that a complete 

LTCC receiver front-end with antenna has been demonstrated for a GPS application. 
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Figure 8.14: MRM 90-degree coupler measurements: (a) phase difference; and (b) 
amplitude imbalance. 

It has also been proven that each sub-component can perform adequately within the 

larger module without any re-design if adequate shielding is provided. Even with a 

very dense module, the concept of "off the shelf custom passives (i.e. previously 

developed library elements for a given LTCC environment) can still apply. Finally, 

these achievements validate SoP as a system-level integration philosophy. 

8.8 Summary and Contribution 

All the previously described receiver components were combined to form a fully func

tional receiver front-end that completes the fulfilment of the final thesis objective. 

The MRM is the first demonstration of a fully embedded L-band SoP receiver mod

ule with antenna included. A system analysis was performed to determine appropriate 

specifications and commercial SMT components were chosen to satisfy them. Special 

layout features including a CPW top layer, via shielding and stripline interconnects 

were implemented to prove that custom LTCC passives can be embedded within a 

0 5 

«T 0 
0) 
_• 

g>-0 5 
g -1 
c 
to - 1 o 

! -* 
1-25 
a. 

1 -3 

-35 / 

-

\A 1 M » Wv 
1 55 16 1 65 17 
Frequency [MHz] 



182 

larger module without any re-design. The successful design design, implementation, 

and experimental characterization of a GPS MRM is seen to validate completely the 

SoP integration philosophy. The dimensions of the MRM are comparable to a SD 

memory card or 32 x 24 x 2.5 mm3 which makes it compatible with a wide range of 

existing and future mobile devices. 



Chapter 9 

Thesis Summary and Suggestions for 

Future Work 

This thesis has investigated methods and techniques for the SoP integration of a 

L-band receiver front-end. Through the combination of custom designed passive 

components and commercial SMTs, a novel miniature receiver module with antenna 

has been successfully demonstrated for GPS. 

The three main philosophies for system-level integration are presented in Chapter 

2. A critical comparison of the three was performed and the philosophy of SoP was 

seen as the most appropriate for this work. SoP combines the advantages of SoC 

(low cost) and SiP (simpler design) to create the potential for a highly integrated, 

relatively low cost, and high performance design. A GPS application was chosen 

because its design can benefit greatly from system-level integration techniques and 

it matches the interests of our industrial partner, SkyWave Inc. Given that SoP has 

been selected as the design philosophy, an appropriate material system was required. 

Two of the most commonly used today are LCP and LTCC because of their low 

loss, good reliability and ability to stack multiple layers. However, it was concluded 
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that LTCC is the better choice because it is the more proven of the two technologies. 

Finally, some high level background information was provided regarding the chosen 

system and its building blocks such as the bandpass filter, coupler and antenna. 

In Chapter 3, the design of the bandpass filter was the first of the building blocks 

to be undertaken. In the process, a novel methodology was developed not only for 

filters but lumped element passives in general. Several filter designs were presented 

culminating in a fully embedded third-order LTCC example that displayed an inser

tion loss of 2.8 dB and good out-of-band attenuation. Although reasonable agreement 

was obtained between measurements and simulations, all sources of error related to 

LTCC process tolerance effects were analyzed. This was made possible by the inclu

sion of individual inductors and capacitors that form part of the filter at the time of 

fabrication. Through their analysis it was concluded that the layer thicknesses and 

dielectric constant had actual variations of 7 % and -5 %, respectively. These factors 

contributed greatly to the observed shift in center frequency. In addition, the Q-

factors of the spiral inductors were measured to be substantially lower than expected. 

It was concluded that the higher than expected insertion losses were a direct result 

of the degraded Q-factors. 

The results of Chapter 3, although positive, did leave some room for improvement 

in the areas of miniaturization and insertion loss. These were addressed in Chapter 

4, where more compact topologies and higher Q inductors were presented. A higher 

degree of miniaturization was achieved through the application of more advanced 

filter topologies that include inductor coupling. This technique introduces additional 

transmission zeros that increase filter selectivity. In this way, a second-order filter was 

designed that displayed a transfer function almost equivalent to a third-order example 

but with an insertion loss of only 2.2 dB. A much more selective fourth-order filter 
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based on the same principles was also presented. The development of more compact 

resonator structures was the key to reducing the size of these new filters by 82 %, in 

the case of the second-order design. 

The process of designing each building block of the receiver continued in Chapter 

5 with the introduction of a 90-degree hybrid coupler. The purpose of this device was 

to create quadrature signals for I/Q downconversion and demodulation. A lumped 

element approach was also used to achieve a size reduction of 95% compared to a 

conventional coupler. With an insertion loss of only 0.5 dB and phase balance of 2.5 

degrees, this extreme degree of miniaturization did not compromise its performance. 

Comparisons with commercial products belonging to industry leading companies place 

the newly developed coupler in a very competitive position. 

The building blocks so far presented are single-ended components. However, in the 

knowledge that the antenna was to be differential, a balun was developed in Chapter 

6 to perform the necessary conversion. Its design is based on the same principles as 

the 90-degree hybrid coupler whereby transmission lines were replaced with lumped 

equivalents. This again resulted in a highly miniaturized and good performing device 

whose characteristics make it very competitive with leading commercial counterparts. 

The balun's low 0.67 dB insertion loss and very stable phase balance of 0.25 degrees 

were key elements in ensuring that the antenna performed as expected. 

In Chapter 7, a dipole antenna was co-designed with the previously described 

balun to form a combined antenna-balun component. Based on a comparison of 

several elements, a dipole was chosen partly because it does not require a ground 

plane to radiate efficiently. Miniaturization techniques such as folding and meandering 

were used so that plenty of space on the receiver module could be allocated to the 

other components. Pull pattern measurements were performed at the Canadian Space 
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Agency's facilities at CRC and indicate gain levels comparable to that of commercially 

available SMT antennas. 

The building blocks of the previous chapters were combined in Chapter 8 that 

presented a stand-alone miniature receiver module (MRM). The dimensions of the 

MRM are comparable to a SD memory card or 32 x 24 x 2.5 mm3 and within this 

module all the previously described components were embedded. Additional surface 

mount active components were added to create a functional receiver front-end. The 

MRM layout was carefully planned to minimize the lengths of all interconnects while 

special attention was paid to electromagnetically isolate each component. Shielding 

techniques such as employing CPW lines on exposed layers, stripline interconnects in 

embedded layers, and via fences worked to minimize unwanted coupling. SkyWave 

Inc. 's participation was key to obtaining measurements of the MRM since an inter

face board was provided that avoided the need for specialized test fixtures. It was 

concluded that the MRM's performance is comparable to a commercial equivalent 

whose size is many times larger. 

The contents of chapters 2 to 7 dealt with the design and characterization of in

dividual components for the receiver. These were then combined to form the MRM 

described in Chapter 8. The first thesis objective, that of comparing three system-

level integration techniques, was met with the selection of the SoP philosophy as 

the one which would allow for the best realization of the MRM. Instead of classical 

distributed circuits, lumped element equivalents were used to reduce their size signif

icantly. In fulfillment of the second thesis objective, a methodology was developed 

for the efficient design of lumped element passive structures. The methodology re

lies on the ability to replace, in simulations, some embedded components with ideal 

impedance boundaries whose values are fixed and immune to mutual coupling. Based 
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on this methodology, a series of passive components was designed (filters, coupler, 

balun) which constituted the fulfilment of the third thesis objective. Finally, the 

new MRM was implemented with an antenna in SoP form. The antenna was char

acterized separately from the rest of the receiver and provided a peak gain of -0.8 dB 

at 1.55 GHz. The receiver itself was found to correctly down-convert the RF signal 

while providing sufficient system gain and acceptable noise performance. The suc

cessful operation of the antenna and receiver was seen to validate the fourth and 

final thesis objective, namely the co-design and aggressive miniaturization of a SoP 

receiver front-end with antenna. 

This is the first time that a complete LTCC receiver front-end with antenna has 

been demonstrated for a GPS application. It has also been proven that each sub

component can perform adequately within the larger module without any re-design. 

This implies that the concept of "off the shelf custom passives has been shown. 

These achievements validate SoP as a system-level integration philosophy. 

Although the objectives of this work have been achieved, five suggestions are given 

next for obtaining improved results. 

The planar spiral inductors developed in Chapter 3 displayed significantly de

graded Q-factors. This situation repeated itself in the inductor designs of chapter 4, 

5, and 6, albeit to a lesser degree. The causes of this issue should be investigated and 

corrected in future designs. A direct benefit of this would be lower insertion losses of 

all filters, in particular. 

Although good agreement between simulations and measurements was achieved 

throughout, improvements should be made if de-embedding of the G-S-G pads is 

performed. Any of the well known techniques could be used to reveal the true per

formance of the device under test. 
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Due to process and component tolerances, it was challenging to make the an

tenna resonant at the desired frequency. Another complicating factor was its narrow 

bandwidth. In order to avoid this problem, a wider band antenna should be used. 

This could be accomplished by increasing the volume of the dipole or by employing 

a higher order matching network. 

Due to unknown noise levels, the NF of the MRM could not be measured accu

rately. Improving the shielding of the MRM by placing the active components in 

cavities and sealing them with metal lids could allow for reliable NF measurements. 

To further reduce the size and performance of the MRM, several enhancements 

should be made. A mixed dielectric material system that incorporates high dielectric 

layers would allow for smaller antenna elements and larger capacitors. Meanwhile, a 

custom RFIC that includes image rejection along with adaptive amplitude and phase 

correction would perform better than the current SMT mixers. 

The above suggestions are intended for the refinement of the current work to 

make it more suitable for commercialization. However, the design principles and 

passive components, in particular the 90-degree hybrid coupler, can be used for a 

different application such as a six-port receiver. A six port receiver is a type of direct 

conversion receiver that uses three 90-degree hybrid couplers to create four relative 

phase differences between the input RF and LO signals. These signals are then 

superimposed and downconverted to baseband where the I and Q information can be 

recovered. The six-port has several advantages that make it an attractive alternative 

to traditional heterodyne microwave receivers but its large size (mainly due to the 

couplers) is a major drawback. Therefore, the miniaturization techniques and the 

hybrid coupler presented in Chapter 5 could be ideal solutions to this problem. 
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