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Abstract

This thesis investigates the performance characteristics of a special type o f Generalized 

Multi-Carrier (GMC) transmission methods known as serial modulation. The well-known 

form o f GMC is Orthogonal Frequency Division Multiplexing (OFDM) which is proved 

as an efficient transmission scheme in fading channels. Serial modulation with Frequency 

Domain Equalization (FDE) can be regarded as a Discrete Fourier Transform (DFT) pre- 

coded OFDM. In this thesis we show that this method can effectively reduce the 

undesirable out-of-band radiation generated by nonlinear high power amplifiers. 

Equivalently it can reduce the required power back-off value o f the amplifier to achieve a 

specific out-of-band radiation. We also propose a modified version o f the selected 

mapping algorithm to reduce the out-of-band radiation o f this system.

We introduce Turbo Frequency Domain Equalization (TFDE) as an efficient scheme 

for serial modulation receivers which benefits from good performance o f iterative 

systems and simplicity o f equalization in the frequency domain. To optimize TFDE, we 

compare the performance and complexity o f non-adaptive TFDE and adaptive TFDE. In 

the former case the equalizer is fixed during iterations while in the latter case it changes 

with respect to feedback information. Moreover, we compare TFDE with Low Density 

Parity Check (LDPC) and convolutional codes.

The performance evaluation o f TFDE like other turbo systems requires extensive 

simulations. To reduce the complexity o f this process, we propose the Bit Error Rate 

Transfer (BERT) chart method to analyze the performance o f this system. We develop 

this method for both adaptive and non-adaptive TFDE and different constellations. We

ii
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will show that this method performs better than the well-known analysis method for turbo 

systems, Extrinsic Information Transfer (EXIT) chart, when the block length is small. 

However, for asymptotic analysis the EXIT chart is shown to be more stable.

We consider the effect o f deviation in the local oscillators’ frequency in the form of 

frequency offset and phase noise. We propose joint synchronization and turbo 

equalization methods to compensate for the effect o f phase error when the system suffers 

from frequency offset alone or in combination with phase noise. In the proposed joint 

synchronization and equalization methods, the phase error is estimated using the soft 

symbols generated in the feedback loop based on the decoder output a priori information. 

We show that these methods can almost completely compensate for the effect o f phase 

error.
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Pit) Instantaneous power

P1 n,k Probability o f k-th bit o f the n-th symbol being zero

p« BER at the equalizer output

P, BER at the decoder output in the /'-th iteration

P m Probability o f having a symbol with amplitude o f A nmx

Po Smoothness factor o f Rapp model

ps Input power corresponding to the saturation level

Pi Average input power

p Frequency response o f frequency domain window

Qn n-th Quadrature component

r received vector (time domain)

ri /'-th element o f received vector (time domain)

R received vector (frequency domain)

xxi
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symbol Description

Rt /-th element o f received vector (frequency domain)

Rs Code rate

Re(.) Real part o f the argument

5 Constellation

$k,b Subset from the constellation in which the A>th bit is b

2? Variance o f the equalizer output in the /-th iteration

Sm m - th component o f the over-sampled signal

° 2d Average power o f the constellation

T Block duration

Tc Chip duration

V Average variance o f the equalizer output components

o f Variance o f the LLR in the /-th iteration in the decoder output

W Frequency domain equalizer coefficient vector

wt /-th element o f frequency domain equalizer coefficient vector

X Soft symbol vector (time domain)

x, /-th element o f soft symbol vector (time domain)

X Soft symbol vector (frequency domain)

X t /-th element o f soft symbol vector (frequency domain)

x , /-th transmitted symbol

X, Ghorbani model parameter
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symbol Description

y t Ghorbani model parameter

z Equalizer output vector (time domain)

z , /-th element o f equalizer output vector (time domain)

xxiii
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Function Definition

M x N  matrix with elements o f zero

Ijl/xJV M x N  matrix with elements o f one

• Element-by-element multiplication o f two vectors

X Scalar Multiplication

r i°r2 Scalar Products o f the vectors r, and r2

H Largest integer smaller than or equal to r

r\ r ( r  -  l)(r -  2)... x 2 x 1

(r ) k
r ( r  -  k  +  1) 

k\

s r
j l  i f  r  = 0 
[0 i f  r  ^ 0

u(r)
J l i f  r >  0 

[ O r /  r  < 0

sgn(r)
j +1 i f  r  > 0 

[ -1  i f  r  < 0

Q(x)
A 1 +r - -

Q(x)= ,—  fe 2 dt 
f i n  ;

x x iv
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Chapter 1 Introduction

Communication systems are among the most prominent human inventions which have 

become extremely popular particularly in the appealing form o f wireless 

communications. Communication systems, first dedicated only to voice transmission, are 

now used for image, video and data transmission too. The growing demand for high rate 

untethered transmission (offering bit rates o f 100 Mb/s or more) has stimulated efforts to 

look for wireless transmission methods providing high spectral efficiency to achieve the 

best use o f the allocated bandwidth. Inter Symbol Interference (ISI), as a fundamental 

physical layer issue, appears strongly challenging either in wired and terrestrial networks 

or in wireless networks when the transmission rate is increased. To overcome the ISI, 

generated by long delay spread multipath fading channels, different equalization methods 

have been proposed. Among them are Linear Equalization (LE), Decision Feedback

1

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



Equalization (DFE) and Maximum Likelihood (ML) equalization implemented in the 

time domain [1]. All these methods suffer from high computational complexity, as their 

complexity increases at least linearly with the channel impulse response length. Recently, 

Orthogonal Frequency Division Multiplexing (OFDM) as an alternative method, offering 

good performance with reasonable complexity has become extremely popular for 

transmission over multi-path fading channels [2], Although OFDM was introduced and 

even used in late sixties [3], it did not attract much attention because o f implementation 

issues. Nevertheless, improvement in signal processing tools, especially the fast Fourier 

transform (FFT), mitigated the complexity issues [4]. After a steadily active research and 

technology evolution during some decades OFDM is now used in various standards as 

the transmission method.1 OFDM, which is a block-wise transmission method, is based 

on transmitting high rate data over different sub-carriers with a low rate on each one. 

Parallel transmission over sub-carriers is performed by using inverse FFT (IFFT) which 

is very efficient in terms o f complexity. The orthogonality o f sub-carriers cancels the 

inter carrier interference while inter block interference is prevented by using a cyclic 

prefix at the beginning o f each block. Since the channel is almost flat for each sub-carrier 

frequency range, the equalization process is not complex if  the channel frequency 

response is known. The equalization only requires either a multiplication for each sub

carrier or it can be equivalently performed by considering channel frequency response 

coefficients in metrics o f Bit Interleaved Coded Modulation (BICM) [5] [6] [7].

Comparing OFDM with the traditional single carrier method with time domain 

equalization, OFDM is preferred for providing high bit rate transmission and achieving 

good performance with less complexity. Large peak to average power ratio (PAPR) is

1 OFDM is used in standards like: DAB, DVB-T, HIPERLAN/2, IEEE 802.

2
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known as the most important disadvantage o f OFDM [8], This problem appears when a 

large number o f symbols add together constructively during the IFFT operation. Since a 

single carrier system does not include the IFFT in the transmitter, the generated signals in 

this system have smaller PAPR than those in OFDM. Systems with large PAPR require 

power amplifiers with a wide range o f linearity which are expensive and power 

inefficient. This problem can be solved by using different PAPR reduction methods, 

using amplifiers with large back-off values to avoid in-band and out-of-band distortion, 

or linearization o f the power amplifier with pre-distortion methods [8][9][10][11]. All 

these solutions increase either the cost or the complexity o f the system. In [12] single 

carrier or Serial Modulation (SM) systems with Frequency Domain Equalization (FDE), 

which is considerably less complex than time domain equalization, was proposed as an 

alternative method for OFDM. Single carrier systems, by offering almost the same 

performance and overall complexity as OFDM but smaller peak to average power ratio, 

have attracted much attention during the last decade [13][14]. Single carrier systems have 

been shown to be quite efficient from this point o f view especially for up-link 

transmission, from terminal to the base station [13]. Another advantage o f single carrier 

compared to OFDM is its lower sensitivity to carrier frequency synchronization. In 

OFDM, frequency offset can destroy the orthogonality o f sub-carriers and generate inter 

carrier interference.

3
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1.1 Thesis Objectives

In this thesis, we focus on different physical layer challenges for SM or block-wise 

single carrier systems and propose some possible solutions. The different issues 

considered here are:

1. Investigating power-efficient transmission methods in the presence of nonlinear 

high power amplifier (HPA) for signals with large peak to average power ratio: A

brief review o f the PAPR problem in OFDM and SM is mentioned in sections 2.2.1 and

2.4.2 respectively. The more detailed discussion on the new techniques proposed in this 

thesis for out-of-band radiation reduction for SM and SM-Code Division Multiple Access 

(SM-CDMA) can be found in Chapter 3.

2. Investigating efficient iterative equalization methods with frequency domain 

processing for single carrier systems in multipath fading channels: A short review o f 

current TFDE systems and the optimized TFDE in this thesis is briefly mentioned in 

section 2.5.3, and investigation and evaluation o f TFDE schemes is carried out in Chapter 

4.

3. Investigating methods to reduce the high complexity of performance evaluation of 

turbo equalization systems: The basic idea o f the method proposed in this thesis for 

performance analysis o f TFDE and its main difference with the Extrinsic Information 

Transfer (EXIT) chart are briefly reviewed in section 2.5.3 and new results on the Bit 

Error Rate Transfer (BERT) chart approach for TFDE performance evaluation are 

presented in Chapter 5.

4
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4. Investigating efficient synchronization methods in the presence of frequency 

offset and phase noise for single carrier systems with turbo frequency domain 

equalization: The concept o f carrier synchronization and the proposed methods in this 

dissertation to solve this problem are mentioned in section 2.6. The details o f these 

methods are presented in Chapter 6.

1.2 Thesis Contributions

The main contributions o f this thesis are as follows:

• Comparison between out-of-band radiations generated by nonlinear amplifier in 

OFDM and SM systems and proposal and evaluation o f a modified selected 

mapping (SLM) algorithm for PAPR reduction in SM systems.

• Investigating the effect o f real and complex spreading on the amplitude 

distribution o f SM-CDMA when multi-level or equal-level constellation is used.

• Performance/complexity comparison between SM systems with adaptive and non- 

adaptive TFDE when convolutional or LDPC code is used.

• Proposing a novel BERT chart as a tool for the analysis o f turbo frequency 

domain equalization systems (for both adaptive and non-adaptive TFDE and 

different constellations).

• Proposing an iterative joint synchronization and equalization method for SM 

systems; two methods for frequency offset compensation and one method to 

remove the effect o f both frequency offset and phase noise.
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1.3 Thesis Organization

The thesis is organized as follows:

Chapter 2 is an extended abstract o f the thesis in which we have a brief background 

review o f hardware impairments effect on SM and OFDM systems and current solutions. 

We also briefly mention the suggested solutions in this thesis.

In Chapter 3, while comparing the amplitude distribution o f OFDM and SM signals, 

the effect o f nonlinear power amplifiers on out-of-band radiation and performance 

degradation is investigated. In this chapter a modified version o f the SLM method for 

reducing out-of-band radiation in SM systems is proposed. We also investigate the effect 

o f complex and real spreading methods and different constellations on the PAPR of SM- 

CDMA. Based on this work the following papers ([16][17][18][19][20]) have been 

published or submitted for possible publication:

•  M. Sabbaghian and D. Falconer, “Reducing Required Power Back-O ff o f  Nonlinear 
Amplifiers in Serial Modulation using SLM Method,” in Proc. Vehicular Tech. Conf., 
D allas, TX, Sept. 2005.

•  M. Sabbaghian and D. Falconer, “Peak to Average Power Ratio Properties o f  MC- 
CDMA and SM-CDMA,” in Proc. Vehicular Tech. Conf., Melbourne, Australia, May 
2006.

•  F. Danilo-Lemoine, D. Falconer, C-T Lam, M. Sabbaghian and K. W esolowski, 
“Power Backoff Reduction Techniques for Generalized Multicarrier W avefonns,” 
submitted to EURASIP jou rn a l on Wireless Communications and Networking, Apr. 
2007, revised July 2007.

•  D. Falconer, F. Danilo-Lemoine, C. Lam and M. Sabbaghian, “Power Backoff 
Reduction for Generalized Multicarrier Waveforms,” in Proc. EUSIPCO  2007.

A complete investigation o f PAPR reduction methods is outside the scope o f this thesis. 

However, the results presented in Chapter 3 motivate the use o f SM for uplink 

transmission, and therefore provide a basis for the investigations reported in later 

chapters.

6
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In Chapter 4, we review non-adaptive and adaptive TFDE. In the first case, in contrast 

to the latter case, the equalizer coefficients do not change as iterations continue. We also 

consider two coding schemes; convolutional codes and LDPC codes. We compare these 

four cases from performance and complexity viewpoints. The results have been published 

in ([21]):

•  M. Sabbaghian and D. Falconer, “Comparison between Convolutional and LDPC Code 
based Turbo Frequency Domain Equalization,” in Proc. International Conf. Commun., 
Istanbul, Turkey, June 2006.

In Chapter 5 we propose and modify the BERT chart as a tool for performance 

analysis o f turbo frequency domain equalizer. The results achieved by the BERT chart 

are verified by the simulation results. We also compare this method with EXIT chart. The 

results o f this work have been published or submitted for possible publication in 

([22] [23] [24]):

•  M. Sabbaghian, D. Falconer and H. Saeedi, “BER Transfer Chart Analysis o f  Turbo 
Frequency Domain Equalization,” in Proc. Vehicular Tech. C onf, Montreal, Canada, 
Sept. 2006.

•  M. Sabbaghian and D. Falconer, “Comparison o f  adaptive and non-adaptive turbo 
frequency domain equalization via BER transfer chart,” in Proc. Vehicular Tech. C onf, 
Baltimore, MD, USA, Sept. 2007.

•  M. Sabbbaghian and D. Falconer, “BER Transfer Chart Analysis o f  Turbo Frequency 
Domain Equalization,” submitted to IEEE Trans. Wireless Commun., Jan. 2007.

In Chapter 6, we investigate the effect o f frequency offset and phase noise on the 

performance o f TFDE. We also propose a joint synchronization and turbo equalization 

method. Two methods are suggested for frequency offset compensation. We also propose 

a m ethod based on  M axim um  A  Posteriori (M A P ) criterion w h en  the system  suffers from  

both frequency offset and phase noise. The results o f this work have been published in 

([25][26]):

7
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•  M. Sabbaghian and D. Falconer, “Joint Turbo Frequency Domain Equalization and 
Blind Carrier Synchronization,” in Proc. CWIT, Jun. 2007.

•  M. Sabbaghian and D. Falconer, “Joint Turbo frequency Domain Equalization and 
Carrier Synchronization,” accepted in IEEE Trans. Wireless Commun., Jun. 2007.

Future works are described in Chapter 7. In this chapter we consider the possibility of 

extending the work in this thesis to Iterative Demapping-TFDE (ID-TFDE) systems. 

Some primary results for the performance of ID-TFDE with different mappings are 

presented. We also discuss how to modify the BERT chart so that it can be used for ID- 

TFDE. We also consider the possibility o f investigating the sensitivity o f ID-TFDE with 

different mappings to frequency offset.

8
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Chapter 2 Background review

RF hardware impairments in OFDM  and SM  system s, 

current and proposed solutions in this thesis

In this chapter, we briefly review the robustness o f orthogonal frequency division 

multiplexing and serial modulation techniques against some RF hardware impairments of 

nonlinearity, frequency offset and phase noise. We also discuss the complexity of 

simulation-based analysis o f the iterative systems. For each case we address and briefly 

discuss the current solutions. We also review our general approach in this thesis to solve 

the problems and what distinguishes our approach from the existing ones.

9
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2.1 OFDM

Orthogonal frequency division multiplexing is known as one o f the most efficient 

methods for transmission over multipath fading channels for its reasonable complexity 

and the robustness against frequency selectivity. The OFDM technique is based on the 

idea o f transmitting a high rate data stream on N  sub-carriers simultaneously while each 

one carries a smaller rate [27]. The sub-carrier spacing is the reciprocal o f the block 

duration. These sub-carriers have to be orthogonal to prevent inter carrier interference. 

The equivalent baseband OFDM signal can be generated by taking the inverse discrete 

Fourier transform (IDFT) o f a data block with length N. To prevent inter block 

interference, a guard time should be inserted at the beginning o f each block as presented 

in Figure 2-1. Thus a copy o f a few last symbols o f the block is transmitted in the guard 

time which is known as the cyclic prefix. The cyclic prefix length should be at least equal 

to the channel delay spread length. The orthogonality of sub-carriers would be destroyed 

if  there is no cyclic prefix.

The transmitted data symbols can be recovered by taking a discrete Fourier transform 

(DFT) o f the received data block. By selecting an appropriate block length, we can 

replace DFT by the computationally efficient FFT method.

2.2 OFDM drawbacks

In this section we discuss nonlinear amplification and synchronization which are known 

to be major issues in OFDM systems. These two concepts are important problems in any 

communication system, but the structure o f multi-carrier systems makes them more

10
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crucial for OFDM. We briefly review the cause o f these problems and the methods 

proposed to solve them.

4

2.2.1 Large PAPR

An OFDM signal is a linear combination o f complex symbols modulated on different 

sub-carriers to be transmitted simultaneously. The signal can exhibit high fluctuations 

when the components add together constructively. The envelope fluctuations increase the 

ratio o f the instantaneous peak power to the average power o f the OFDM signal. Then, to 

avoid the out-of-band or in-band distortion caused by the nonlinear characteristics o f high 

power amplifier, we need amplifiers with a large dynamic range or equivalently large 

back-off value (the ratio o f input power at saturation level and the average input power) 

[8]. Usually, as exemplified in Table 2-1, the cost o f the amplifier increases quickly with 

its power back-off value. The parameter PIdB (1 dB compression point) in Table 2-1 

shows the input power for which the output power deviates 1 dB from the ideal case [28],

The distortion is not the only issue in the amplification process. I f  the PAPR is large, 

the amplifier efficiency decreases and thermal management appears as a major issue. We 

may also face some physical restrictions like requiring a fan or heat sink to adequately 

cool down the device. Therefore having signals with large PAPR, not only increases the 

cost but also the size o f the device. This concept is most important for the uplink since it 

applies to cost- and power-sensitive user terminals.

11
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f i I

Figure 2-1. Cyclic prefix for each OFDM block.

Table 2-1 Amplifier price (from [28])

Manufacture Part Number Approx. Price per 5k PI dB

RF Micro Devices RFM-2163 $2.77 30.0 dBm

AMCOM AM072MX-QG $9.00 31.5 dBm

Stellex PA1177R $87.00 33.0 dBm

NEC NE6500496 $75.00 35.5 dBm

12
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The nonlinearity o f HPA characteristics can generate distortion in the signal which 

appears as spectral splatter interfering with adjacent channels [29][30]. Larger amounts of 

distortion may cause in-band distortion and degrade the system bit error rate 

performance.

To prevent these effects, various PAPR reduction methods have been proposed. The 

simplest one is clipping and filtering, in which the signal is deliberately clipped. To 

remove the out-of-band components generated by this process, the clipped signal is 

filtered [8][31]. Selected mapping (SLM) and partial transmit signaling (PTS) are two 

examples o f other approaches to solve the PAPR problem [32][33]. In both methods by 

using reversible functions, different versions o f the original data block are generated. 

Among these blocks, the one with the lowest PAPR is transmitted. In the receiver the 

inverse function is used to recover the original data. Coding is also another PAPR 

reduction technique in which among some generated code words only those with the 

appropriate PAPR are transmitted [10] [34], In contrast to clipping, the other mentioned 

methods do not distort the original data signal but they need more bandwidth for 

transmitting some side information or adding some redundancy to the system.

2.2.2 Synchronization issues

To be able to recover the symbols transmitted simultaneously on different sub-carriers, 

these sub-carriers have to b e orthogonal. A n y  deviation  from  the carrier frequency can  

destroy this orthogonality and generate inter carrier interference [35][36]. The deviation 

could be a constant frequency offset or a time-varying phase shift generated by the 

spectral splatter o f the oscillators which is known as phase noise [27]. Generally, even if

13
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frequency offset is only a fraction o f sub-carrier spacing, it can degrade the OFDM 

performance significantly. Therefore, increasing the block length, makes the problem 

become more challenging. The effect o f phase noise is more destructive than frequency 

offset because it adds a time varying phase error [37], Several synchronization methods 

have been suggested for both time and frequency recovery in OFDM. In [38] a maximum 

likelihood estimator is designed to estimate the frequency offset when a training sequence 

is transmitted. In [39] using the correlation between the cyclic prefix and its copy is 

suggested for timing recovery and in [40] this correlation is used for both timing and 

frequency recovery. The effect o f phase noise has also been analyzed in different papers 

[3 5] [41] [42].

2.3 Serial Modulation

In the previous section, we reviewed some disadvantages o f OFDM systems which can 

degrade the performance unless some compensation methods are used. Even if  these 

methods compensate for the performance degradation completely, they increase the 

overall complexity. This encourages us to look for methods as efficient as OFDM but 

more robust against amplification and synchronization issues.

OFDM can be regarded as a special group o f block-wise transmission methods known 

as GMC. By this approach, IFFT is one o f the possible choices for frequency domain 

processors. Employing alternative processors gives us the opportunity to design other 

systems with the desired properties. Single carrier or serial modulation with frequency 

domain equalization is another block-wise transmission method which is shown to 

exhibit more robustness against hardware impairments o f amplifier nonlinearity,

14
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frequency offset and phase noise [12][13][14][15]. Similar to OFDM, SM uses a cyclic 

prefix to overcome inter block interference and generate a periodicity in the signal which 

is required for employing DFT and IDFT.

Figure 2-2 depicts the block diagram o f both OFDM and SM systems. As presented in 

this figure, SM can be regarded as DFT-precoded OFDM. In other words, in the 

transmitter no frequency domain processing is performed. In the receiver, by using a DFT 

the signal is transferred to the frequency domain, then it is equalized in the frequency 

domain. Finally by an IDFT it is returned to the time domain.

channel OFDMIDFT

ID FTchannel

Transmitter Receiver

Figure 2-2. Block diagrams of OFDM and SM.
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2.4 Comparing OFDM and SM properties

2.4.1 Complexity

As can be seen in Figure 2-2, SM and OFDM are analogous in terms o f overall 

complexity2 while as presented in [13] they can achieve almost the same performance. 

The complexity o f OFDM and SM with FDE is considerably less than that o f time 

domain equalization, which increases at least linearly with the channel impulse response 

length. In SM and OFDM the complexity o f FFT and IFFT algorithms increases linearly 

with the logarithm o f the block length which is generally k times the channel impulse 

response (usually 6<&<10). The equalization process also requires only a multiplication 

for each sub-carrier frequency.

2.4.2 PAPR

As discussed in section 2.2.1 and as will be addressed in Chapter 3, OFDM signals with 

large PAPR require amplifiers with large back-off, otherwise the system suffers from out- 

of-band radiation and performance degradation [25][30], On the other hand, to enhance 

the power efficiency and decrease the cost, HPAs with smaller back-off are desirable. As 

the SM transmitter does not include the IDFT module, the PAPR o f a SM signal is 

smaller than that o f OFDM, therefore allowing more efficient and economical HPAs [13]. 

The need for HPA with smaller back-off for the mobile terminal is more critical than for 

the base stations. Hence we only focus on the up-link transmission.

2 The SM transmitter complexity is less and its receiver complexity is more than that of OFDM.
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In the downlink, there is only one power amplifier at the base station, whose cost is 

shared among many user terminals. Besides, adding different users’ signals together, 

which occurs in the base station, increases the PAPR in the downlink [14] even if  SM is 

used.

In Chapter 3 we consider an SM transmitter whose block diagram is presented in Figure 

2-3, and investigate the effect o f nonlinear amplifiers on the performance and out-of-band 

radiation. We will show that although SM has smaller PAPR than OFDM, when symbols 

are selected from a 16-QAM constellation, even a small amount o f nonlinear 

amplification can generate considerable spectral regrowth. As will be presented in 

Chapter 3, the BER performance degradation caused by the nonlinear amplification of 

SM signals, in contrast to that o f OFDM, is usually negligible. Except for [13] and [28], 

very few, if  any, papers are available which depict the actual out-of-band radiation o f SM 

and OFDM.

We also look for methods to improve the signal amplitude distribution and reduce out- 

of-band radiation. In Chapter 3, we propose a modified version o f the SLM method 

which is designed for SM. The method o f generating different versions o f the original 

block and the selection rule is different from the original SLM.

IFFTS/P FFT Amp.
Time

Domain
F ilte r

Freq.
Domain

F ilte r

Figure 2-3. Block diagram of simulated SM transmitter.
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As will be discussed in section 3.5.3, the modified SLM method can significantly 

reduce out-of-band radiation even more effectively than for OFDM for the same back-off 

value. We will show that the efficiency o f both methods is poor when the amplifier is 

more nonlinear up to the saturation point. To improve the SLM performance for a more 

nonlinear amplifier, we consider use o f a memoryless predistortion technique to linearize 

the HPA characteristics. This technique has already been used for OFDM systems 

[11][43], Since there are no other references about out-of-band radiation reduction o f SM, 

we are not able to compare our results with that o f other methods. Nevertheless we 

compare them with OFDM results.

As we show in Chapter 3, a similar question might arise about the PAPR of SM-CDMA 

and Multi Carrier-CDMA (MC-CDMA) systems. As a minor contribution, we investigate 

the PAPR of SM-CDMA in section 3.6 for different spreading methods and different 

constellations.

2.4.3 Synchronization

SM is known to be less sensitive than OFDM to frequency offset and phase noise 

[35][44]. In SM the phase error o f consequent symbols within a block are highly 

correlated. In OFDM phase error causes inter-symbol interference after taking the FFT in 

the receiver. We discuss frequency offset and phase noise effects on SM systems with 

turbo equalization in section 2.6, and in more detail in Chapter 5.
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2.5 Equalization methods for SM

As mentioned in section 2.4.1, performing the equalization process in the frequency 

domain is computationally efficient. In this section we briefly review linear, decision 

feedback and turbo equalizers for SM systems. The block diagram of the first two 

methods are depicted in Figure 2-4 [14].

2.5.1 Linear Frequency Domain Equalization

The time domain output ( z n) o f a linear equalizer implemented in the frequency 

domain would be:

the received signal in the frequency domain. The error signal between the equalizer 

output and the transmitted data (x n) is:

(2-1)

where N  is block length, Wk and Rk are the &-th filter coefficient and the k-th element o f

(2-2)

The equalizer coefficients minimizing mean squared error, J  = e (\ en |2), are as follows

[13]:

(2-3)

where a 1 is the Gaussian noise variance and H k is the A>th element o f channel frequency

response.
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2.5.2 Decision Feedback Equalization (DFE)

We can also use DFE to achieve better performance at the expense o f more complexity. 

In DFE we can implement the feed-forward filter in the frequency domain and the 

feedback coefficients in the time domain. The equalizer output is:

1 Y u ,  p ( . 27r(k —1)(« — IV 'V  1 at
z« = T f 2 s W k R k expU ------------rr------ ) -  Z j f k a m - k ’ n  =  1>-‘->W>Jy k=i TV

(2-4)
k e F .

where {fk} are the feedback filter coefficients. The filter coefficients, determined based 

on minimum mean squared error (MMSE) rule, are as follows [14]:

w t =-
I e F R

- ,k  =  ,
(2-5)

/  = -Q~l q» (2-6)

where

LE

DFE

FFT IFFT

FFT Det.IFFT

Feedback, fk

Figure 2-4. Block diagrams o f Linear and Decision Feedback Equalizers.
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,  e x p W 2* " - 1* )

« > = t Z - 7 h t Z -A „=1 | H n | +cr
(2-7)

Qkt _
QkB-k, VkB-k2 ” q 0 _

2.5.3 Turbo Frequency Domain Equalization (TFDE)

One o f the goals o f this thesis is to propose an efficient equalization method for SM 

with reasonable complexity. In sections 2.5.1 and 2.5.2, we briefly reviewed linear and 

decision feedback and equalizers with performance exceeding that o f linear and DFE. In 

conventional systems using these equalizers, either in time or frequency domain, the 

equalization and decoding are two disjoint processes. To achieve better performance, an 

iterative equalization method known as turbo equalization was proposed in [45]. In this 

method, during iterations the equalizer uses the information generated by the decoder to 

improve the equalizer performance. The equalizer used in [45] is the complex but 

efficient MAP equalizer. Interference cancellation using linear equalizer has been 

suggested to reduce the system complexity [46]. Like other equalization systems, 

performing the equalization process in the frequency domain can make the system even 

less complex [47] [48] [49],
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2.5.4 System model

In Chapter 3 we show the efficiency o f SM for uplink transmission. In chapters 4, 5 and 

6 we consider TFDE as the SM receiver whose transmitter and receiver block diagram is 

presented in Figure 2-5 and Figure 2-6 respectively. The details o f these figures will be 

discussed in Chapter 4.

In this thesis we consider different schemes for equalizer and decoder in a TFDE. In 

[47][48] a non-adaptive TFDE is proposed in which the equalizer is fixed during 

iterations, independent o f the decoder decisions. In Chapter 4, in addition to this case, we 

derive the equalizer coefficients with respect to the decoder outputs for an adaptive 

TFDE. Similar approach based on minimizing average mean squared error can be found 

in [76]. Therefore the equalizer coefficients change as iterations continue. Simulation 

results confirm the better performance o f the adaptive design which show at least 1 dB 

improvement at BER of 5 x 10“5.

For the decoder part, we compare the performance and complexity o f TFDE with a low 

density parity check (LDPC) code, which is recently proposed to be used in the turbo 

equalizer [50] [51] [52], and with a convolutional code, which is traditionally used in turbo 

equalization [47][45]. None o f the previous references have provided a performance and 

complexity comparison for a turbo equalizer with these two schemes. In section 4.3 it is 

shown that TFDE with LDPC codes can achieve better performance than the one with 

convolutional codes with nearly the same complexity.
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The performance evaluation o f turbo equalization requires extensive simulations. This 

process may become quite time consuming especially when comparison between 

alternate cases is performed and particularly in low bit error rate regions. An analysis tool 

which is generally used for iterative processes is the extrinsic information transfer (EXIT) 

chart, first proposed in [53][54], This chart follows the extrinsic mutual information 

transferred between the two modules o f the iterative process. This tool has been applied 

to turbo equalization in [55]. The EXIT chart is usually used to analyze the convergence 

o f an iterative process. It can also be used for the asymptotic performance analysis when 

the block length approaches infinity. However it is not useful for performance prediction 

o f a practical finite block length system. For such systems, the recently proposed BER 

transfer chart [56] can be used. The BERT chart is a tool similar to the EXIT chart in 

which instead o f mutual information, the BER of each module is followed. In [56], in 

which this method is used for a turbo time domain equalizer, the equalizer BER curve is 

found inaccurately by interpolation between two extreme points. One o f these points 

corresponds to the first iteration in which there is no a priori information available at the 

decoder. The second point corresponds to the case that we know the transmitted sequence 

perfectly, which does not happen in reality. In this thesis, for the first time the BERT 

chart is used for turbo frequency domain equalization. Here we propose a novel BERT 

chart method for TFDE in which we analytically find all points o f the equalizer BER 

curve. The proposed BERT chart permits us to analyze a TFDE system with a finite block 

length. The simulation results confirm the accuracy o f this new BERT chart method.
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2.6 Synchronization in SM with TFDE

Although the sensitivity o f SM to frequency offset is less than that o f OFDM, the 

synchronization for SM with turbo equalization has been the subject o f quite a few 

papers; however none o f them considered TFDE systems. In [57] only the frequency 

offset is considered for an iterative block decision feedback equalizer (IBDFE). IBDFE is 

an SM system with iterative frequency domain equalization while the decoder is not a 

part o f the iterative loop. In [58] the time domain recovery has been performed for a 

turbo equalizer with time domain equalization. In this thesis we consider the effect o f 

both frequency offset and phase noise for TFDE and we propose blind joint 

synchronization and turbo equalization methods. For frequency offset compensation, we 

suggest two methods based on the maximum likelihood criterion and computing the 

normalized correlation between the two halves o f the block. In the presence o f both phase 

noise and frequency offset, a decision directed phase lock loop method based on MAP 

criterion is suggested. In all these methods, the estimator takes advantage o f the decoder 

output information to improve its estimation o f the phase error.
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Chapter 3 PAPR of OFDM and SM signals

In this chapter we investigate the effect o f high power amplifiers with nonlinear 

characteristics on the performance and spectrum of SM systems. We compare the results 

with those o f OFDM. To reduce the out-of-band radiation o f SM signals we propose a 

modified version o f selected mapping algorithm and compare its structure and 

performance with the original SLM method for OFDM. To achieve the best performance 

o f the proposed SLM method, we combine it with an ideal predistortion technique 

generally used for linearization o f power amplifier characteristics. We also compare the 

effect o f the constellation and spreading method on the out-of-band radiation and 

amplitude distribution o f MC-CDMA and SM-CDMA.
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3.1 Large Peak to Average Power Ratio problem

Peak to average power ratio as presented in (3-1) is the ratio o f maximum of 

instantaneous power to the average power o f a signal,

max P(t)
PAPR = «s£I------- , (3-1)

Pav

where P(t) and Pav are the instantaneous and average power o f the signal defined over a 

specified time interval, for instance the block duration. Signals with large PAPR suffer 

from the distortion generated by a nonlinear HPA. The HPA nonlinearity can cause 

performance degradation, in-band and out-of-band distortion unless the power amplifier 

has a sufficiently large back-off value [8]. On the other hand, to enhance the power 

efficiency and decrease the system cost, HPAs with smaller back-off are desirable.

Large PAPR is known as the most important drawback of OFDM. Signals having large 

PAPR are generated when the modulated complex symbols add together constructively in 

the IFFT operation. The SM method is equivalent to a DFT pre-coded OFDM [13]. The 

PAPR of the SM signal grows after filtering and Digital to Analog (D/A) conversion, 

with high peak values after filtering typically being associated with the occurrence o f 

several successive large-amplitude constellation points. The most significant benefit of 

SM compared to OFDM is its lower envelope fluctuations and lower PAPR.

To compare the envelope distribution o f OFDM and SM, we can look at their 

com plem entary cum ulative distribution function  (C C D F ) w h ich  is depicted  in Figure 3-1. 

As expected, high peaks in SM are less probable to occur than in OFDM.
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Figure 3-1. CCDF of OFDM and SM, 16-QAM constellation, N = 256, rectangular frequency domain 
windowing, raised cosine time domain windowing (a, = 0.125).

3.2 Amplifier model

The amplifier characteristics are determined by Amplitude Modulation/Amplitude 

Modulation (AM/AM) and Amplitude Modulation /Phase Modulation (AM/PM) curves 

presenting the relationship between the amplifier input and output signals. Let v;(7) and

v0 (t) show the input and output signals o f the amplifier and FA (.) and (.) present 

AM/AM and AM/PM characteristics. If  V(t) and <p(t) are the amplitude and phase o f the 

input signal, we have:

MO = P(OexpO'[2C* + £(01).
(3 -2 )

(0 = FA <7 (0) expO'[2^cf + (pit) + F9 (V (/))]) ■

An ideal amplifier does not add non-uniform phase shift to the signal and its AM/AM 

curve is linear. The Solid State Power Amplifier (SSPA) is a commonly used amplifier in
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wireless portable communication systems. The model generally used for SSPA is an 

AM/AM model known as the Rapp model [59]. However, the best model for each 

amplifier can be found by measurement. The Rapp AM/AM model is as follows:

The Rapp model is identified by two parameters, the saturation level (Fs) and a factor p Q 

determining the smoothness o f the AM/AM curve. As presented in Figure 3-2, for large 

p 0 the amplifier is linear up to the saturation level and behaves like a clipper while for 

small p 0 the signal is more nonlinearly amplified and goes to the saturation level 

gradually.

(3-3)

1.2

0

Rapp m o d e l,  P0= 1 0  

Rapp m o d e l,  pQ=2

0 0.5 1.5 2 2.5 3
Normalized input voltage

Figure 3-2. AM/AM curve of Rapp model.
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As will be seen later this effect makes the out-of-band radiation power o f amplifiers with 

smaller p 0 to be more concentrated at lower frequencies.

In [60] a modified Rapp model based on the measurements o f a bipolar SSPA was 

suggested which considers the AM/PM curve. The Saleh model is another model 

suggested to specify the characteristics o f a nonlinear amplifier [61]. It was originally 

suggested to model the behavior o f Traveling Wave Tube (TWT) amplifiers and can 

accurately model this type o f amplifier. Although by modification o f the Saleh model 

parameters it can also be used for SSPA, the accuracy decreases especially for the 

AM/AM curve. Another model which is customized to a Ga-As FET SSPA and matches 

the measurements is the Ghorbani model [62], The AM/PM of this model is similar to 

that o f Saleh model while its AM/AM curve matches better than that o f Saleh model to 

typical measured data. The AM/AM and AM/PM functions o f Ghorbani model are as 

follows:

The parameters o f this model are as follows:

x, =8.1081 , x2 = 1.5413,x3 = 6.5202,x4 = -0 .0 7 1 8 ,

y, =4.6645 , y 2 = 2 .0965 , y 3 = 10.88, y 4 = -0 .0 0 3 .

(3-5)

Figure 3-3 shows the AM/AM and AM/PM characteristics o f the Ghorbani model. The 

most frequently used HPA model in the references is Rapp model. Therefore the primary 

model in this chapter is the Rapp model while in different cases we use the Ghorbani 

model for comparison.
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Figure 3-3. Ghorbani model for nonlinear amplifier.
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Input power Back-Off (BO) is another important characteristic o f the amplifier which is 

defined as:

BO = 101og(-=-), (3-6)

where Ps is the input power corresponding to the saturation level and Pi is the average 

input power. An amplifier needs larger power back-off to tolerate signals with large 

dynamic ranges. However for more power efficiency the amplifier should have a smaller 

power back-off value.

3.3 Nonlinear amplifier effect on out-of-band radiation

As mentioned earlier, the nonlinearity o f the amplifier results in out-of-band radiation 

which interferes with the adjacent channels. In most communication systems, there is a 

standard power spectrum mask determining the maximum tolerable amount of out-of- 

band radiation. These spectrum masks are usually determined based on the system 

requirements like noise floor, adjacent channel power ratio and allocated bandwidth. 

Figure 3-4 illustrates one o f these masks designed in the WINNER project for wideband 

(WB) and narrowband (NB) mode for bandwidths o f 83.2 and 10.4 MHz respectively. In 

this figure the power spectrum masks for both a mobile terminal (MT) and an access 

point (AP) are shown [63].

The out-of-band radiation depends on the signal dynamic range, the power back-off of 

the amplifier and the amount o f AM/AM and AM/PM nonlinearity. For smaller back-off
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values for a fixed input power, the amplifier saturation level would be lower. This 

increases the number o f clipped samples in a block which results in more distortion.

If an amplifier has small Rapp model parameter p (), the out-of-band radiation has 

smaller components at higher frequencies, and most o f the out-of-band power is 

concentrated close to the in-band spectrum. On the other hand, when p 0 is large and

significant clipping occurs, the out-of-band radiation components are spread over a wider 

frequency range. It can be justified if  we use the binomial expansion for the 

denominator o f the Rapp model. The expansion o f the Rapp model would be:

WINNER AP and MT Power Spectrum Masks

-10

5 -40

» -50
-B - ■BB -B

CL -60
 O  NB AP
-  b  -  NB MT 
— I— WB AP 

*  WB MT
-70

-80

Frequency (mHz)

Figure 3-4. W INNER spectrum mask.
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Vo(0  =

v , ( 0  +  Z « * [ v / ( 0 ] 2A,*+1 v , ( / ) < F s

. ‘1  ’ (3-7)
^ + Z a [v,(0 ]_w  v , ( / ) > r v

*=i

where a k =  ( r ) k Vs 2p°k , f3k =  ( r ) k V*p"k , r = — — and (r)k is the Pochhammer symbol
2^o

defined as:

A r ( r  -  l) .. .(r  — k  + 1 )
(r)k = ~ ---------------- L- (3-8)

k\

I f  we assume that the saturation level is high enough to use only the first expression in 

(3-7) for v(. < Vs , and compare the out-of-band radiation o f amplifiers with two different 

p 0 ’s, the corresponding outputs (v0) for p () = 2 and p 0 = 10 would be:

vw 2 (0  = vl(/) + ( r ) IF / [ v l (Z)]5 + ( r ) 2F ;8[v; (Z)]9 + ..., (3-9)

v0, ^ ]o ( 0  =  v,.(Z) +  ( r ’) 1Fi; 20[ v , . ( Z ) f + ( r ' ) 2F / 0[v,(Z)]41+ . . . ,  (3 -10)

where r — and r '=  • As can be seen, the expansion o f the output for p 0 = 2

includes smaller powers o f the input signal. For instance there are v f , v9, v '3, v '7 before 

the common component v;21. The m-th power o f the input signal in time domain is

equivalent to the m times convolution o f the signal Fourier transform by itself in the 

frequency domain. Roughly speaking the resulting bandwidth would be m times the 

original bandwidth. This fact confirms that for p 0 = 2 ,  the out-of-band radiation power is 

more concentrated in frequencies closer to the in-band spectrum. The second terms in
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(3-9) and (3-10) expansions generate the most powerful part o f the distortion. Thus we 

can ignore other terms compared to this one. For p 0 =  2 , this term is larger than that of 

p 0 =10 . This makes the out-of-band radiation o f the amplifier with p 0 = 2 more 

powerful than that o f an amplifier with p 0 = 10. Figure 3-5 and Figure 3-6 depict the out- 

of-band radiation o f SM and OFDM with 16-QAM constellation for the Rapp model with 

p 0 = 10 and p 0 = 2 respectively. Figure 3-7 shows the out-of-band radiation when the

Ghorbani model is used. In the simulations, the transmitted blocks (a = [flo-a^,,])

contain N  symbols selected from a 16-QAM constellation. To generate the over-sampled 

(with rate M) transmitted signal, we follow these steps:

• Take the FFT o f the original block; A = FFT{a ) .

•  Generate the block B by M times repeating A ; B lxMV = [A ...A ].

• Use the frequency domain pulse shaping filter B = B • P . (e.g., for zero excess 

bandwidth P  = [ l lxA,0lx(jM_1)iV]).(The operator • is element by element 

multiplication o f two vectors, l KxL and 0KxL are all one and all zero K x L  

matrices respectively.)

• Take the IFFT of the signal, b = IFFT(B).

• Add cyclic prefix.

• Multiply by time domain window.
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Figure 3-5. Out-of-band radiation o f SM and OFDM for p 0 = 1 0 ,16-QAM constellation.
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Figure 3-6. Out-of-band radiation of SM and OFDM for p 0 =  2 , 16-QAM constellation.
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Figure 3-7. Out-of-band radiation of SM and OFDM for Ghorbani model, 16-QAM constellation.

To generate the curves in Figure 3-5 , Figure 3-6 and Figure 3-7, we used (FFT length) 

jV=256 and (over-sampling rate) M= 8. We employed rectangular frequency domain 

windowing and raised cosine time windowing with roll-off factor o f a t -  0.125 . For a 

SM signal we can reduce the out-of-band radiation3 at the expense o f using some extra 

bandwidth by employing more efficient pulse shaping filters like a raised cosine filter 

with roll-off factor o f a f  (which is equivalent to frequency domain windowing with a 

raised cosine window). This effect is presented in Figure 3-8 in which by using filters 

with a f  =0.1 and a  f =0.2 we need 0.6 dB and 1 dB less back-off value. In all these

figures and similar ones in this chapter, what is depicted is relative power spectrum 

assuming 0 dB as the in-band Power Spectral Density (PSD).

3 Or equivalently we can reduce the required back-off for the same PSD.
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In Figure 3-5 and Figure 3-6 the PSD of SM signal is presented for back-offs o f 5 and 7 

dB. In Figure 3-7 the back-off for the SM is 5 and 10 dB. For each SM case we present 

the PSD of OFDM for a back-off value such that we achieve a PSD similar to that o f SM. 

In this case, the OFDM requires 2 to 2.3 dB larger BO than that o f SM. As discussed 

above, amplifiers with smaller back-off values and those which are more nonlinear up to 

the saturation level (smaller p 0 in Rapp model) generate more out-of-band radiation. 

Since the nonlinearity of Ghorbani model is more than that o f Rapp model, the 

corresponding out-of-band radiation is larger too.

 Raised Cosine pulse, a f=0.2, BO= 4 dB

 Raised Cosine pulse, a f=0 .1 , BO=4.4 dB

  Rectangular pulse, BO=5 dB
co - 1 0  ;o
E
2  -20o<D
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o
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f  -5 0
ajo .a .
3  -6 0

-7 0

-8 0
1 1.5 2 2.5
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Figure 3-8. Out-of-band radiation of SM with different frequency domain windowing, 16-QAM
consteilation.
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3.4 Nonlinear amplifier effect on the BER performance

For the same back-off, the performance degradation generated by the nonlinear 

amplifier for OFDM is more significant than for SM due to the larger portion o f the 

signal being clipped by HPA in OFDM. We can verify this claim explicitly by comparing 

the scatter diagram of both signals with 16-QAM at the transmitter output presented in 

Figure 3-9 and Figure 3-10. The nonlinear amplifier effect on the SM and OFDM 

performance in Additive White Gaussian Noise (AWGN) channel is depicted in Figure 

3-11 and Figure 3-12 for p 0 = 2 and in Figure 3-13 and Figure 3-14 for p 0 = 10 . As 

expected, performance degradation o f OFDM is larger than that o f SM. When the 

amplifier is linear up to the saturation level ( p {) =10), there is no performance 

degradation for SM even for a back-off o f 3dB while OFDM suffers from performance 

loss although it is less than the corresponding amount for p () -  2 . For an amplifier with

p 0 = 2 ,  the degradation is not negligible even for SM for instance it is about 2 dB and

1.5 dB for back-off o f 3 dB and 4 dB to achieve BER of 6X10-4. It is worthwhile to 

mention that for typical spectral masks like those o f Figure 3-4, the back-off values 

required for the HPA output spectrum to comply with the mask are large enough that the 

nonlinear distortion effect on performance is negligible.
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Figure 3-9. Scatter diagram of SM at the transmitter output, p 0 = 2 ,  BO=5 dB.
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Figure 3-10. Scatter diagram o f OFDM at the transmitter output, p ^ - 2 ,  BO=7 dB.
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Figure 3-11. Effect o f nonlinear amplification on BER of SM in AW GN, p 0 =  2 , 16-QAM

constellation.
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Figure 3-12. Effect o f nonlinear amplification on BER o f OFDM in AW GN, p 0 = 2 , 16-QAM

constellation.
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Figure 3-13. Effect o f nonlinear amplification on BER o f SM in AW GN, p 0 = 1 0 , 16-QAM

constellation.
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Figure 3-14. Effect of nonlinear amplification on BER o f OFDM in AW GN, p 0 = 1 0 , 16-QAM

constellation.
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3.5 PAPR reduction methods

Different methods have been proposed to reduce the PAPR o f OFDM signals. The 

simplest and most straightforward one is clipping and filtering, in which the signal is 

clipped to some desirable level [8][31]. Some other PAPR reduction methods (e.g., 

coding method) are based on preventing the occurrence of OFDM symbols with large 

PAPR. In this approach only the OFDM symbols whose PAPR is below some determined 

level are transmitted [10] [34], Contrary to the clipping method, the coding method does 

not degrade the performance. The redundancy added to the signal is used for both PAPR 

reduction and error correction at the expense o f requiring extra bandwidth. Partial 

Transmit Signaling (PTS) and Selected Mapping (SLM) are other PAPR reduction 

methods based on examining alternate signals for a generated data block [32][33], In PTS 

the original block is divided into several sub-blocks where each one is multiplied by a 

different coefficient. In the following sub-sections we propose a modified SLM algorithm 

to be used for SM. Since clipping is regarded as the basic PAPR reduction method, we 

briefly review this method first.

3.5.1 Clipping method

In the clipping method the transmitted signal, before amplification, is deliberately 

clipped to some desirable level. Therefore the amplifier input signal would be below the 

amplifier’s saturation point. Clipping the signal generates performance degradation and 

out-of-band radiation. To eliminate the spectral regrowth, the signal should be filtered 

after clipping. The filtering can cause some undesirable peak regrowth [64]. The
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performance degradation would not be negligible especially when the clipping level is 

small. The benefit o f this method compared to other PAPR reduction methods is the 

simplicity and not requiring extra bandwidth or extra receiver signal processing. By this 

method low out-of-band radiation can be achieved at the expense o f some in-band 

distortion which degrades the system performance [8].

We can use the clipping and filtering method for SM to reduce out-of-band radiation. 

Figure 3-15 and Figure 3-16 show the effect o f this method on the performance o f SM 

when the clipping level equals to the amplifier saturation level. In Figure 3-15 and Figure 

3-16 we observe some performance degradation compared to the corresponding curves in 

Figure 3-11 and Figure 3-13. This performance loss is generated in the filtering process 

which is performed after clipping to reduce the out-of-band radiation. In some cases 

different stages o f clipping and filtering are used. However for the presented figures we 

used one stage o f clipping and filtering.

3.5.2 SLM method

SLM is a recognized method for PAPR reduction in OFDM systems [32][33][65]. This 

method is based on generating K  different transformed blocks for a given data block and 

transmitting the one with the lowest PAPR. Some side information has to be transmitted 

to the receiver about the identity o f the block transform. Hence the probability o f high 

peak occurrence can be decreased. I f  the transformed sequences are statistically 

independent, the probability that the PAPR o f all sequences exceeds a determined level

(L\) is:
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Figure 3-15. Effect of Clipping and Filtering on performance o f SM, p 0 = 2  

(the clipping level equals the amplifier saturation level).
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Figure 3-16. Effect of Clipping and Filtering on performance of SM, p g = 10 

(the clipping level equals the amplifier saturation level).
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P r{PAPR, > Ll,...,PAPRK > L{} = \ \V r { P A P R i > £,} = (?r{PAPRx > Lx} f  . (3-11)
7=1

This probability is considerably smaller than the probability o f the original signal PAPR 

exceeding the desired level (P r {PAPRl

Figure 3-17 shows the block diagram of this method for OFDM. To generate 

independent data blocks, each block is multiplied symbol-by-symbol, before the IFFT 

operation, by one o f pseudo-random but fixed set o f vectors r ’j whose elements are 

complex numbers with unit amplitude and a random phase uniformly distributed between 

[0,27i]. The identity o f the vector r ’j should be transmitted to the receiver as side 

information. The improvement achieved by SLM method in reducing PAPR of OFDM is 

presented in Figure 3-18. The probability that normalized transmitted envelope exceeds 9 

dB is 6x10 4 in the original OFDM signal. By using the SLM method with K=A we are 

able to reduce this probability to 3 x 10~6.

3.5.3 Modified SLM method

In OFDM, high peaks are generated in the IFFT operation. In SM systems high peaks 

are generated after filtering and D/A conversion and are usually associated with 

consecutive large magnitude symbols in the original data sequence. Consequently, the 

number o f high local peaks in a SM block is larger than that o f OFDM. This makes the 

distribution o f the amplitude o f SM different from that of OFDM. Here we suggest a 

modified version o f the SLM algorithm for SM, designed based on the inherent 

differences between the cause o f high peaks in OFDM and SM.
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Figure 3-17. Block diagram of conventional SLM method ([32]).
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Figure 3-18. SLM effect on CCDF o f amplitude of OFDM , K = 4.
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The conventional and new SLM methods are different in two aspects:

• Method o f generating random blocks,

• Selection rule.

In the suggested SLM method, each o f K  different transforms o f the generated block is a 

permuted version o f the original sequence to avoid occurrence o f consecutive high peaks. 

Therefore, the transmitter does not need the multiplication by pseudo-random sequences. 

To determine the selected permutation we have to transmit log2 K  bits to the receiver as 

side information. In modified SLM, contrary to the original SLM, the transmitted block is 

not the one with the smallest PAPR. Figure 3-19 shows typical normalized power of 

OFDM and SM signals. In both signals, in addition to the largest peak, some other parts 

o f the signal exceed the saturation level (Vs). In OFDM, as opposed to SM, the largest 

peak o f the signal is considerably larger than the other local peaks. Therefore a large 

portion o f the distortion is generated due to the clipping o f the largest peak.

In SM, where the local peak values are numerous and tend to have roughly similar 

magnitudes, they have equal effects on the distortion. Therefore the selection rule has to 

be modified from least PAPR to a rule which considers this property. It is appropriate to 

mention that other criteria, instead o f least PAPR, have been recently proposed for the 

PTS method for OFDM [13]. Since all local peaks share the same effect on out-of-band 

radiation, we change the selection rule from least PAPR to least sum of squared errors 

between the amplifier input and output signals for an amplifier with unit gain. Therefore 

the metric which is the Sum of Squared Errors (SSE) would be:
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Figure 3-19. Typical OFDM and SM signal.

N M  N M

SSEk = Z l e*(«) |2 = Y } vi A n) - v ok{n)\2 , (3-12)
h=1 n ~  1

where k is the index o f each permutation, n is the sample index, N  is the number o f 

samples per data block and M is the over-sampling rate.

The distortion by HPA is partly generated by clipping the part o f the signal above the 

saturation level and partly by HPA nonlinear characteristics up to the saturation level. 

PAPR reduction methods are usually useful for the distortion generated by clipping. As 

will be discussed in section 3.5.4, the effect o f the nonlinearity up to the saturation level 

could be compensated by predistortion methods. Therefore in this section we only 

consider the Rapp model which is more linear than the Ghorbani model up to the

saturation point especially for larger p 0. For the input signal well below the saturation

level ( Vj «  Vs ), va s  v; and the error signal is negligible. As v, approaches the saturation
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level, v0 becomes less than v(. and the error signal grows. To make the metric less 

complex, we just compute error when the input signal is above a determined threshold 

level ( v nh). We define the threshold levelv;th as an input signal value for which the ratio

vo th
o f the output to the input is a constant C, = C where C < 1). Using (3-3) we can

v t,,h

compute the threshold level in terms o f C :

vuf, = V s2i ( l / C ) 2p° - l .

For example if  we choose c = 97%  or c  =  99%  for an amplifier with p 0 = 5 or p () =10

respectively, the threshold would be v( th = 0.9FS. When the input signal is larger than the

threshold, the output signal is between 0.9 Fs and Vs. Therefore instead o f computing the 

exact corresponding output for each input, we can replace it by a fixed value between 

0.9 Vs and Vs. The simulation results have shown that if  we set the fixed value to 0.9 U, it 

gives the best performance. Therefore the transmitter selects the permuted block which 

minimizes this metric:

N M

mk =
n=l

jyivi
£ k A(« ) |2,l < k < K ,

where

, , Jl v i,k (») I ~°-9K  I va  (") 1̂  °-9V ^e,(« ) = \ ’ , (3-13)
0 otherwise

In (3-13) v,j((n) is the /7-th sample o f the signal in the &-th permutation, Vs represents the 

nonlinear amplifier saturation level. The system requires transmitting log2 K  bits as side
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information for each data block which is the same as the required side information for the 

SLM method in OFDM.

Simulation results show that this method considerably improves the envelope 

distribution and reduces the out-of-band radiation. The improvement achieved by the 

proposed SLM method for SM with K= 4 is evident in Figure 3-20 in the form o f the 

complementary cumulative distribution function. The probability o f having a large peak 

is reduced by using the proposed SLM.

Out-of-band radiation o f SM with modified SLM and OFDM with original SLM 

method for 16-QAM constellation are depicted in Figure 3-21, Figure 3-22 and Figure 

3-23. In these figures we considered power back-off o f 5 dB for an amplifier with p 0 = 2 

and p 0 = 10 and back-off o f 7 dB for p 0 =10 .  SLM method can significantly decrease

the out-of-band components, especially the first side lobe which causes interference for 

adjacent channels. These figures also show that for the same power back-off, the out-of- 

band radiation reduction achieved by the modified SLM algorithm in SM is larger than 

the reduction by original SLM in OFDM. The modified SLM method also reduces the 

required back-off in SM from 5.5 to 5 dB for the new reduced PSD. The corresponding 

value for the original SLM method in OFDM would be 5.3 dB. These values change to 8 

and 7.7 dB for SM and OFDM when the original back-off is 7 dB. We note that for a 

given power back-off, SLM is more effective for an amplifier with large p 0, which is 

more linear up to the saturation level. In fact, SLM seems to be o f little value for Rapp 

model with p 0 = 2 and also for Ghorbani model. This is due to the fact that all K  signals 

generated in the SLM method face the same amount o f nonlinearity up to the saturation
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Figure 3-20. Modified SLM effect on CCDF o f amplitude of Serial M odulation, K = 4.
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Figure 3-21. Reducing out-of-band radiation by SLM, p 0 =  2 ,  BO=5 dB, K =  4 , 16-QAM.

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



10

w ithout SLM 
  with SLM

-1 0

-2 0

.OFDM

-4 0

SM
a -5 0

-6 0

-7 0

-8 0
0.5 2.5 3.5

freq u en cy  n orm alized  to  sym bol ra te

Figure 3-22. Reducing out-of-band radiation by SLM, p 0 = 10, BO=5dB, K = 4 , 16-QAM.
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Figure 3-23. Reducing out-of-band radiation by SLM, p 0 = 10, BO=7 dB, K =  4 , 16-QAM.
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level.4 We use this fact to suggest a predistortion method in the next section to improve 

the performance o f the proposed SLM method especially for smaller p 0’s.

It is noteworthy that we also applied the new selection rule to the original SLM method 

for OFDM and found it not as efficient as the original selection rule. However by 

changing the multiplication by PN sequence to permutations, we were able to get results 

similar to those o f original SLM method. It is good to mention that as confirmed by 

simulations the simplification o f the SSE criterion to the form o f (3-13) does not cause 

performance degradation.

3.5.4 Improvements from Predistortion

Predistortion is a well-known technique for the systems with nonlinear amplifiers [43], 

The predistorter is placed prior to the amplifier and compensates for its nonlinearity. In 

this method, the input signal o f the amplifier is deliberately predistorted to compensate 

for the nonlinear distortion caused by the amplifier. The ideal predistortion function is the 

inverse o f AM/AM or AM/PM characteristics o f the power amplifier so that the output 

signal would be linearly amplified up to the saturation level.

There are different categories o f predistorters. Using a fixed look-up table as a

predistorter is one o f the simplest schemes. This method is efficient only if  the AM/AM

and AM/PM curves remain constant. I f  the amplifier characteristics change with time,

adaptive algorithms should be performed to find the inverse curve o f the amplifier

characteristics. Recursive Least Square (RLS) and Least Mean Square (LMS) algorithms

are among the most well-known methods for adaptive processing. RLS converges faster

4 This fact is still valid if we change the threshold ( v t th) or if  we use the non-simplified SSE criterion in 

(3-12).
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than LMS although it is more complex. We can categorize predistorters to memoryless 

ones and those with memory. In this section we consider a look-up table as a memoryless 

predistorter which linearizes the AM/AM characteristic below the saturation level.

By using predistortion we prevent the performance degradation generated by nonlinear 

characteristics up to the saturation level.5 As discussed in section 3.3 (Figure 3-5 and 

Figure 3-6), the first side lobe o f the PSD of an amplifier with smaller p 0 is more 

destructive than that o f the one with larger p Q. On the other hand, for higher frequencies, 

out-of-band radiation would be lower for those with smaller p 0. However, usually for all

amplifiers the out-of-band radiation at these frequencies is attenuated enough to be below 

the desired out-of-band radiation mask. By using a predistorter and making the amplifier 

linear up to the saturation point, we are able to reduce the first side lobe.

Another advantage o f using predistorters is to improve the performance o f the SLM 

algorithm. If  we compare the performance o f SLM for amplifiers with different p 0 ’s, we 

will find that the larger the p 0 is, the more efficiently the SLM method reduces out-of- 

band radiation. When p Q is small, a large portion o f the out-of-band radiation is

generated by the amplifier nonlinearity before the saturation level. SLM is o f little value 

in this case. The reason is that any signal generated by SLM, even if  its envelope is below 

the saturation level, is distorted by the nonlinearity before the saturation level. The only 

solution for this effect is to compensate for the nonlinearity o f the amplifier. Based on 

this fact, we suggest using a predistortion technique in addition to the SLM method to 

make the amplifier perfectly linear up to the saturation level.

5 Refer to Figure 3-11 and Figure 3-13.
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Figure 3-24 and Figure 3-25 show the PSD of a SM system when an ideal predistorter 

and SLM are employed separately or together for an amplifier with p 0 = 5 with power

back-off o f 5dB and 7dB respectively. Since the predistorter is ideal it completely 

compensates for the nonlinearity o f the power amplifier and the overall effect o f the 

amplifier and predistorter is linear up to the saturation level.

For back-off o f 5dB, as opposed to the case for back-off o f 7 dB, the linearized HPA 

clips the signal selected by SLM. The considerable efficiency for back-off o f 7 dB is due 

to the fact that there is no nonlinearity when the signal is below the saturation level 

because of the predistorter. Besides, the SLM algorithm performs well enough that the 

envelope o f the selected signal never exceeds the saturation level. This makes the out-of- 

band radiation completely negligible.

3.6 PAPR properties o f SM-CDMA and MC-CDMA

The combination o f OFDM or SM with code division multiple access introduces two 

high rate techniques known as multi-carrier CDMA and single carrier direct sequence 

CDMA (which we will refer to as SM-CDMA). Both techniques benefit from the 

multipath- and interference-resistant properties o f spread spectrum and the appealing 

frequency domain receiver simplicity o f OFDM/SM systems [66] [67]. As we only 

consider the up-link, the selection o f the spreading codes whose combination generates 

the smallest PAPR in the base station is not in the scope of this chapter. Since there is an 

IDFT operation at the transmitter, a MC-CDMA signal, like OFDM, has large PAPR. 

The advantage o f smaller PAPR in SM versus OFDM is implicitly extended to SM- 

CDMA versus MC-CDMA in different papers [68] [69] [70] [71 ]. In the rest o f this chapter
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Figure 3-24. Effect of SLM and predistortion on reducing out-of-band radiation, p 0 = 5 , BO= 5dB,

K =  4 , 16-QAM.

¥

oa.
Cl

10
 without SLM and predistorter
 SLM only
—  predistorter only 

 SLM and predistorter

0

-1 0

-2 0

-30

-40

-50

-60

-70

-80
3 3.50 0.5 1 1.5 2 2.5

frequency normalized to symbol rate
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we show that this extension is not always valid due to the PAPR increase in SM-CDMA 

(compared to that o f SM) caused by the spreading. We show that this increase in the 

PAPR depends on both constellation type and spreading method. We consider equal-level 

constellations like QPSK and Offset QPSK (OQPSK) and multi-level constellations like 

16-QAM as well as real and two complex spreading methods. To clarify the reason for 

the PAPR difference when various spreading methods are used, we derive the conditions 

in the original discrete data block which lead to a peak occurrence in the analog signal. 

This condition gives us a key to selecting the proper spreading method to generate 

smaller out-of-band radiation, thereby allowing use o f an amplifier with smaller back-off. 

To the best o f our knowledge there is no comprehensive investigation about the spreading 

effect on the PAPR o f SM-CDMA and the comparison with that o f MC-CDMA in the 

literature. Only in one section o f [67] there is a simulation-based comparison between the 

PAPR of MC-CDMA and differentially encoded DS-CDMA.

3.6.1 SM-CDMA

We consider a system in which the equiprobable and i.i.d data bits are mapped to 

symbols an and spread into chips d n by a spreading code Gk with length L. Then the

chips may be multiplied by a Pseudo-Noise (PN) sequence, 17. Throughout this thesis,

the function / ( x )  = [x] rounds x to the largest integer smaller than x , Sr = i * ^  r ~ °
[0 / /

fl if r > 0and u(r) = \ ■ We consider real and complex spreading. In real spreading (R-
[0 if r < 0

SP), after multiplication by the Walsh code, the signal is multiplied by a real-valued
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binary PN-sequence. In complex spreading I (C-SP I), real and imaginary parts are 

multiplied by different binary PN-sequences while in complex spreading II (C-SP II) the 

complex signal is multiplied by a complex PN sequence [72][73], These spreading 

methods are presented in Figure 3-26 in which the multiplication o f the symbol and 

Walsh code, aG , is presented by I  + j Q . The chips o f real and complex spreading I and 

II are calculated based on (3-14),(3-15) and (3-16) respectively.

r,

Real spreading

r ,

Q -----►

>■
Complex spreading I

Complex spreading II

Figure 3-26. Different Spreading methods.
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d (m-VL+k = a mG kTl ( i t n - \ ) L  +  k ) ,  (3-14)

d (m-\)L+k = K e (.am)GkTx{ ( m - \ ) L  + k) + j l m ( a m)GkT2(( tn - l)L  + k),  (3-15)

d im-m+k = amGk (r, ((m -1  )L + k) + j T 2 ((m -1  )L + k ) ) . (3-16)

The chips are transmitted in blocks including NL chips where each block is preceded by 

a cyclic prefix with length n cp . This length should be at least equal to the channel impulse

response. By using a pulse shaping filter (h(.))  the discrete signal is converted to an 

analog signal as:

NL-l ^
s ( t )=  ^ d nh ( t - n T c),

n = - N cp

where d n and Tc present the w-th chip and the chip duration respectively. For a large 

enough over-sampling rate, the analog signal can be approximated by the over-sampled

NL~l ^
signal as s = Y  d h0  m n m -n

n=0

3.6.2 PAPR of SM-CDMA

For SM-CDMA, similar to SM, the PAPR is larger for multi-level constellations, and it 

would grow after filtering and D/A conversion, with high peak values after filtering 

typically being associated with the occurrence o f several successive large-amplitude 

constellation points [16]. The peak o f the signal after the D/A converter depends on both 

the amplitude and the phase o f the consecutive waveform samples in the original block. 

First we consider a SM block and find the condition under which a peak occurs in the 

analog signal. We assume the original data block is a = [a0...ar ..aN_x ]. For simplicity we

60

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



consider an equal-level constellation in which a: = y[Ee ' 0>. I f  we over-sample6 the signal

with rate M to  generate the vector s = [ s 0 . . . s i . . . s NM_i ] , we have:

an if m = nM

^  an hmn otherwise
MN H=0

where h m n ’s , the samples o f the pulse shaping function, are:

= e

(  m ^
sin 7 t ( n  )

V M  j
/  \  . i n .  m '

sin — (n  )
IIV M

The phase o f the pulse shaping filter samples (phase o f hmn) can be computed as:

_ mn mn 
~MN +

(  [^] ^
(-1 )M -1 

2
7i + 0„ where 0  = .

V )

nn
~N
nn
N

if n <m / M 

+ n if n >m !M

Therefore the magnitude o f the m-th component o f the over-sampled signal can be 

expressed as:

= -

MN
m + ~ )- N + Z i V -

n > m /M

To maximize | s m | , the components in both summations should have the same phase in 

order to add up constructively. Equivalently, the following equations should be satisfied:

0„+1 =

71
6  n , n  +  l < m / M  o r  n , n  +  \ >  m l M

N
n6 -------1-n  n < m l  M  <n + \

I " N

6 For over-sampling we first take the FFT of the signal. We add (M-l)N zeros at the end of the FFT block. 
Then we take the IFFT of the signal.
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For large N, — is negligible and the conditions will be simplified to:
N

0n n,n + l < m / M  or n,n + l > m / M

6 „ + n  n < m l  M  < n  + \
(3-17)

In other words, the largest analog peak occurs when in the original data block there is a 

set o f consecutive equal-phase symbols followed by another set o f consecutive equal- 

phase symbols. Additionally, the phase difference between the components o f the two 

sets should be n . For instance the analog signal exhibits a large peak in the middle o f the

a ’ as in a -  [+a + a... + a - a  - a . . . - a ] .  The use o f the cyclic prefix in block-systems, 

which produces the appearance o f circular convolution, generates a fundamental 

difference between these systems and non-block systems. In block-systems the pulse 

shaping filter is shifted circularly and the tail o f the function is folded back upon itself. 

The duration o f the pulse shaping filter is also confined within the block duration. 

However in the non-block systems it decays over an infinite duration. Therefore the 

combination o f symbols in the data sequence which results in a large peak in the analog 

signal, are different in these two systems. In non-block systems, the combination is as 

follows [72]:

... + a - a  ... + a - a  + a  + a  - a  + a  . . . - a  +a...

In this case, to have a large peak every two consecutive symbols should have the phase 

shift o f n  except the two symbols in the middle (underlined in the sequence) which have 

equal phases.

block if  the original block consists o f N/2 symbols o f ‘+ o ’ followed by Nil  symbols o f ‘-
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If  (3-17) is not completely satisfied7, the signal exhibits a local peak which is less than 

the largest possible peak. This local peak can generate some out-of-band radiation. We 

should also note that (3-17) presents the condition for the SM signal.

In SM-CDMA, the original block is d_ = [d0.. .dj.. .dNL_x ]. Therefore a condition similar to

(3-17) between the chip phases should be satisfied. Since the consecutive chips which are 

related to one symbol are correlated, the probability o f the occurrence o f consecutive 

equal-phase chips in SM-CDMA is different from that o f SM. This probability depends 

on the spreading method. In the following sub-sections we investigate the effect o f 

different spreading methods on this probability for the constellations QPSK, OQPSK and 

16-QAM.

3.6.2.1 QPSK

Based on (3-14), in real spreading the chips {d(m_l)L+k) related to one symbol ( a m) will 

be equal either to am or to ame ,n. Because o f the different effect o f PN sequences (T, and

jk!L
T2) in complex spreading I the possible constellation points for the chips are a me  2 for 

k = 0,..,3. We consider J  consecutive symbols or chips as bn+j for j  = for SM and 

SM-CDMA respectively. If  PSM , Prcal and Pcomplex show the probabilities o f having the

f +  G /  =  1 [~— 1
pattern o f b . = < ’"n M which generates a local peak for SM, SM-CDMA

”+J H  J = f i r l+ W

7 For instance for a peak at the w-th sample o f  over-sampled signal, instead o f having |"je."| symbol o f  “+a” 

followed by ■'V-|A~| symbol o f  “-a”, we have m x symbols o f  “+a” followed by J - m x symbols o f  “-a” where 

J < N  and w,<[".g."] (even if  J « N ) .
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with real spreading and SM-CDMA with complex spreading respectively, these 

probabilities can be expressed as:

p  - p  - - LS M  complex  ’

p,-  = ^  ‘ H x V  > + ( j  * -« (• / ,) ) .

where r '0 and r \  are remainders o f the division n and J , by L respectively 

( J ] = J - L -  r \ ). It is easy to see that PSJW = P ,ex < Prea, ■ For instance for the pattern

‘+a +a -a -a” when J=4, Z=8 and rn = 0 we have Pc.. = P  , = — while p  , = — . The
’ 0  S M  complex  256 32

difference between the probabilities increases for a larger J. We note that in complex 

spreading II, the chips are not equal-magnitude. However, since the difference between 

the chips amplitude is not considerable, as confirmed by simulations, both complex 

spreading methods for QPSK have similar PAPR.

3.6.2.2 OQPSK

In conventional non-block-wise single carrier systems, to reduce the PAPR we can 

employ OQPSK since there is no n  phase shift between the successive symbols. 

Prevention o f simultaneous changes in the sign o f inphase and quadrature components is 

achieved by delaying the quadrature component half of symbol duration compared to the 

inphase component. To use OQPSK in SM-CDMA, as depicted in (3-18) the delay 

between the inphase and quadrature components has to be equal to half o f the chip period 

( Tc):
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N L - 1 J 1

s ( t )=  £  RQ(dn) h ( t - n T c) + j l m ( d n) h ( t - n T c - ^ ) .
n = - N 2*

(3-18)

As we prevent any n  phase shift between the real and imaginary parts o f the signal in 

OQPSK, we expect that, unlike QPSK, real spreading performs well in terms o f PAPR.

(after spreading by Walsh code and before multiplication by PN sequence T;.) overlaps in 

time with two quadrature components (Qn-i and Q„). Based on (3-15) and (3-16) we can 

demonstrate two consecutive discrete chips (after multiplication by PN sequences) in 

both complex spreading methods. These discrete chips are presented in (3-19) and (3-20) 

for complex spreading I and II respectively.

As can be seen in (3-19) for complex spreading I, the inphase component (/„!",(«)) is

T
similar in both intervals. Therefore the mentioned inphase and quadrature parts can

not change their signs simultaneously. However in complex spreading II, as can be

Due to the delay in the quadrature component in OQPSK, the inphase component (/„)

s(t) = -
I J ' l (n) + j Q nM n )  { n- \ ) Tc < t < { n - - ) T c

/ , r , ( « ) + y f i ,r 2(«) (n - ]- ) T r < , < n T c
(3-19)

5(0 = ■

(3-20)
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confirmed by (3-20), n  phase shifts are possible between the inphase and quadrature 

components. Therefore we expect that by using complex spreading II the PAPR o f SM- 

CDMA with OQPSK will be larger than that o f complex spreading I.

3.6.2.3 16-QAM

In (3-17) for the sake of simplicity we considered equal-level constellations. In multi

level constellations the high peaks depend not only on the phase o f the original data but 

also on their amplitude. Usually the largest peak is associated with the occurrence o f 

several successive large amplitude symbols. Since in real and complex spreading I we 

have \ d (m_i)L+k |=| am ] (for &=0,...,Z-1), in equal-level constellations all the chips have

equal magnitudes. However in multi-level constellations the larger the original symbol 

amplitude is, the higher the chip amplitude will be. Assume Anmx is the largest amplitude

in the original constellation and Pm is the probability o f having a symbol with amplitude

of Anmx in the original constellation. Let Psm-cdma and P sm be the probabilities o f having

two consecutive chips or symbols with the largest amplitude ( Amm) o f the original

constellation before the D/A in SM-CDMA and SM, respectively. We have:

P SM~ ^(l Qn H an+\ l= ^max ) = '

The corresponding probability for SM-CDMA is:

P SM-CDMA = -̂ (l d„ |=| d n+l |= Amax)

- di </. h i rfi-r*D^
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We can easily show that for L>1 and P,n < 1 , P'sM-CDMA>P'sM (For equal-level

constellations where Pm - 1, P'SM_CDMA = P'su ). Therefore in multilevel constellations the

probability o f having a large peak in SM-CDMA is larger than in SM even for complex 

spreading. By a similar justification to the one in section 3.6.2.1, we can claim that the 

effect o f real spreading in increasing the PAPR is more than for complex spreading.

3.7 Simulation results 

To show the effect o f different spreading methods on PAPR, we compare the out-of- 

band radiation and the amplitude CCDF for SM-CDMA, MC-CDMA and SM by 

simulation. The simulation parameters are as follows. Each data block contains 256 

symbols selected from a QPSK, OQPSK or 16-QAM constellation. To have a fair 

comparison, we assume that the number o f symbols in a SM block is equal to the number 

o f chips in a SM-CDMA block. Signals are over-sampled with a factor o f M  = 8. After 

adding a cyclic prefix, the data block is multiplied with a raised cosine time window with 

the roll-off factor o f a , =0.125. The spreading factor is L = 8. We use the Rapp model

with p 0 = 10 and back-off o f 5dB. Figure 3-27 and Figure 3-28 depict the CCDF of the 

amplitude o f SM, MC-CDMA and SM-CDMA with real and complex spreading (I and 

II), when the constellation is QPSK/OQPSK and 16-QAM respectively. Figure 3-29 and 

Figure 3-30 show the corresponding out-of-band radiations.
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Figure 3-27. CCDF of the amplitude for SM, SM-CDMA and MC-CDMA, QPSK and OQPSK

constellation.
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Figure 3-28. CCDF o f the amplitude for SM, SM-CDMA and MC-CDMA, 16-QAM constellation.
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Figure 3-29. Out-of-band radiation o f SM, SM-CDM A and MC-CDMA, QPSK and OQPSK

constellation.
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Figure 3-30. Out-of-band radiation of SM, SM-CDMA and MC-CDMA, 16-QAM constellation.
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As discussed in section 3.6.2.1, for QPSK we expect the out-of-band radiation o f SM- 

CDMA with complex spreading to be smaller than that of real spreading. It is observed 

that by using complex spreading the CCDF o f SM-CDMA will become similar to that of 

SM.

It can be seen that the out-of-band radiation o f OQPSK is smaller than that o f QPSK for 

real and complex spreading I. Based on the discussion in section 3.6.2.2 we expect an 

increase in PAPR when complex spreading II is used in OQPSK which is confirmed by 

Figure 3-27 and Figure 3-29.

As explained in section 3.6.2.3, for 16-QAM for all spreading types the out-of-band 

radiation o f SM-CDMA is larger than that o f SM. For the same reason as QPSK the 

PAPR and out-of-band radiation o f real spreading is larger than those o f complex 

spreading. As presented in Figure 3-28 and Figure 3-30 the difference between complex 

spreading methods is almost negligible.

As discussed earlier, the advantage o f SM versus OFDM is avoiding signals with high 

fluctuations. Taking into account that the PAPR of SM-CDMA can be larger than that of 

SM, we investigate if  SM-CDMA has the same benefit compared to MC-CDMA. MC- 

CDMA and OFDM have analogous amplitude distributions because the peaks are 

generated by adding signals constructively in the IFFT operation. By comparing the out- 

of-band radiation in Figure 3-28 and Figure 3-30, we conclude that SM-CDMA is a more 

efficient method than MC-CDMA in terms o f PAPR when complex spreading is used and 

especially for equal-level constellations like QPSK and OQPSK. However this efficiency 

no longer exists when the constellation is 16-QAM and real spreading is taken into 

service.
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A more practical approach to compare the mentioned cases is looking at the minimum 

HPA back-off value required to satisfy a specific spectral mask. Spectral masks 

determine the allowed amount o f out-of-band radiation.

Table 3-1 presents the required back-off (found by simulations) to comply with a spectral 

mask to guarantee that the PSD does not exceed -40 dB. The results are completely 

consistent with our previous discussion about different spreading methods. The worst 

SM-CDMA case, which is 16-QAM with real spreading, requires about 2.1dB increase in 

the HPA back-off compared to that o f SM. As can be seen the required back-off in this 

case is 7.5 dB which is very close to that o f MC-CDMA. The best case is SM-CDMA 

with complex spreading I with OQPSK which needs an amplifier with back-off o f 4.2 dB.

It is worthwhile to mention that in SM and SM-CDMA we can reduce the required 

back-off (or guarantee achieving smaller out-of-band radiation) by using more efficient 

pulse shaping filters. For instance by using a raised cosine filter with roll-off factor o f 0.1 

or 0.2, we can decrease the required back-off value by 0.5 and 1 dB respectively. 

However this is achieved at the expense o f using some extra bandwidth.

As shown in section 3.6.2, out-of-band radiation o f SM-CDMA may be larger than that 

o f SM. The original SLM has been used to reduce PAPR of MC-CDMA [74][75].

Table 3-1 Minimum required HPA back-off value for out-of-band radiation less than -40 dB

SM
SM-CDMA 

Real spreading

SM-CDMA 

Complex spreading I

SM-CDMA 

Complex spreading II
MC-CDMA

QPSK 4.4 dB 5.5 dB 4.8 dB 4.6 dB 7.7 dB

OQPSK 4.2 dB 4.4 dB 4.2 dB 4.6 dB —

16-QAM 5.4 dB 7.5 dB 6.4 dB 6.3 dB 7.7 dB
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Similarly we can use the modified SLM method, proposed in section 3.5.3, to reduce 

out-of-band radiation o f SM-CDMA. This method can be used for SM-CDMA with the 

following metric:

N L M  N L M

SSEt = £ l  ek(n) I2 = £ l  vIJt(n)-v^(n) |2,
«=1 n=1

where k is the index o f each permutation, n is the sample index and L is the spreading 

gain. Figure 3-31 depicts the effect o f using the modified SLM method to reduce out-of- 

band radiation o f SM-CDMA when the constellation is 16-QAM and p 0 =10 and four

(K=4) permuted blocks are generated in the transmitter for each original block. As 

depicted, the out-of-band radiation has been significantly reduced such that for 16-QAM 

and binary spreading which was the worst o f the mentioned cases, out-of-band radiation 

has been made equal to that o f SM. Equivalently we are able to use an amplifier whose 

back-off is 2 dB less than that o f the original one and generates the same out-of-band 

radiation. Therefore even for the case that the amplitude distribution o f SM-CDMA is 

worse than SM, we can improve its PAPR by using the modified SLM method. Thus the 

system can use amplifiers with smaller power back-off values.

3.8 Conclusion

In this chapter, we investigated the effect o f nonlinear amplifier on the performance and 

out-of-band radiation o f SM and OFDM as well as SM-CDMA and MC-CDMA. We also 

proposed a modified version o f SLM algorithm to reduce the out-of-band radiation o f SM 

and SM-CDMA.
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Figure 3-31. Out-of-band radiation reduction of SM-CDMA using SLM method.
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Chapter 4 Turbo Frequency Domain 

Equalization

This chapter is partly background review (section 4.1 and section 4.3.1 in which we 

describe turbo equalization and LDPC codes respectively). Section 4.2 is a prelude to 

section 4.3 and Chapter 5. In section 4.3.2 and section 4.3.3 we compare the performance 

and complexity o f adaptive and non-adaptive TFDE with different coding methods 

respectively.
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4.1 Turbo Equalization

To combat the effect o f inter symbol interference, different equalization methods have 

been proposed; among them are linear, decision feedback and maximum likelihood 

Equalization. Turbo Equalization, suggested in 1995, is a method in which the 

equalization and decoding are performed jointly, soft information being exchanged 

between the equalizer and the decoder iteratively [45]. The fundamental difference 

between this method and the conventional equalization methods is the use o f soft 

information provided by the decoder to achieve better performance in the equalization. 

The system can achieve good performance by using an efficient but complex Maximum 

A Posteriori (MAP) equalizer. By replacing the MAP equalizer with a minimum mean 

squared error (MMSE) equalizer in a soft interference cancellation (SIC) scheme the 

system is less complex yet achieves good performance [46][55]. Implementing the 

MMSE equalizer in the frequency domain has been proposed to make the system even 

less complex [47][48].

Figure 4-1 depicts the block diagram of a turbo equalizer. The soft information 

generated by each module is used as a priori information by the other one. As iterations 

continue, if  the reliability o f the decoder decisions increases, the equalizer continually 

improves the reliability o f its output.

4.2 SIC-Turbo Frequency Domain Equalization

We consider a system in which the equiprobable and i.i.d data bits are first encoded by 

an error correcting code. Each K j coded bits ( cllk,k = 1,..,AT,) are mapped to symbols

(x„) with average power a ] selected from the constellationS including 2 K> points. For
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BPSK S = {+1,-1}, for 4-QAM S = {±l±j }  and for 16-QAM, .S' = {sr + j s i} where 

sr,si e {±1,±3} and bits are mapped to symbols by Gray mapping. The modulated symbols 

are transmitted in a block with length N  which is preceded by a cyclic prefix whose 

length at least equals the channel impulse response.

N „ - 1

The sampled channel impulse response is h[n] = ^ h kS[n~ k] and the channel noise is
k=0

white Gaussian with variance o f a 1. H k is the k-\h component o f the channel frequency 

response which is the DFT o f the sampled impulse response. C h denotes the N x N  

circulant channel matrix8 C h = CircN[h0...hN „,]. In what follows, we define function

A 1 ^  — 
Q(.) as Q ( x ) = - j =  fe 2 dt .

V 2n

4.2.1 Non-adaptive TFDE

Turbo equalization, like any other turbo processor includes two soft input soft output 

(SISO) processors exchanging soft information. Since the optimum solution o f MAP 

equalization is too complex, we use the suboptimal but effective MMSE equalization in a 

soft interference cancellation scheme [55]. Due to the simplicity o f the equalization in the 

frequency domain compared to the time domain, we implement the MMSE filter in the 

frequency domain. This requires block transmission which allows us to use FFT and 

IFFT to convert the signals from time to frequency domain and vice versa. As presented 

in the turbo frequency domain equalizer block diagram in Figure 4-2, in the feedback 

loop a soft estimation o f the interference signal is generated and subtracted from the

' Refer to Appendix B for more details.
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Figure 4-1. Block diagram o f a turbo equalizer.
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Figure 4-2. Block Diagram o f SIC Turbo Frequency Domain Equalizer.
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received signal. The remaining is a residual ISI which is removed by the MMSE 

frequency domain equalizer. The vector o f equalizer ( w j  coefficients in the time domain 

are as follows [55]:

=((o-2I ^ + C , v „ C f  + ( a 2 - v n) s s Hy ' s a 2)*, (4-1)

where s' = C J1  0 lx/v_,]T and 0MxA,is an M x N matrix with zero elements and (.)T is the 

transpose operator. The details o f (4-1) can be found in [55]. In (4-1), v nis a N x N  

diagonal matrix whose w-th diagonal element, v„ is defined as 

Cov(xn,xn) = E[xnx*n\-1 E(xn)\2. To obtain vn, E(xn) (which is represented by xn) and 

E{xnx*n) should be determined. Without a priori information, symbols (x„)  are 

equiprobable. Hence xn = 0  and <j2d . In the presence o f a priori information,

xn which is the soft estimation o f the n-th symbol is calculated as:

xn =E(xn \ zn) = ^ p (xn = s \ z n) x s . (4-2)
seS

The value of P(xn -  s \ z n) can be determined based on each encoded bit LLR generated 

by the decoder. We denote the LLR o f the ft-th bit o f the «-th symbol by Xn k which is 

defined as:

P(cnk = 0 | z j
, = In — ------ — . (4-3)

P{c„,k = \ \ z „ )  1

The magnitude o f Xn k determines the reliability o f the information. The larger the 

difference between P{cnk = 0 1 z„) and P{cnk = 11 z n) is, the larger the value o f LLR will
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be. Ultimately, when P(cnk = 0 | z„) = 1 and P(cnk = 11 z n) = 0, Xnkapproaches plus

infinity. On the other hand, when the probabilities are equal, LLR would be zero

indicating that there is no information about that specific bit.

Based on (4-3) the a priori probabilities can be expressed as:

a g'W (4-4)
P „ ,k  =  P i C n ,k  =  0  I Z n )  =   ----------—  ■

1 + e "•

1 -  Pn,k = P K k  = 1 I )  =  — T 7  ‘ ( 4 ' 5 )1 + e "■k

By replacing (4-4) and (4-5) in (4-2) we can find the soft estimation o f the w-th symbol 

for different constellations. For BPSK it would be:

x* = p n ,i  -  (1 -  ̂ ) = t a n h ( ^ ) . (4-6)

When the signal is selected from a 4-QAM constellation, we have:

= P'A -  (1 -  P'J) + j [ p n,2 -  (1 -  Pn,2 )] = t a n h ( ^ )  + j  t a n h ( ^ ) . (4-7)

Since the system for 4-QAM can be seen as two dimensional BPSK, in the rest o f this 

chapter and the next chapter we only consider BPSK and 16-QAM. For 16-QAM, 

considering Gray mapping presented in Figure 4-3, the conditional probability o f each 

symbol, P(xn = s \ z n) , can be expressed based on bits’ probabilities as:

k= \

where b k is the k-th bit associated with the symbol s . For instance:

P(Xn = - 3  + 3 j \ z „ )  = PnAP„,2P»,3PnA »
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Figure 4-3. Gray mapping for 16-QAM.

P(xn = - \  + 3 j \ z „ )  = P„,PnaP„,3 (1 -  P„,4 ) ■

By replacing these probabilities in (4-2), the real (Re(.)) and imaginary (Im(.)) parts of 

soft estimated symbol are found as:

Re(^„) = (1 ~ 2Pb>3 )(1 + 2Pn 4),

Im(xn) = (2Pn l - 1)(1 + 2Pn l ).

Equivalently we can rewrite the soft symbol o f 16-QAM based on the bit LLR as:

A < (xn = - t a n h ( - ^ )
X   ̂

2 + tanh(—̂ - )
A (  

+ 7‘ta n h ( - ^ )
A, . '  

2 + tanh(——)
v  ^  J

(4-8)

To find vn we should also evaluate E{xnx*n). In equal level constellations like BPSK or 

4-QAM, even in the presence o f a priori information, £ ’(x„x*) is constant and equal to c rj. 

For 16-QAM, it depends on the bits’ LLR and mapping. For the mapping illustrated in 

Figure 4-3 it can be written as:
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£ ( - V C ) = 2 > |2 = S \Zn)
s&S

~ $P„,2 + 8P„4 + 2 (4-9)
X X

= 4 tanh ( ~ ~ )  + 4 tanh(—̂—) + 10

To find the equalizer parameters in the frequency domain, we multiply (4-1) by the FFT 

matrix ( F )  with elements o f Fik = exp(-y 3 ^ ! — ——) for k,i  = 1,...,A  . The design

of the frequency domain equalizer can be with or without considering the feedback 

information. Accordingly the equalizer would be either adaptive or non-adaptive during 

the iterations.

If the MMSE estimation is performed without considering the a priori information, as 

presented in Appendix B the equalizer coefficients which are fixed during the iterations 

are as follows [48]:

Wt ------,*  = l,...,tf.
a  \u  |2 (4-10)

4.2.2 Adaptive TFDE

To improve the performance o f the equalizer structure in (4-10), we can use the a 

priori information. As discussed in Appendix C, if  we replace v„ by vn = vI ,V / i V  where
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1 ^ 9  Av = — , define A = <t 2I ;VxjV + vCAC f  and apply the matrix inversion lemma (MIL)
^  n=1

to (4-1), we will have:

w , = ( K A ' 1s ) ’ , (4-11)

2

where k  = ----------- --------------By converting the formula to the frequency domain, the
1 + (<rj -v )'s"A “‘s

filter coefficients would be:

trk = K — (4-i2)
<y + v I i j  k |

where K is a constant for all &=l,...,Af. For both adaptive and non-adaptive structures, 

the estimated symbol in the frequency domain at the output o f the equalizer would be:

Zk = Wk(Rk - R k)+^Xk =WkRk -WkHkX k +jL<Xk, (4-13)

where X = [A, ...XN ] = FFT(x) = FFT{[xx ...xN ]) and

=  (4-14)

In the following section we compare the complexity and performance o f adaptive and 

non-adaptive TFDE. The coding method we used in TFDE in the rest o f this thesis is 

LDPC codes. Since convolutional codes are usually used in turbo equalizations, we 

compare the performance and complexity o f TFDE with these coding methods for BPSK 

to justify using LDPC codes in TE.

As mentioned in Appendix C, if  we change the criterion from minimizing mean squared error to 
minimizing average mean squared error, without using this approximation we achieve a similar equation 
for the equalizer [76],
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4.3 Comparison o f TFDE using different coding methods

Traditionally the coding method used in turbo equalization is convolutional coding. 

Recently other methods such as LDPC codes have been suggested for the 

encoder/decoder parts [50][51][52]. However in the literature, there is no 

complexity/performance comparison between the two mentioned turbo systems. 

Furthermore, in all papers using LDPC codes, the equalization was in the time domain 

while we consider SIC-TFDE. In section 4.3.1 we briefly review LDPC codes, in sections

4.3.2 and 4.3.3 we compare the performance and complexity o f the two mentioned 

systems.

4.3.1 Introduction to LDPC codes 

LDPC is a powerful coding method especially when the code length is sufficiently large 

[78]. It is a linear block code specified by its sparse parity check matrix H . Code words 

should satisfy parity check equations determined by cH r = 0 in which c is a code word 

and (,)T presents the transpose. The parity check matrix o f a regular (icj c) LDPC code has 

exactly ic and j c ones in each column and each row respectively. Thus each bit is involved 

in ic parity check constraints and each parity check equation includes j c bits. In irregular 

codes, all columns and rows o f H  do not contain the same number o f ones necessarily. A 

very helpful method for representing the parity check matrix and the relation between bits 

and parity check equations is the Tanner graph. The Tanner graph o f a LDPC code with 

the following parity check matrix (H )  is depicted in Figure 4-4.
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Figure 4-4. Tanner graph of the code with parity check matrix of H .

1 1 1 1 0 0 0 0 0 0 
1 0 0 0 1 1 1 0 0 0

H =  0 1 0 0 1 0 0 1 1 0
0 0 1 0 0 1 0 1 1 0
0 0 0 1 0 0 1 0 1 1

The parity check equations for this code are as follows:

c x + c2 + c3 + c4 = 0, 

q  + c5 +  c 6 + c7 = 0, 

c 2 + c s + c g + c g = 0, 

c3 + c 6 + c8 + c9 = 0, 

c4 + c7 + Cg + c10 = 0.

(4-15)

In Figure 4-4 squares and circles represent the check nodes and the bit nodes 

respectively. The lines connecting these nodes show that each bit is involved in which 

parity check equations. For instance as presented in (4-15) the first, second, third and 

fourth bits are involved in the first parity check equation. It can also be confirmed that the 

first bit is involved in first and second parity check equations. A cycle in the Tanner 

graph is a path which starts and ends at the same bit node. Ideally, the Tanner graph 

should be cycle free which is not the case in practical systems.

The LDPC codes can be decoded with reasonable complexity by solving the parity 

check equations iteratively. The decoding is based on the Message Passing Algorithm
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(MPA) in which the LLRs are passed as message between the bit nodes and the check 

nodes iteratively. The MPA is based on the tanh rule. Let C be the parity check o f the bits 

[clc2...cKo ]. If  Xc and [XlX2...XK ] represent the LLR of C and the code bits respectively,

it can be proven that the following equation should be satisfied [78]:

iteratively. The above algorithm which is based on the MAP criterion is known as the 

Belief Propagation (BP) algorithm. Equation (4-16) can also be expressed as:

It can be proven that g(x) satisfies the following properties [78]:

• If  x > 0 then g(x)  > 0.

• g(x)  is monolithically decreasing such that g(0) = o o  and g ( o o )  = 0 .

• g(g(*))  = x.

• If  A, «  X2 then g(/1,) »  g(X2) .

Xc = -2  tanh 1 ]^[ tanh( '-)
v J

(4-16)

For cycle free codes, we have [78]:

(4-17)

in which X ij is the LLR of the y-th bit node which is passed to the /-th check node.

Xij  can be computed recursively which makes it possible to decode the LDPC codes

\

K  = - n - 8 “( -4 > *  Z s d ' 1; I) ’ (4-18)
/

where g(x)  = In ln(tanh(x / 2))
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Using the above properties, we can simplify and approximate (4-18) as:

2 > ( l 4  I)« s ( l 4 *  I), (4-19)

where | Amin |= min|| Ax AK |j. Therefore (4-18) can be simplified as:

Ac *  - ( - l ) c | Amh (4-20)

The algorithm based on (4-20) is known as Min-Sum. Min-Sum is less complex than BP 

at the expense o f some performance degradation [78].

4.3.2 Performance comparison o f TFDE with different coding methods

In turbo systems by exchanging soft information we are able to improve the 

performance. Therefore both processors are required to be soft-input soft-output modules. 

As discussed in section 4.3.1, LDPC codes generate soft information in the form o f LLR. 

Since the decoding o f LDPC codes is performed iteratively, by using these codes in a 

turbo equalizer we have two types o f iterations. The outer iterations are between the 

decoder and the equalizer. The inner iterations are in the LDPC decoder. We present the 

number o f these iterations by Ia and /, respectively. If  we use a convolutional code, the

conventional Viterbi algorithm is not useful unless we use Soft Output Viterbi Algorithm 

(SOVA) [79]. We can decode the convolutional code based on the MAP criterion by the 

BCJR algorithm which is slightly more complex than SOVA but achieves better 

performance [80] [81] [82], Max-Log-Map is an approximation o f the MAP which is less 

complex but effective.
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Figure 4-5 and Figure 4-6 present the performance o f a TFDE using a LDPC code or a 

convolutional code in the form o f BER and Frame Error Rate (FER). The codes used for 

simulations are a Recursive Systematic Convolutional (RSC) Code with the generator

1 + D2polynomial o f G(D)  = (1,------------- ) and a rate one half (3,6) regular LDPC code with
1+ D  + D 1

length o f 1008 [83], The FFT length is also 1008. In practical systems if  the length is a 

power o f two we can use efficient methods to perform the FFT. However even if  the 

block length is not a power o f two, there are still efficient algorithms to perform Fourier 

transform which are considerably less complex than the original method for DFT 

[84][85][86][87]. For instance the number o f additions and multiplications required for 

Prime Factor Algorithm o f [87] for A=1008, is almost the same as that o f the Radix-two 

method for A=1024. The decoding algorithm for LDPC code is Min-Sum and for 

convolutional code is BCJR (Max-Log-MAP). The constellation is BPSK. The number of 

inner and outer iterations are/, = 6 and I0 = 4 respectively. The interleaver used for the

system with convolutional code is an S-Random interleaver which was first suggested in 

[88], The bandwidth o f the simulated system is 20MHz. The channel is the 6-tap static 

channel whose parameters are presented in Table 4-1.

Table 4-1 Channel model

Delay (nsec) 0 310 710 1090 1730 2510

Power (dB) 0 -1 -9 -10 -15 -20
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We consider both adaptive and non-adaptive methods discussed in sections 4.2.1 and

4.2.2 respectively. As expected, the adaptive TFDE, in which the feedback information is 

used in designing the filter coefficients, performs better than non-adaptive TFDE. At a 

BER of 10'3 the adaptive method gives about 1.5 dB gain for the LDPC code and 

convolutional code compared to the non-adaptive method. The system with LDPC code 

can achieve considerably better performance than the one with convolutional code at high 

Signal to Noise Ratio (SNR) and it is worse in low SNR. In the desired range o f bit error 

rate which is at most 10-4 the turbo equalizer with the LDPC code outperforms the one 

with the convolutional code.

4.3.3 Complexity comparison of TFDE with different coding methods

We compare the complexity o f the decoding algorithms when Max-Log-Map and Min- 

Sum are used for decoding o f convolutional and LDPC codes respectively. We also 

compare the overall complexity o f the system when adaptive and non-adaptive equalizers 

are used. We assume that N  represents the code block length which is also assumed to be

the FFT block length. The code rate is Rs = — - Let ms be the memory o f the

convolutional code and N s - 2 m' represent the number of states in the trellis diagram.

We consider a (icJc) regular LDPC code. So ic and j c represent the number o f ones in

each column and each row o f the parity check matrix respectively. Since the code rate is 

one half, j c=2ic.

Table 4-2 presents the number o f required additions, multiplications and comparisons 

for both decoders per block. Let a s and p s be the metrics computed in forward and

89

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



backward recursions and y s be the metric on each branch o f the convolutional code 

trellis diagram. The number o f additions for computing a s in the Max-Log-Map 

algorithm \s2NsN  . Computing fis requires the same number o f additions. To determine 

P(0) and P( 1) (the probability o f the message bit being 0 or 1), 4NSN  additions are 

needed. Fory s, 2N  additions and 4N multiplications are required.

During each LDPC decoding iteration, all incoming messages to each bit-node and the 

channel message are added together, which requires ic additions. Now to generate the 

output message o f each edge, we subtract the edge incoming message from the 

summation already computed. Thus for this stage the system needs ic additions. 

Therefore the total number o f additions is 2N(ic +i c) = 4icN .

The total number o f additions in the convolutional decoder increases exponentially with 

code memory while in the LDPC decoder it is proportional to the number o f ones in the 

rows and columns o f the parity check matrix which are small values. In both decoders, 

comparisons should be performed to find the maximum or minimum of some values.

Table 4-2 The Complexity of decoding algorithms

Coding
# of additions 

per block

# of multiplications 

per block

# of comparisons 

per block

Max-Log-Map (8x2m* + 2)N 4 N (4 x 2m’ - 2 ) N

Min-Sum /, x4icN
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To determine a s and Jjs in Max-Log-Map, we need 2NSN  comparisons and to find 

P(0) and P(l), we need 2(Ns -1  )TV comparisons. To update the value for the check- 

nodes in LDPC, NIJC comparisons should be performed where /  is the number of 

iterations in LDPC decoder.

For the decoder parameters used in section 4.3.2, the number o f additions per block 

would be 347V and 727V for the convolutional code and LDPC code respectively. The 

number o f multiplications in the convolutional code would be 47V while the LDPC code 

does not require any multiplication. The number o f comparisons is 147V and 367V for 

BCJR and LDPC respectively. As can be seen the complexity o f both decoding methods 

are almost comparable while the system achieves better performance if  LDPC is used.

For comparison o f system overall complexity we should also consider the equalizer 

part. Calculating non-adaptive equalizer coefficients requires 2TV+1 multiplications and TV 

additions. In adaptive TFDE, to calculate v we need 7V+1 additions and 7V+1 

multiplications. To generate the filter coefficients 37V multiplications and TV additions are 

needed. Each iteration contains two FFT/IFFT, TV additions for computing Rk -  Rk and TV

additions for adding the biasing term fjXk . Frequency domain equalization includes TV 

multiplications in each iteration. The same number o f multiplications is required for 

generating the interference signal in the feedback loop. TV additions and TV multiplications 

are required during computing o f / / . In the non-adaptive TFDE, // is computed once for 

each block while in the adaptive TFDE, // should be updated during iterations. Prior to 

the loop there is another FFT. To compute the frequency response o f the channel another 

FFT is required. The overall complexity o f both adaptive and non-adaptive methods is
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presented in Table 4-3 where 10 represents the number o f outer iterations between the 

equalizer and decoder.

As depicted in Table 4-3, adaptive TFDE is only slightly more complex. Therefore the 

complexity o f both methods is almost the same while adaptive TFDE achieves better 

performance.

4.4 Conclusion

In this chapter we considered adaptive and non-adaptive TFDE. In non-adaptive TFDE 

the FDE coefficients are fixed while in adaptive TFDE, they change based on the decoder 

output information as iterations continue. We also considered two coding methods, 

convolutional and LDPC codes. We compared these four cases in terms o f performance 

and complexity. The system achieves the best performance when the equalizer is adaptive 

and the LDPC code is used, while its complexity is not considerably higher than the other 

cases.

Table 4-3 Overall complexity o f adaptive and non-adaptive TFDE

Number o f  complex 

multiplications per block

Number o f  complex 

additions per block

Non-adaptive Â [(70 +1) log2 TV + 2 /0 + 3] +1 N[(2I0 +2) log l N  + 2I0 +2]

Adaptive t f [ ( /0 + l) lo g 2 t f  + 7 / J  + / 0 N [(2 /„+ 2)log2 N  + 5 / J + / 0
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Chapter 5 BERT chart analysis of TFDE

5.1 Introduction

Different analysis tools have been proposed to evaluate the performance o f iterative 

systems including turbo equalization [53][54][55] [56][89][90], These methods avoid the 

extensive Monte Carlo simulations required to determine the system performance. They 

also simplify the system design when different schemes for the equalizer or decoder are 

available. These methods are based on tracking a single parameter whose computation is 

based on the density o f the bit log-likelihood ratio at the output o f the SISO processor 

(decoder or equalizer) throughout iterations. The EXIT chart is regarded as the most well-
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known tool to analyze a turbo system. It was first proposed in [53] [54] as a tool for the 

convergence analysis o f turbo codes and LDPC codes and then was used for other turbo 

based systems as well as turbo equalization [55]. The EXIT chart evaluates the 

convergence o f the system by tracking the mutual information exchanged between the 

two processing blocks. Other parameters have been considered to be tracked throughout 

iterations such as signal to noise ratio [90] and bit error rate [56][91], Among these 

methods, the EXIT chart method has shown to result in more accurate prediction [92].

In this thesis, we use an alternative method to the EXIT chart, known as the BERT 

chart to analyze the performance and convergence behavior o f a turbo equalizer. The 

BERT chart method, similar to the EXIT chart, includes two curves. Each curve 

represents the BER at the output o f the SISO processor as a function o f the input BER. In 

this thesis, to generate the equalizer BER curve we analytically obtain the BER at the 

equalizer output based on the decoder BER at the previous iteration, channel parameters 

and noise variance. Compared to the histogram based method o f generating the EXIT 

chart for an equalizer in [55], this method is much easier to implement, especially for the 

case o f non-static channels and varying channel signal to noise ratios. The decoder BER 

curve is its performance curve in the additive white Gaussian noise channel which has to 

be generated from decoder analysis or simulations in AWGN.

The BERT chart analysis was initially suggested in [56] for time domain turbo 

equalization. In this thesis, we employ the BERT chart method for the first time for a 

TFDE. In [56] the equalizer curve has been obtained by interpolating between only two 

boundary points. For the first point, we determine the equalizer output BER when there is 

no a priori information available from the decoder, which happens in the first iteration.
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The second point represents the case with perfect a priori information. In our method, we 

analytically determine the equalizer output mean and variance for any a priori 

information generated by the decoder including the two boundary points. It is shown in

[55] that for MMSE turbo equalizers, the probability density o f the equalizer output is 

very well approximated by a Gaussian variable. Therefore, with the mean and variance of 

the equalizer output being available, the density o f the equalizer output is fully described. 

We then compute the associated bit error rate for this Gaussian variable for a range of 

input bit error rates to generate the equalizer BER curve10. Although the method in [56] 

results in reasonably good predictions for a large enough number o f iterations, our 

method is more accurate especially when it is used to predict the performance in 

intermediate iterations (for instance, the performance in the second iteration in a system 

with ten iterations).

Turbo equalizers can be adaptive or non-adaptive during iterations. In [56] only the 

latter case was considered. We extend our method to adaptive turbo equalizers where for 

each iteration we have a new equalizer curve. Such systems would be too difficult to 

analyze using the histogram based EXIT chart method o f [55]. We also consider other 

constellations in addition to BPSK which was considered in [56] for a turbo time domain 

equalizer. We will show that the difference between the prediction accuracy o f the 

proposed BERT chart for TFDE and the method o f [56] is more significant for higher 

order constellations and for the adaptive case.

10 We note that when we determine the mean and variance o f  this Gaussian density, we could track the associated 
mutual information instead o f  BER and generate the EXIT curve analytically (not histogram based). However, since 
there is a one to one mapping between the mutual information and probability o f  error o f  a Gaussian variable, the 
results would be the same. W e choose to track BER since it provides more insight in the convergence region as 
discussed in section III-C o f [56].
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The EXIT charts produced in [55] (for both decoder and equalizer) are generated using 

large block lengths to analyze the asymptotic performance o f turbo equalization. They 

could effectively predict the performance when the interleaver size is large enough (e.g., 

order o f 105 and above). For systems with short block lengths (e.g., 103), the actual 

Monte Carlo performance will usually be considerably worse (e.g., 2 dB) than the 

predicted value by the asymptotic EXIT chart method. One advantage o f the proposed 

method is to use the actual finite length BERT curve for the decoder instead o f using the 

asymptotic decoder EXIT curve in [55]. This fact makes it possible to predict the 

performance o f a TFDE system with short block length more accurately. Depending on 

the modulation type, our results were only 0.1 dB to 0.25dB away from the actual Monte 

Carlo simulation performance for a block length o f 1008.

5.2 Bit Error Rate Transfer Chart

The purpose, toward which this work is directed, is to predict the performance o f TFDE 

by available knowledge about the channel characteristics and encoder/decoder 

parameters. As the initial step to achieve this goal, we first turn our attention to a 

simplified receiver structure that only contains a frequency domain equalizer without 

decoding or feedback loop and then generalize our approach to TFDE. To determine the 

equalizer BER, we apply the widely used assumption o f approximating the equalizer 

output by a Gaussian distributed random variable. The equalizer output can be estimated 

as:
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Z n = ax„ + Tin > (5-1)

where axn is the part associated with the desired symbol and rjn is the noise term 

including the residual ISI and channel noise. It can be easily shown that [93][94]:

i a  N 2
a  N h c r 2 , |2 (5-2)

a d

By comparing (5-2) and (4-14), we conclude that a  = / / .  Therefore for a FDE without 

feedback information, it can be easily proved that the conditional mean o f the random 

variable z n is /u and the variance is:

S ^ H 2) ^ ^ - / / 2) .  (5-3)

Considering the Gaussian approximation, we can find the equalizer output BER similar to 

BER of an AWGN channel when mean and variance o f the channel output are equal to //

and S 2 respectively. For BPSK the equalizer BER would be:

pEq = ■ (5-4)

Assuming Gray mapping and one bit error per each symbol error, the BER for 16-QAM 

can be approximated as:
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^ = ^ ( 3 0 . - 2 & ) a - e 3 ) > (5-5)

■). To evaluate the accuracy o f this Gaussianwhere Qx = Q(-

approximation, in Figure 5-1 the simulation results and the results o f using (5-4) and 

(5-5) are presented which verifies the accuracy o f the Gaussian assumption. The channel 

model is presented in Table 4-1.

We can generalize this approach to a turbo equalizer where the equalizer is followed by 

the decoder and feedback loop. In the following two subsections we use this approach for 

both non-adaptive and adaptive TFDE.

10 '

— b— simulation, 16-QAM  
• V  ■ Gaussian approximation, 16-QAM
— ■—  simulation, BPSK

A  Gaussian approximation, BPSK

4 6 8 10
Eb/No (dB)

12 14 16

Figure 5-1. Comparison of Gaussian Approximation and simulation results for a FDE.
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5.2.1 BERT chart for non-adaptive TFDE

5.2.1.1 BPSK Constellation 

In the first iteration, the receiver is a linear FDE followed by the decoder with no a 

priori information. Therefore (5-4) can be applied to find the equalizer bit error rate. 

Since the equalizer output is approximated by a Gaussian random variable, we can use 

the decoder performance curve in an AWGN channel to obtain the decoder output B E R . 

To use this curve, we can find the corresponding equalizer equivalent S N R , the ratio of 

mean squared to the variance o f equalizer output, according to the B E R  of an uncoded 

system with a Gaussian channel and use the S N R in-B E R o Ut decoder curve. Equivalently, 

we can find the equalizer output B E R  and convert the decoder curve from SNRm-BER^t 

to B E R in -B E R o u t- Using B E R in-B E R o Ut is more convenient for higher order constellations. 

Converting S N R m to B E R j„  is performed by BERin = Q(^SNRin) where S N R m is at the

decoder input. In other iterations, the variance of the equalizer output in the z-th iteration 

(Z f) depends on the decoder output in the (z-l)-th iteration. As presented in Appendix D, 

the equalizer output variance can be calculated as:

2 =<T> + 0-V-<^ \jU\2

+ ± - f dH'kw ; < j i - H kWk )E i- \ x nx / )

+ 77  <5‘6)

+ I ') 'zV k=\

where H k and Wk are the k-th component o f channel frequency response and frequency

domain equalizer respectively. x» is the «-th soft symbol generated in the feedback loop
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1 N
and E'(.) denotes the expectation in the z'-th iteration, £  = — E i  Wk |2 and

To determine E2, we should find the distribution o f the soft symbols used in the feedback

loop which depends on the decoder output LLR distribution according to (4-6). The LLR 

conditional distribution can be well approximated as Gaussian [95], As a result, the 

probability density function (pdf) o f LLR in the z-th iteration can be expressed as:

where mi and of  are the conditional mean and variance in the z-th iteration. The value of

the distribution o f the conditioned LLR has the consistency property [95], For Gaussian 

random variables this means the variance is twice the absolute value o f the mean 

(of  -  2 1 mi |). Therefore one parameter ( m,.) is enough to describe the Gaussian

distribution. This assumption has been already used in [55][54] and the analytical proof 

and more details can be found in [95], Considering the consistency property o f LLR, the 

decoder bit error rate in the z-th iteration ( Pl ) can be expressed as:

(5-7)

mi and of are determined based on the decoder error probability. It has been shown that

Therefore the mean o f this random variable would be:
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Based on this assumption and using (4-6), the distribution o f the soft symbols (x) 

conditioned on the transmitted bit would be [96]:

2Si

f-r (* !* ) = ■

In
f  1 ^l  - t - x

vl XJ (5-10)

(I x 2)

where

Si (Z) = - F -  - : - r n r -C X p (   --------- ! — )  .
ij47r \mj \ 4 1 mi |

(5-11)

If we represent E ‘ (x„ | cn k -  b) by E'{xn \b),  it can be easily shown

that:£"(x„xn) = E'{x„ \ 0 ), E ‘(x„2) = E'(x„2 \ 0) . Using (5-10) it can also be proven

th a t£ '(x „2 0) = Zs'(x„ |0 ) . The value o f E ' { x 2) depends on mi and consequently is a

function o f P;. If  we define A,, as:

A, = E i tanh(^) | 0 E ‘
1  , 

[tanh(—)] | 0 (5-12)

; —2.
for BPSK, E l (x„) = A . and therefore (5-6) is simplified to:

^ = c r 2C + (p-\M\2h 2d- A w ). (5-13)

We can summarize the steps o f the BERT chart algorithm as follows:

(1) Compute /u and after iteration 0 from (4-14) and (5-3).
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(2) Compute the equalizer output BER ( PEq) for the z'-th iteration (from (5-4) for 

BPSK and from (5-5) for 16-QAM for iteration 0, should be replaced by Ef 

for z'-th iteration).

(3) From the decoder empirical BERin-BERout curve find the corresponding decoder 

output BER (/*).

(4) Find the corresponding zzz, from (5-9).

(5) Calculate A, - E '  (x„) using (5-10).

(6) Compute E,2+1 from (5-6) (simplified to (5-13) for BPSK).

(7) Go to step (2).

Equivalently we can follow these steps on the BERT chart. This chart contains two 

curves as presented in Figure 5-2 for BPSK. One of them is the decoder curve 

representing its output BER versus its input BER in the AWGN channel. Since the 

decoder input BER is the same as equalizer output BER ( PEq), in each iteration we can

find the corresponding Pt using the decoder curve. This curve is fixed for a given code 

because it only depends on the code structure, decoding algorithm and block length. The 

other curve in Figure 5-2 is for the equalizer which gives PE as a function o f decoder

BER in the previous iteration (/)_]). This curve depends on the channel parameters and

the noise power, so it changes according to the signal to noise ratio for which we are 

analyzing the system performance. The trajectories between the two curves follow the 

aforementioned steps and represent what occurs as iterations continue.
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Figure 5-2. BERT chart o f non-adaptive TFDE for BPSK constellation at Eb/N0=4 dB.
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5.2.1.2 16-QAM Constellation

The basic idea o f the BERT chart analysis for 16-QAM and BPSK is similar. We first

calculate the equalizer output variance (E f ) and then evaluate its BER from (5-5). As in

2 '  —  2  — *the BPSK case, we can find E ; using (5-6) noting that E'{x„ ) , E ‘(x„xn) and

E'(x„x*n) would differ from the case o f BPSK. As proven in Appendix E, all these 

expectations have similar values which are equal to:

£ ' ( v ; ) = - E ' ( v ; ) = £ ' f e s . ) = 8 A ,+ 2 A !„ (5-14)

where A,, has been already defined in (5-12). Therefore the equalizer output variance in 

the i-th iteration is:

E? = <rY  + ( p - \ j u \2\ w - 8Am - 2A>_,)■ (5-15)

Now we can repeat all the seven steps, described in the previous section, to evaluate the 

system performance.

5.2.2 BERT chart for adaptive TFDE

For a TFDE system with an adaptive equalizer which is not fixed during iterations, we 

can still use (5-13) to find the equalizer output variance. However, as Wk changes during

iterations, the mean and variance change accordingly. So even for a fixed signal to noise 

ratio, the equalizer curve in the BERT chart is not fixed during iterations. As presented in
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(4-12), Wk depends on v which is the variance o f the feedback symbols11. Although in 

the BERT chart analysis the soft symbols (x n) are not available, we can estimate v if  we 

1 N
replace — xn |2 by E(\ xn |2) . Hence for BPSK, the equalizer output variance for the

N  „=i

z'-th iteration is:

v = l - £ i-1( |x „ |2) = l-A ,._1. (5-16)

Similarly for 16-QAM, v can be approximated as:

v  =  10-(8A m +2A2_1) .  (5-17)

Thus we can use the previous steps in section 5.2.1.1 while the sixth step will change into 

three sub-steps as follows:

(6.1) Find v from (5-16) or (5-17) for BPSK or 16-QAM respectively.

(6.2) Find new equalizer coefficients from (4-12).

(6.3) Find //, from (4-14) and calculate E2 from (5-13) and (5-15) for BPSK and 16- 

QAM.

5.3 Simulation Results

We consider a TFDE using an LDPC code. The code is a rate one half regular (3,6)

LDPC code with block length o f 7V=1008. The number o f inner iterations ( / ,  ) is 6 and the

1 NIn the simulations V  is calculated by v = E(xnx 'n)  x„ |2 •
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Figure 5-3. BERT chart of adaptive TFDE for BPSK constellation at Eb/N0=4 dB.
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number o f outer iterations (7C) is 4. We consider both BPSK and 16-QAM constellations.

The channel is defined in Table 4-1. The FFT size is 1008.

Figure 5-2 and Figure 5-3 depict the BERT chart for non-adaptive and adaptive TFDE 

respectively when the constellation is BPSK and Eb/N o=4 dB. In the first iteration, the 

equalizer curve is the same in both figures. In the adaptive TFDE, there is a new 

equalizer curve for each iteration and the trajectories follow the corresponding equalizer 

curve as iterations continue. If  we compare the z'-th and (z'+l)-th equalizer curves, we find 

out that for the given decoder BER in the z'-th iteration, the (z'+l)-th equalizer curve 

achieves a smaller BER than that o f the z'-th equalizer curve. Therefore by using the 

adaptive TFDE we can achieve better performance for the same signal to noise ratio.

Figure 5-4 and Figure 5-5 present the BERT chart results and simulation results after 

four iterations between the equalizer and decoder for BPSK and 16-QAM respectively12. 

As confirmed by the figures the performance predicted by the BERT chart is close to the 

simulation results. For instance for BPSK constellation it is about 0.1 dB away from the 

simulation result for non-adaptive TFDE and at most 0.2 dB away for the adaptive case. 

As can be seen in Figure 5-5, the BERT chart method is also accurate for 16-QAM. For 

the non-adaptive case there is at most 0.2 dB difference with simulation results. This 

value increases to 0.25 dB for adaptive TFDE.

12 The BERT chart results for WINNER channel C2 is also presented in Appendix F. The channel C2 
parameters are presented in Table F-l.
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Figure 5-4. Comparison o f BERT chart result and simulation result, BPSK.
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Figure 5-5. Comparison of BERT chart result and simulation result, 16-QAM.
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5.4 Comparison with other analysis tools

5.4.1 Previously proposed BERT chart

As discussed in section 5.1, although the basic idea o f the BERT chart in this thesis and 

the previous one in [56] is similar, the derivation o f the equalizer curve is different. In

[56], the equalizer BER is obtained for two boundary points that correspond to Pt = 0.5 

and P. = 0 where Pt is the decoder BER in the previous iteration. To find the equalizer bit

error rate, a summation over all interfering components is calculated.

Therefore the complexity increases exponentially with the memory o f the overall 

channel (the convolution o f the ISI channel and equalizer transfer function). The other 

points o f the equalizer curve are found by linear interpolation between these two points.

In our method, due to the structure o f frequency domain equalization, we are able to 

find the BER for any value o f Pj (0  < P j<  0.5). In this process the parameters p  , p  and 

C, should be calculated once for each equalizer curve. The complexity o f this calculation 

increases linearly with the block length. Since by this method we are able to find all 

points o f the curve, it is expected to be more accurate especially for higher order 

constellations and adaptive TFDE. Because o f the waterfall form o f the equalizer curve, 

usually after a large number o f iterations, the results o f both methods are fairly similar. 

The difference is more significant when predicting the performance in intermediate 

iterations. Figure 5-6 illustrates the performance o f both methods in the second iteration 

for an adaptive TFDE with 16-QAM symbols over the channel presented in Table 4-1. 

Figure 5-7 shows the performance o f a non-adaptive TFDE with BPSK in the second
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Figure 5-6. Comparison between the previous (as in [56]) and proposed BERT chart, second 
iteration, adaptive TFDE, 16-QAM, over channel described in Table 4-1.

-©—  simulation result 
- * —  new BERT chart 
-V—  previous BERT chart [56]

- 2

rr
UJm

,-3

,-4

10.5 12.5 13.5
Eb/No (dB)

Figure 5-7. Comparison between the previous (as in [56]) and proposed BERT chart, second 
iteration, non-adaptive TFDE, BPSK, over Proakis channel C.
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iteration over the Proakis channel C [1]. As shown in these figures, the new method 

provides a considerably more accurate prediction than the previous one.

5.4.2 EXIT chart

In this section, we compare our method with the EXIT chart method o f [55]. In all 

histogram based methods including that o f [55], for each SISO processor, a very large 

number (e.g.,107) o f coded bits and the corresponding a priori LLRs have to be 

generated.

The conditional pdf o f the output LLRs ( / ( / 1 c -  b ) ,  where b  e {0,1}, I can be replaced 

by X or X ) is then estimated. To generate the EXIT chart, (5-18) can be used to obtain 

the output mutual information (10).

h  = - Z  \ A l I c ) l o § 2  - 7 -------- 2 /f  1 C) ----------Xd l . (5-18)
° 2 '  / ( / | c  = - l )  + / ( / | c  = + l) V ;

At the input o f the next SISO processor, the computed pdf is approximated by a Gaussian 

variable with the same mutual information [96]. Alternatively, this Gaussian variable can 

be generated based on other criteria such as SNR or BER [90][91][92]. Since (5-18) 

exploits the information on the entire support o f the pdf, mutual information provides a 

more robust approximation as shown in [92], However, if / ( / 1 x = ± l) is very close to 

Gaussian, employing different criteria results in similar performance predictions.

In our case, since the output o f the equalizer has Gaussian-like distribution and we 

can directly compute its mean and variance, the output pdf is fully described. Therefore it
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is not necessary to estimate the pdf by simulation. This makes our method considerably 

simpler than that o f [55].

The EXIT charts produced in [55] are generated using large block lengths. In other 

words, they are useful to predict the asymptotic performance o f turbo equalization. In our 

method, for the decoder we use the BER curve which is empirically generated for the 

block length o f interest. This makes the performance prediction more accurate than that 

o f [55]. Figure 5-8 compares the predicted performance using the proposed method and 

EXIT chart o f [55] with the actual simulation results after four iterations with the 

mentioned parameters in section 5.2. As can be seen, for low bit error rates, the EXIT 

chart method prediction is approximately 2.5 dB away from the actual performance. This 

value is less than 0.1 dB by using the proposed BERT chart.

5.5 Conclusion

In this chapter we proposed a new BERT chart method for performance analysis of 

TFDE systems. We showed that the results o f this method are consistent with simulation 

results for BPSK and 16-QAM in adaptive and non-adaptive TFDE. We also showed that 

this method outperforms the EXIT chart and the previously proposed BERT chart for 

turbo time domain equalization when block lengths are small (e.g., 103).
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Figure 5-8. Comparison between the BERT chart and EXIT chart for a short block length, BPSK,
non-adaptive TFDE.
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Chapter 6 Joint Turbo Frequency Domain 

Equalization and Synchronization

6.1 Introduction

Carrier frequency synchronization is a known challenge in communication systems. 

Any deviation from the original frequency in the transmitter or receiver local oscillators, 

can generate performance degradation. This deviation can have either a deterministic 

nature like frequency offset or a random nature like phase noise [35][38]. In both cases a 

time-varying error is present in the phase o f the received signal. Block-wise transmission
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methods such as OFDM and SM can tolerate only a fraction o f the reciprocal o f the total 

block length as the maximum frequency offset. Thus the performance degradation 

increases with the block length. This problem has been the subject o f many papers 

especially for multi-carrier transmission, where it can destroy the sub-carriers’ 

orthogonality. Different methods have been suggested for carrier synchronization in 

multi-carrier systems [98][38][39]. Some o f them are based on preamble transmission 

and some others are based on blind synchronization methods.

In this chapter, we propose a carrier frequency synchronization method for turbo 

frequency domain equalization. The receiver jointly compensates for the phase error and 

equalizes the received signal. The idea o f using generated information in the previous 

iterations for synchronization has also been used in [57] and [58]. What distinguishes this 

work from [58] is that here we consider frequency offset and phase noise estimation, 

while [58] deals with timing recovery. Besides, the system in [58] is a time domain turbo 

equalizer while here it is TFDE. In [57] iterative carrier synchronization is performed for 

an Iterative Block Decision Feedback Equalization (IBDFE) system, while in this thesis 

the system is TFDE where unlike IBDFE, the decoder is a part o f the iterative loop. In

[57] only frequency offset is estimated for the IBDFE, while here we consider both 

frequency offset and PHN for TFDE. For frequency offset, by considering the soft 

symbols generated from the log likelihood ratios o f the decoder output at the previous 

iteration as known training symbols, the phase error is estimated. The estimation is based 

on the Maximum Likelihood method and another method similar to what was suggested 

in [57] for IBDFE. We also find the MAP solution in the presence o f both frequency
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offset and phase noise which results in the form o f a decision directed Phase Lock Loop 

(PLL [97]) using LLRs o f decoder output.

6.2 Frequency offset and Phase Noise

In an ideal system, the transmitter and receiver local oscillators have exactly the same 

frequency. Yet in reality, there is a time-varying phase difference between these 

oscillators. The time-varying phase shift can degrade the performance o f single carrier or 

SM systems, however in SM it is less destructive than in multi-carrier systems where the 

time-varying phase shift can generate inter-data symbol interference. The time-varying 

phase shift might be caused by either a frequency offset between the oscillators or the 

phase noise effect. If  there is a frequency offset o f between the transmitter and 

receiver local oscillators, the phase error in the received signal would be (p{t) = Intdf  , or

2,7mT
in the sampled domain (f>n = — d f , where N  and T are block size and block duration 

respectively.

In most systems in addition to the existence o f a fixed shift in the oscillation frequency, 

the PSD might be splattered around this frequency. This effect is known as phase noise in 

communication systems. In literature, PHN is either defined by the PSD found by 

measurement [99] or modeled by a continuous Brownian motion or Wiener process 

where the added phase to the n-th symbol is related to the previous one as [3 5] [3 7]:
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(6-1)

where s.. is a Gaussian distributed random variable with zero mean and variance of

r
2 2npT

N
and [ i is the 3dB frequency o f the Lorentzian PSD function. Thus the phase

added to the n-th symbol is Gaussian with zero mean and a variance increasing linearly 

with time, and the phases are correlated. Most systems suffer from both frequency offset 

and PHN. In this case the phase error vector would be:

A * ~2nSfT / N
(j)2 4k$ T / N

<p = = +

A . INndfT / N_

1 0  0 0 
1 1 0  0 
1 1 1 0

0

0
0

(6-2)

We have associated phase noise and frequency offset with each data symbol x„. After 

passage through a frequency selective channel with sampled impulse response {h„}, the 

received samples are:

N u - \

r„ = X hn,x „-me + W,
m =  0

where N h is the length o f the channel impulse response, w'n is the channel noise, xn is

the n-th transmitted symbol and 9  =
IndfT

N

We make the reasonable assumption that the phase noise bandwidth is much less than the

n-m n
transmission bandwidth, so that for m < N h. Then the received sample can

1 k= 1

be expressed as:
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where hm = hme Jm0 is the effective channel response to be equalized.

In other words, whether the frequency offset and phase noise are associated with data 

symbols or with received samples is immaterial, as long as the phase noise process is 

nearly constant during the channel impulse response duration.

Thus the sampled received signal in an AWGN channel would be

j ( n d + J ^ e k )

r„ = x„eJ*" + w' = x e  4=1 + w \  . (6-3)
n n

6.3 Joint Synchronization and Equalization

Different methods have been proposed for carrier synchronization. Traditionally, 

synchronization is prior to and disjoint from other receiver modules. These methods can 

be categorized as preamble-based and blind synchronization methods. In the first 

category, a known training sequence is transmitted to the receiver and the 

synchronization algorithm estimates the phase error and compensates for it. In the latter 

case, known as blind synchronization, no training sequence is transmitted. Here we 

suggest a joint synchronization and turbo equalization method where the signal is 

iteratively equalized, and during the same iterations, the phase error is estimated and 

compensated. At the beginning o f each block, the phase error is assumed to be zero 

which is achieved by the aid o f the training sequence. This method can achieve good 

performance by using the soft symbols generated by the tanh{.) function, as the known
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training sequence to synchronize the system. In the following sub-sections 6.3.1.1 and 

6.3.1.2, we first consider a system suffering only from frequency offset. Then in section 

6.3.2 we turn our attention to the case where there are both frequency offset and phase 

noise.

6.3.1 Frequency offset estimation

6.3.1.1 Synchronization method based on approximate ML criterion (method

I)

The ML criterion is known as one o f the best criteria for estimation. For instance, the 

ML criterion has been applied in [100] to estimate the uniform or Gaussian distributed 

phase for phase jitter. In [38] a ML-estimator is proposed based on the transmission o f a 

repeated OFDM symbol where the ML decision for the frequency offset estimation is 

made according to the given information about the first received symbol. In [98] a similar 

idea has been proposed for a training symbol with two identical halves. In [40] a ML- 

estimator based on the information o f the cyclic prefix and its copy, has been suggested.

The ML estimator maximizes the joint conditional density function

f{r^,...,rN \0 ,xx,...,xN) , which we represent as / ( r |# ,x ) ,  with respect to 0 

IndfT
and 9  = --------- . Since the noise is assumed to be an uncorrelated Gaussian random

N

process, the cost function Jj that should be minimized is as follows:
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For BPSK or 4-QAM data symbols, | xn |2 is constant. So minimizing J\ is equivalent to 

minimizing J, where:

■/ = - £ R e ( r > , e ' - ) .  (6-5)
n = 1

(  dJ i
The phase 0f) which minimizes J, — \e=0 = 0  , satisfies the following equation:

\ d 9 '  ~° )

N  N

^  n Re(rwv*) sin(«90) = ^ « Im (r„x * )co s(n ^ 0) . (6-6)
n —\ n = 1

Since ndQ is assumed to have small value over the block, sin(.) and cos(.) can be 

estimated by the first terms o f the Taylor series. sin(«#0) « nOa , cos (n90) ~ .

The desired 6{) satisfies the following second order equation:

eo2Z - 5" 3 Im(r»x» )+ ^ o Z « 2 Re(r„xI ) -  z nIm (r«x») = 0 • (6-7)
n = 1 n - \  n - 1

We replace the known sequence ( xn) with the estimated soft symbols generated in the

feedback loop ( x „ ). Since during the derivation o f (6-4) the channel is assumed to be 

AWGN, we should replace rn with z n which is the equalizer output. The equalizer

output distribution, given the data symbols, can be well approximated as Gaussian [22], 

Since the noise after the equalizer is not white, the above equations are approximate. The 

synchronization parts, added to the original block diagram of TFDE, are depicted by
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dashed lines in Figure 6-1. I f  in each iteration, the reliability of the decisions made by the 

decoder increases, the estimated soft symbols continually approach the exact value o f the 

transmitted symbols. Therefore the error in the estimated frequency offset continually 

decreases.

For uniformly distributed 9  and/or for high SNR, the ML estimation is equivalent to the 

MAP estimator which maximizes f { 9  \ r ) . For large SNR, it is also equivalent to 

estimating the frequency offset from the expected value o f 9 given the information about 

the received and transmitted data, which is

For large SNR where the variance o f the Gaussian distribution is small, this integral can 

be approximated by the mean o f the Gaussian random variable.

6.3.1.2 Synchronization method based on correlating between two halves o f  

the block (method II)

The maximum likelihood method discussed in section 6 .3.1.1 is a very good method in 

terms o f performance. However, ignoring the solution o f the second degree equation, it 

requires 4N  multiplications and 3N  additions. Here we investigate another 

synchronization method which was used in [57] for synchronization in IBDFE. This

+oo

(6-8)

where 9  maximizes f { 9  | x ,r)  which is equal to 9n found by the ML criterion.
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Figure 6-1. Block Diagram of joint turbo equalization and blind synchronization.
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method is less complex than method I. We compare the performance o f both methods I

and II. I f  the transmitted symbols are known, for each received data symbol we can

A *A y  y
define a parameter mk for k = l , . . . ,N/2  as mk -  ■ * k+N72 . In [57] it is shown that mk can

XkXk+N/2

be expressed as:

mk = *  e ^ 6 + v'k, (6-9)
XkXk+N/2

where for large SNR, mx,...,mN have equal phases andv * can be approximated as a
2"

j—e
Gaussian random variable. We can estimate e 2 by the expected value o f mk :

Ae  2  ^  1
e 2 s  E(mk) £ — / , mk ■ Thus frequency offset can be estimated as Sf = — Phase(?j) 

N  t t  nT

N N_

where rj=— y ] m k = — V rkJ k+Nn ,
N f t  N £ ( x kxk+N/2

For large SNR, T] is the normalized correlation between two halves o f the block. Similar

to section 6 .3.1.1, we can replace rn and xn by z n and xn respectively. I f  the symbols

generated in the feedback loop are less reliable and consequently have smaller LLRs,

xn will be small, and division by small numbers increases the power o f v'k. To prevent

this problem, we have two options. We can replace xn by either the Normalized Soft

Decisions (NSD) or Hard Decisions (HD). Therefore the metric is calculated as:
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N

Df^DMN/l
(6-10)

in which for NSD xDn = xNSD„= K x,n where K  = 1 and V2 for BPSK and 4-QAM
n

respectively and xDn = x HDn = sgn(Re(xn)) + j  sgn(Im(xn)) for HD. In section 6.4 we

compare the performance and Mean Squared Error (MSE) o f method II with both 

metrics. We note that using NSD is possible only when we have equal level 

constellations like BPSK and 4-QAM.

To compute 77 in (6-10) we need M 2 multiplications and M 2 additions plus N  phase 

rotations for division by xD n (for both NSD and HD). The method o f calculating xD n in

HD is simpler than that o f NSD. Generally method II requires less computational 

complexity than the ML method.

6.3.1.3 Comparison with other synchronization methods

Since the single carrier systems with frequency domain equalization can be considered 

as DFT-precoded OFDM, it is important to know whether the synchronization methods 

for OFDM are applicable for single carrier systems. For this sake, we have selected two 

efficient synchronization methods for OFDM which do not require transmission o f 

training sequences. The first one, which is proposed in [40] and which we call VSB (Van 

de Beek et al.) here, uses the information in the cyclic prefix to estimate the frequency 

offset. The metric calculated in this method is a correlation between the cyclic prefix and
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its copy as: E, -  ^  where N CP is the cyclic prefix length and the frequency offset is
*=i

-1
estimated as df  = ------ p h a s e d ) . Since the metric E, is calculated at the beginning o f the

2 nN

receiver prior to the equalization process, this method is not iterative.

The complexity o f method I, II and VSB are presented in Table 6-1. The order o f the 

complexity in all these methods is proportional to the block length. In particular the least 

complex one is VSB in which the complexity increases linearly with the cyclic prefix 

length. The cyclic prefix length is at least equal to the channel impulse response. To 

achieve a reasonable transmission rate, the block length is roughly ten times larger than 

the cyclic prefix length. For a comprehensive comparison between these methods, we 

should also compare the MSE achieved by using these methods and also their linearity 

range, which are discussed in section 6.4.

The second synchronization method for OFDM we consider here is the one proposed in 

[101]. The block diagram o f this method is presented in Figure 6-2. The effect o f 

frequency offset in the received OFDM signal after the FFT, is similar to the effect of

Table 6-1 Complexity comparison between the frequency offset compensation methods

Number o f  additions Number o f  multiplications

Method I (per iteration) 3N 4N

Method II (per iteration) N/2 N/2

Method VSB N cp N cp
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Figure 6-2. Block Diagram of square-law based synchronization for OFDM (SM transmitter is

presented by dashed line).

time offset in traditional serial modulation as:

m=1

Therefore an approach similar to the square-law time recovery method proposed in [102] 

for synchronization o f linear modulations can be used. Since the transmitter o f single 

carrier system is as presented in Figure 6-2, there is a similar relationship between uk

(the FFT output in the receiver) and S'm (the FFT o f the transmitted signal) as:

Uk='Ls'mHmM k-m-SfT)
m= 1
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However we have found that the method o f [101] is not applicable to SM because in 

OFDM the {S 'm} are from a uniformly distributed constellation with small cardinality, 

while in SM they are from an approximately Gaussian distributed constellation (due to 

the law o f large numbers).

6.3.2 Frequency offset and Phase noise estimation based on MAP criterion

In reality most systems suffer from both frequency offset and phase noise. The added 

phase in the n-th received symbol can be modeled as

where the phase noise is assumed a Wiener process and s. is Gaussian distributed with

, ~ dfT -A , &T-  2 m —— i- > £,. , + 2n —— h s,
Vn N  N  1

(6- 11)

zero mean and variance o f y 1. For MAP estimation, the density function /{(p | r )  should

be maximized.

Since s n in (6-11) and the channel noise have Gaussian distribution, / ( r  | (p,x) and /(q>)

can be written as:

/(*■ l9>x) = (6- 12)

, with <j>0 = 0 .
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Therefore

exp

/(q»|r)=

I r I2 + | x | 2

/(r)[4^-2cr2̂ 2} 

: ^  p (x )  exp

exp
2y2 (6-13)

Re[r*“Xe-/9]

r*°x is the scalar multiplication o f the vectors r  and x . We can use the a priori 

information to calculate p ( \ ) . For BPSK, the a priori probabilities o f each bit found by its 

LLR in the previous iteration, can be expressed as:

ex" 1
p ( x„ = 1 IZ) = 7 7 ~ 1 7 ’ P(x« = - 1 lz) = 7 7 ~ X "1 + e 1 + e

Thus we have:

£ p ( x ) .e x  p —-Re[r*°xeJ,<l>] = ]^[cosh
4= 1

4,1 + —j-RefoV** ] (6-14)

/ ( < P | r )  =  

exp
r I2 + 1 x I2

f { r \ ^ 2a 2y 2\
exp Z  K -A -i ~2^^ -1  + Z lncoshN J

~~~ + Re[rt* e^ 1 ]
L CT

(6-15)

If  Xj is selected from a BPSK or 4-QAM constellation, | x |2 is constant and maximizing 

/(<P I r ) is equivalent to minimizing J :
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cLJ
The vector (p which minimizes J, satisfies the set o f equations  = 0 for i = 1,..., N

d</>i

which lead to the following recursive equations:

A  = 2A-i - A -2  + 2 ^ T lm(r^le iA-' )tanh ^ k —1,1 2  r  *  iti  i i— — ■ +  —  R e[rt_ ,eM -']
L (7 (6-17)

for k - l , . . . , N  and </>0 = 0. The above equation can be considered as a second order 

decision directed phase lock loop. Practically, the variance o f PHN ( j 2) is not known 

and the above formula has to be modified to:

A  = 4>k-\ + a \ (&-i -  A-2 ) + « 2 Im(r*-1eM'1 )tanh 2 (J (6-18)

The coefficients a x and a 2 are not optimized here but are selected such that the system 

remains stable [97]. When the constellation is 4-QAM, (6-14) changes to:

£ p (x )e x p
X

Nn
-R e [r°xeJ*]

k=1
cosh ^k,l ^k,2  ^  -pj r  *  / i  id>t ■—  + —  + —  Re[rk (1 + j ) e m

2  2 . CJ

\  /  
cosh

/ V
^ L- ^ i  + 4 ReK'(1 - 7 > M]2  2  (J

(6-19)

where /LA_, and 2 are the LLR of the first and second bit of the k-th 4-QAM symbol or 

correspondingly the LLR of real and imaginary parts o f the A-th symbol. If  we replace
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(6-19) in (6-13) and maximize / ( q> j r) similar to the BPSK case, we find another set o f 

recursive equations for the phases. These equations are as follows (for k=l, .. ,N  and 

A = 0 ) :

A  =

A~\ a\ (.A-1 A-2 )

Im
/  n7 ( 4 - , + t )

s in h ^ .j j) + Im -'"V sinh(^_lj2)

cosh(?,„u)+cosh(^_u )

(6-20)

where we define tkx and tk 2 as:

A ,1  A , 2 2V 2 * 7 ( 4 +  4 )
h.x = ^ r  + ^ r  + - r M ' i c  ]

2 2  cr

(6-21)

We note that similar to section 6.3.1.1 and 6.3.1.2, in (6-18), (6-20) and (6-21) rk should 

be replaced by the equalizer output z k which can be well approximated as a Gaussian 

random variable. The complexity o f this method for BPSK and 4-QAM are presented in 

Table 6-2.

6.4 Performance o f synchronization methods

We consider a TFDE using a rate one half regular (3,6) LDPC code with block length 

o f AM 008. The BP algorithm is used for decoding and I i, = 4 , 10 = 4.  The bandwidth is
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20MHz and the channel is presented in Table 4-1. We consider BPSK and 4-QAM 

constellations. The corresponding DFT lengths are 1008 and 504 respectively.

The performance degradation resulting from uncompensated frequency offset are 

presented in Figure 6-3, Figure 6-4 and Figure 6-5. For bit error rates smaller than 0.1, 

there is at least 1 dB and 3 dB performance loss for BPSK when SfT = 0.1 and SfT = 0.2 

respectively. This performance loss is at least 2 dB for 4-QAM when SjT = 0.1, implying 

that it is more sensitive to carrier frequency instabilities than BPSK. Therefore we only 

consider SfT = 0.1 for 4-QAM which is a rather large amount for the frequency offset in 

practice. By using method I and II (NSD and HD), we are able to compensate for these 

performance degradations as presented in Figure 6-3, Figure 6-4 and Figure 6-5. Both 

methods I and II are able to improve the performance considerably. For BPSK, when 

SfT = 0.1 the resulting performance is only 0.05 dB away from that o f the frequency 

offset-free system. The corresponding value for SfT = 0.2 is 0.15 dB which is negligible 

compared to the performance degradation without synchronization.

For 4-QAM, the performance o f a system using method I is only 0.1 dB and for method 

II is 0.3 dB away from the performance o f a system without any frequency offset. This

Table 6-2 Complexity o f  Phase Noise compensation method for BPSK and QPSK

Constellation
Number o f  additions 

(per iteration)

Number o f  multiplications 

(per iteration)

BPSK 4N 5N

QPSK i i n 6N
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Figure 6-3. Performance of frequency offset compensation methods (I & II) for BPSK

constellation, SJT  = 0 .1 .
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Figure 6-4. Performance o f frequency offset compensation methods (I & II) for BPSK

constellation, SJT  = 0 .2 .
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Figure 6-5. Performance of frequency offset compensation methods (I & II) for 4-QAM

constellation, 8 fl' = 0.1 .
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shows that method I (the ML method) performs better than method II. As can be seen, the 

difference between the BER performance when HD and NSD are used in the metric of 

method II is quite negligible. Considering the fact that HD has less computational 

complexity than NSD, it is o f more interest from practical point o f view.

The difference between methods I and II (NSD and HD) is also depicted in Figure 6-6 

where the mean squared error o f the estimation in each iteration is presented for BPSK 

and SfT = 0.1. As presented, method II with HD has similar MSE to that o f NSD in the 

first iteration. However in other iterations by using HD in the metric we are able to 

achieve smaller MSE. Also the MSE of method I is smaller than that o f method II (for 

both HD and NSD). Since all MSEs are small enough after four iterations, the difference 

between MSEs does not appear in the corresponding BER performance in Figure 6-3.

For 4-QAM, the difference between MSEs would be larger. In Figure 6-6 we also 

compare the MSE achieved by method I and II with that o f the VSB method. As 

presented, the MSE of VSB is larger than that o f other methods even for the first 

iteration. In Figure 6-7 we present the linearity range of these methods. This figure 

illustrates the average o f the corresponding estimated values o f normalized frequency 

offset for a range o f the frequency offset. As presented, all these methods in a typical 

range for the normalized frequency offset, which is up to 0.1 to 0.15, are linear. The VSB 

method has a wider linearity range. Since the performance o f method I and II depend on 

the decisions in the feedback loop, in the presence o f a large amount o f frequency offset 

(0.3-0.4) the symbols generated in the feedback loop would be less reliable which results 

in poor performance o f the synchronization method. This suggests using a combination of 

the VSB and method I or II for dealing with large frequency offset. The frequency offset
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Figure 6-6. MSE of estimation for methods I, II and VSB for BPSK and SJT =  0.1 (itr= iteration

number).
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Figure 6-7. Linearity range o f method I, II (HD) and VSB.
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is compensated partially in the first iteration by VSB and then by using method I or II the 

performance o f synchronization will be improved during the next iterations.

In the presence o f both frequency offset and phase noise, the performance degradation is 

much larger than the corresponding value in the presence o f only frequency offset. As 

depicted in Figure 6-8, for bit error rates smaller than 0.01 there is at least 2.4 dB 

performance loss for BPSK when SfT = 0.1 and y  = 0.01, which is about 1.5 dB larger 

than the corresponding value for the case with SJT = 0.1 and y  = 0 presented in Figure 

6-3. The difference is much larger for y  = 0.03. Figure 6-8 and Figure 6-9 also show the 

performance improvement achieved by the decision directed estimation method (labeled 

as “synchronization” in the figures) discussed in section 6.3.2. As depicted, this method 

can improve the performance considerably. For example, for BPSK when SfT = 0.1 and 

y  = 0.01 there is about 2.2 dB improvement at bit error rate o f 0.01. The improvement is 

much larger for SfT = 0.1 and y  = 0.03.

In Figure 6-9 we only consider SJT = 0.1 and y  = 0.01 for 4-QAM due to its higher 

sensitivity to the phase error. In this case, there is also significant performance 

improvement. For instance there is 2.6 dB improvement at bit error rate o f 0.05. Both 

Figure 6-8 and Figure 6-9 improvement becomes even larger for smaller bit error rates.

As presented in Appendix G the proposed synchronization method also works efficiently 

for channel C2 whose model is presented in Table F-l.  For this channel we also assumed 

that the mobile terminal has the velocity o f 50km/h.

136

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



o
•A

dc
LUm

  8 f.T = 0 ,T = 0
- A -  8 f .T = 0 .1 ,7 = 0 .0 1 , n o  c o m p e n s a tio n  

A  8 f .T = 0 .1 , 7 = 0 .0 1 , sy n c h ro n iz a t io n  
- B -  8 f .T = 0 .1 , 7 = 0 .0 3 , n o  c o m p e n s a tio n  

□  8 t.T = 0 .1 , 7 = 0 .0 3 , sy n c h ro n iz a t io n

2 .5 3 .5  

E b /N o  (dB)

4 .5 5 .5

Figure 6-8. Performance of the MAP synchronization method in the presence o f frequency offset and
PHN for BPSK constellation.
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Figure 6-9. Performance of the MAP synchronization method in the presence o f frequency offset and
PHN for 4-QAM constellation.
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6.5 Conclusion

In this chapter we investigated the effect o f frequency offset and phase noise on the 

performance of a frequency domain turbo equalization. We proposed two blind iterative 

frequency offset compensation methods for turbo equalizers. Both methods can 

compensate the performance degradation caused by frequency offset for BPSK while the 

method based on the ML criterion can achieve smaller MSE and better performance for 

4-QAM. In these methods, by using the information provided during previous iterations 

the frequency offset is estimated iteratively. We also investigated a MAP estimator for a 

more realistic case in which the system suffers from both frequency offset and phase 

noise. The MAP gave us some recursive formulas which can be considered as a PLL 

using the LLRs to have decision directed estimations. All these methods require no extra 

bandwidth for transmission o f a training sequence. By using these methods, after a few 

iterations, the performance can be improved significantly.

138

Reproduced with permission of the copyright owner. Further reproduction prohibited without permission.



Chapter 7 Concluding Remarks and Future 

Work

7.1 Summary o f Contributions

In this dissertation we looked into some physical layer problems for serial modulation 

systems. In Chapter 3, we investigated the high power amplification dilemma for OFDM 

and SM signals. The PSD and amplitude distribution o f both systems for power 

amplifiers with different back-off values were compared. We also proposed a modified 

SLM method for out-of-band radiation reduction o f SM signals which significantly 

decreases the out-of-band components. We also showed that PAPR of SM-CDMA with
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complex spreading is smaller than that o f MC-CDMA. In contrast to complex spreading, 

real spreading increases the PAPR of SM-CDMA even for equal-level constellations. For 

multi-level constellations this effect is so significant that makes the PAPR of SM-CDMA 

comparable with that o f MC-CDMA.

In Chapter 4, we considered adaptive and non-adaptive TFDE. We examined 

convolutional and LDPC codes. By performance and complexity comparison between the 

considered cases, we showed the efficiency o f each scheme. This chapter prepared the 

ground for the discussion in Chapter 5, where we proposed the BERT chart as a 

promising tool for the performance evaluation o f the turbo frequency domain 

equalization. We derived the BERT chart for adaptive and non-adaptive TFDE while we 

considered different constellations. We also showed that this method outperforms the 

EXIT chart due to using empirically, not asymptotically, derived curves in the chart.

In Chapter 6, we studied the effect o f oscillator instability on the performance o f a SM 

system using turbo frequency domain equalization. We suggested two blind joint 

synchronization and equalization methods based on different criteria for frequency offset. 

Both methods can achieve the original performance for BPSK. For 4-QAM, the 

maximum likelihood method can compensate for the effect o f frequency offset perfectly. 

We also proposed a synchronization method (which can be regarded as a second order 

decision directed PLL) in the presence o f both frequency offset and phase noise. This 

method can significantly compensate for the phase error effect as the performance loss 

would be about 0.3 dB and 0.5 dB for BPSK and 4-QAM constellations respectively.
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7.2 Future work

In this section we review some possible future research to pursue the work which has 

been performed in this thesis.

7.2.1 Iterative Demapping TFDE

TFDE is a promising method due to the capability o f achieving good performance by 

the iterative structure and simplicity o f implementation by frequency domain 

equalization. To respond to the demand for spectrally efficient transmission methods, 

taking higher order constellations into service is desirable.

For higher order constellations, we can effectively improve the performance if  we take 

the bits’ a priori information into account in the demapping. Therefore we have a 

feedback from the decoder to the demapper. This scheme is called iterative demapping 

(ID).

To show how using this information enables us to improve the performance, we 

consider two extreme cases when there is no a priori information available and when we 

have perfect a priori information. To minimize the error probability in the absence o f a 

priori information for a fixed set o f constellation points, we should assign the symbols to 

the constellation points such that the Euclidean distance between the symbols whose 

Hamming distance is one would be minimized. In this case the Gray mapping is the most 

efficient mapping. In contrast with this case, when we decide about a specific bit in the 

presence o f perfect a priori information about the other bits, the Euclidean distance 

between the constellation points whose symbols have the Hamming distance o f one 

should be maximized. Therefore in the presence o f a priori information, other mapping
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schemes like MSP (Modified Set Partitioning) and Anti-Gray perform better than Gray 

mapping. Figure 7-1 and Figure 7-2 present Gray and MSP mapping. For each mapping 

the distance between two symbols with Hamming distance o f one, which differ only in 

the third bit, are presented. As can be seen in this case if  we know the value o f the first, 

second and forth bits, the decision error for MSP mapping is smaller than that o f Gray 

mapping.

The block diagram of ID-TFDE is presented in Figure 7-3. In the feed-forward path after 

equalization, the demapper calculates the LLR of each bit using the feedback 

information. The output LLR o f demapper for the &-th bit of the n-th symbol is:

Y e  P(s)
, , ( 7 . 1}

jeSt I

where Sk 0 and Sk, denote the subset o f the constellation points in which the k-th bit is 0 

or 1 respectively. In the first iteration, where there is no a priori information available, all

symbols in Sk b are equiprobable thereby p(s) = - .  In other iterations, P(s) is determined
8

based on the probabilities o f other bits in the symbol. If  the reliability o f the feedback 

information increases gradually as iterations continue, the performance o f both 

interference cancellation and demapping will be improved.

In ID-TFDE similar to the original TFDE we should calculate the soft symbols. For 

mappings other than Gray presented in Figure 7-1, the formula for soft symbol is 

different from the one in (4-8). By a similar method as the one in Chapter 4, soft symbols 

for MSP and Anti-Gray are calculated based on (7-2) and (7-3) respectively.
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Figure 7-1. Gray mapping for 16-QAM.
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Figure 7-2. MSP mapping for 16-QAM.
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Figure 7-3. Block diagram of ID-TFDE.

4,3 (  x„ = - tan h (— )
X X X  

1 - 2  tanh (-^ -) tanh(—̂ -)  tanh(—̂ -)

+ y ta n h (^ )ta n h (^ i) K \1 - 2  tanh(—̂ -)
(7-2)

x„ = - t a n h ( - ^ ) 2 tanh(—̂ -)  +1 - ,/ta n h G y -) 2 t a n h (^ - )  + l (7-3)

The performance o f ID-TFDE with these mappings is presented in Figure 7-4. The 

parameters are the same as in Chapters 5.

7.2.2 BERT chart analysis o f ID-TFDE 

An interesting problem in the context o f ID-TFDE which can be considered in the 

continuation o f this work, is analyzing the performance o f ID-TFDE by BERT chart. The 

BERT chart o f ID-TFDE would be a three dimensional chart whose axes are 

1-P  PEq,out 9 D em ,in,\ 9

2 - P  P  PD ec,out 9 D em ,in,2 9 Eg,in 9

3 -P  PD em ,out 9 Dec,in '
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Figure 7-4. Performance of ID-TFDE with Gray, MSP and Anti-Gray mapping, 16-QAM

constellation.

The demapper BER which is a two-input function ( PDenh0Ut = ^{PEq,mî PDec,out)) wil1 be

a surface in the chart. This function for each mapping can be generated once. Another 

difference between the new BERT chart and the one for TFDE is that 

E ' (xn xI \ e ' (xti x*) and fs'(x*x„) for mappings other than Gray, differ from those o f Gray

mapping. I f  we use (7-2) for soft estimated symbol, by a similar method to the one 

presented in Appendix E we can derive the equation for MSP mapping as

E ‘( x X ) = E ' ( x X ) = E ' ( x X )= Ai + A] + 4A] + 4A«, (7-4)

The variance o f the equalizer output would be:
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Z? = a 2 f  + ( p -  | / / | 2XlO -A M -  A2m - 4A3w - 4A*,). (7-5)

For BERT chart analysis o f ID-TFDE these steps should be followed:

(1) Compute // and from (4-14) and (5-3).

(2) Set PDeCt0Ut = 0.5.

(3) Compute the equalizer output BER ( PEq oul).

(4) From Demapper function 3  find the corresponding demapper output BER

( ^Dem.out '’(^El/Mil ’ PDec,out ) )•

(5) From the decoder B E R jn-B E R o Ut curve find the corresponding decoder output 

B E R  (P DeC'OUt )•

(6) Find the corresponding m-, from (5-9).13

(7) Calculate A( = E'(x„)using (5-10).

(8) Compute S:+1 from (7-5).

(9) Go to step (3).

The primary result for using the BERT chart for a non-adaptive TFDE with MSP 

mapping is presented in Figure 7-5.

In the continuation o f this work we intend to investigate the possibility o f improving 

the BERT chart result and examining this method for other bit to symbol mappings. We 

can also consider the possibility o f calculating the function 3  theoretically.

13 For clarification in this chapter we show the decoder output BER by PDec olll instead of Pj . Therefore in 

(5-9), Pj should be replaced by PDec<0Ut ■
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Figure 7-5. BERT chart result for ID-TFDE.
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Figure 7-6. Effect of frequency offset on the performance o f ID-TFDE, 16-QAM constellation.

7.2.3 Sensitivity o f ID-TFDE with different mappings to frequency offset

Any deviation in the oscillator frequency increases the error probability or decreases 

the a priori information reliability. As aforementioned, the sensitivity o f various 

mappings to reliability o f the feed-back information is different such that when the 

reliability improves mappings like MSP and anti-Gray outperform Gray. Therefore we 

expect that frequency offset generates different performance degradations for ID-TFDE 

with different mappings. The primary result for frequency offset o f SfT = 0.05 is 

presented in Figure 7-6. The simulation parameters are the same as in Chapter 5. As can 

be seen, the performance degradation at BER o f 10-4 is 1.5, 2 and 2.6 dB for anti-Gray, 

MSP and Gray mapping.

A possible future work in the context o f synchronization is investigating the efficiency 

o f different synchronization methods to improve the performance o f ID-TFDE.
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7.3 Conclusion

In this chapter we reviewed the considered problems in this thesis. We briefly 

introduced ID-TFDE and the efficiency o f using this method in iterative systems. Finally 

we considered the possibility o f extending the research in this thesis about TFDE to ID- 

TFDE.
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Appendix A Matrix Inversion Lemma

Matrix Inversion Lemma (MIL) [103]:

(A + BCD) 1 = A 1 - A  B(DA B + C ' )  D A 1, 

where A ,B ,C and D are assumed to be N x N ,N x L ,L x L  and L x N  matrices. We also 

assumed that the inverses exist.

A special case o f MIL is known as Woodbury’s identity:

A - l C f t f  A -1

(A + C C " )-1 = A -  „ A .
1+ C A C
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Appendix B Non-adaptive Frequency Domain 

Equalizer

If  there is no a priori information available, An = 0 and xn = 0 . Thus the diagonal 

elements o f v„are vn -  <j2d-  \ xn |2= cr] and v„ = cr]IN/N. Therefore (4-9) changes to:

(B -l)

Since C u is as follows

h0 0 0 - - 0  hN/_x ■

h\ h0 O- - -  0 ^Nh~ i

: hx h0 0

hNh-\ '

0  h N „ - 1 ’ ’ -

0 0

0 0 ......... 0 hN I • • •

■h2 hx

hx h0

the result o f multiplication o f C h by the FFT matrix (F )  with elements of

. 2n{i -  \){k -1 )  .
FKk = exp{ - j -------- —-------- ) for k,i = 1 is:
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FC* =

H,
. 2^1x0 _ .2 ;r2 x 0

1 N  U  „ ~ J  N  f je " H x e
.2^1x1

.2/r(JV -l)xO  
'  N---- H,

N H ,

H n e
2 n U { N - \ )■ i------------

N

. 2 x ( N - \ ) x ( N - \ )

H x
- J -

N h k

where H  = [//, H 2...HN] is the channel frequency response. The element o f m-th row 

and n-th column (X mn) o f multiplication F C AF “‘ is X = H m8m_n . Therefore we can

write it as:

Equivalently we have

FC^F"1 = diag(  H ).

C h = F~'diag(H)F.

Considering FH -  -^-F 1, we can rewrite C hC Hh as:

C „C f = F - 1̂ g ( H ) F F // (diag( H ))w (F _1) '

= F -idiag(U )diag(U *)F.

Using the Matrix Inversion Lemma we have:

( a 2l NxN + a 2dC hC Hh )-' = { cj21NxN + a 2dF~'diag{K)(diag{W>)H F)~x.

The frequency domain equalizer vector is:

F w ’„ = F(<t2I awv + f f M ' ) - C t [l

= F (a 2l NxN + a 2F -'d iag(ll)(d iag(K ))HF y'F -'d iag(il)F [l 0lx(jV_0 ] V j

As we have F[1 f  = l TNxN,
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Fw; =<t’ (f (<72I AW¥ + a 2dF-idiag(U )(diag(n))H¥)F -i y d ia g (H )l  

= r f i^ N x N  + & 2A ag(H )(d iag (H ))Hy 'd ia g (Y l)lTN><N 

= d iag{w *)lTNxN.

The filter coefficients in the frequency domain are:

Wk = ^ ±  ,k  = .
O' I |2

— + N
a d

T  ' 
WxjV
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Appendix C Adaptive Frequency Domain 

Equalizer

To achieve better performance than non-adaptive TFDE, we can use a priori 

information from the decoder. This results in a more accurate solution for MMSE filter 

coefficients. To be able to perform the frequency domain equalization, we replace v„ by

1 N
v„ = vl VxV where v = — ,14 The value o f v changes during iterations based on the

performance o f the decoder.

For BPSK and 16-QAM constellation, v can be computed as presented in (C -l) and 

(C-2) respectively:

( c - o

N ‘
v = - J - £  4 tanh (^~ -) + 4 t a n h ( +10 I* • (C-2)

2 2 '=1

By replacing v„ = vINxN in (4-1), the filter coefficient vector in the time domain 

would be:

14 We assume that all soft estimated symbols have the same variance ( v ) at a given iteration. This variance 
is equal to the average o f  soft estimated symbols’ variances.
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w „ = ( 0 2l*Kiv + vC hCh + O j - v ) s s Hy ] scr2d) . (C-3)

A

Let us define A = ( t2I a,xA, + vC hC Hh . If  we apply the matrix inversion lemma to (C-3), we 

will have:

w*„ = (A + ( a 2 - v ) s s " )"' s a ]

= (a -1 - A -1!S((crj - v ) _1 + ? ,/A _1's)_1's wA _1)scri

= A ‘sc r^  ;-------^ — -— — A I's's//A 's'

l  +  ( c r 2 - v ) s / 7 A  ' s ' 

= KA _1s ,

(crj -  v) + s' A s' 

A _1scr3

where k  = a
l + (<rj -v)is A s'

By multiplying the equation for w„ by F by a similar approach to that o f non-adaptive 

equalization, we can find the filter coefficients as:

h : „  h :
= K —r-k-   = K-

k a 2 + v H kH l <j 2 + v | H k |2

The estimated symbol in the frequency domain at the output o f the FDE would be:

z*  rR k -K  J Hkl— - X k + p X k,
a 2 + v \ H k \2 o ' +  v | H k |

where

\ Hk

k
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The coefficient K is a constant which can be omitted. I f  we change the criterion from 

minimizing mean squared error to minimizing average mean squared error, without using 

the approximation o f \ n =  v l NxN, we achieve the exact same filter coefficients.
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Appendix D Variance of the equalizer output

We denote the variance o f the equalizer output at z'-th iteration by S f . Therefore

Z? = E ( z kz \ ) - E { z k?  = E ( z kz ; y \ M\2 a 2 .

Since Z  = [Zl...Z„] = FFT(z) , we can express E (znz*) as:

~  ( / ~ 1 X "  ~  ' » )  ■

A k m A

Using (4-13), E ( Z X )

E(ZkZ*m) = H kWkH :w :E (X kX :)_
+ H'mW:{M- H kWk)E{XkX p  

+ H kWk( S - H ' mW-m) E ( X kX-m)_ _

+ ( M ~ H k Wt ) ( S - H ' mW : ) E ( X kT m)

+ WkW:E{N\N'*m),

where N is the noise vector in the frequency domain. Assuming that each soft estimated 

symbol is only correlated with the corresponding transmitted symbol, we will have the 

following equations:

E (X X n) = Ncr2JSm_k,

E ( X kX;n) = N E ( x nx : ) S m_k,

E { X kT m) = N E{ x : x n)5m_k ,

E(XkX;„) = N E (xX )S m_k, 

where S  is the Dirac delta function. Therefore E (znz*) can be expressed as:
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♦ ^ 3  ir.l’.-
1 1 A?

If  we define ^  ^  |2 and p  = — £ |  |2 , 2? would be:
N  „=i iV „=1

2,2 =<r2/> + c r V - a 2| , / |2

+ ̂ E # X (/<-#*»'* )E >- \ x mxm)
W k=\

+ l - f jHkWk(p-Hk wk Ye 1-' ( * > , „  ) 
*=1

+ ^ 2 > - t f * * n i 2£ M(l^> I2)’
N k=1

where Z?'(.) denotes the expectation at the i-th iteration.
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Appendix E Calculating e (xX )

Using (4-8), we can express E(xnx*„) f°r 16-QAM as:

EixX ) = E ta n h 2(—— ) 
2

+ E ,2 A '1tanh  ( - — A )  
2

(2 + t a n h ( ^ i ) ) 2

/
(2 +  t a n h ( ^ - ) ) 2 '

(E-l)

Since all bit LLRs generated by the decoder have the same distribution, we remove the 

indices and denote the conditional pdf o f LLRs by f (A  \ b) where b e  {0,1}. We know 

that f (X  11) = / (-A, 10), therefore

e { ta n h 2 (^) | o l  = £  ta n h 2 ( j )  11 1 = A ,

where A is defined in (5-12). We also note that:

£ ^ ta n h ( y )  | Oj = - jE ^ ta n h (^ )  11 ] = A •

Therefore in (E-l), for the first and third bits we have:

ta n h 2 (—̂ - )  
2

ta n h 2(—— ) 
2

: A •

The E(.) terms in (E -l) associated with the second and forth bits can be expressed as:

(2 +  tanh(—)) |0  = 4  + 4A + A = 4 + 5A .

E\ (2 +  t a n h ( | ) ) 2 |11 = 4 - 4 A  +  A =  4 - 3 A  •

Therefore we have E[xnx *„) = 8A + 2A2. By a similar approach we can show that: 

E ( x X ) = e (x*xh) = Y , E (xX  I Xn )p(xn) = 8A + 2A2.
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Appendix F BERT chart results for Channel C2

To show the efficiency o f the BERT chart method for other channel models, we show 

the results o f this method for the WINNER channel model (C2) in Figure F -l. The 

parameters o f the WINNER channel model (C2) are presented in Table F - l .

-e—  Simulation Results 
-#—  BERT chart results

,-2

DC
LU
CD

,-4

Figure F -l. BERT chart results for channel C2, BPSK constellation.

Table F -l W INNER Channel model (C2)

D e la y  (nsec) 0 .0 5 1 3 5 1 6 0 2 1 5 2 6 0 3 8 5 4 0 0 5 3 0 5 4 0

P o w e r  (d B ) -0 .5 0 - 3 .4 -2 .8 - 4 .6 -0 .9 -6 .7 -4 .5 - 9 .0 -7 .8

D e la y  (nsec) 6 5 0 6 7 0 7 2 0 7 5 0 8 0 0 9 4 5 1 0 3 5 1 1 8 5 1 3 9 0 1 4 7 0

P o w e r  (d B ) - 7 .4 - 8 .4 -11 -9 -5 .1 - 6 .7 -1 2 .1 -1 3 .2 -1 3 .7 -1 9 .8
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Appendix G Synchronization performance for 

BPSK constellation in channel C2

10

■1
10

-2a  io'

•3
10

8f.T=0.1, y =0.001

5f.T=0.1, y2=0.001, synchronization

8f.T=0, y2=0

-410'
1 2 3 4 5 6 7 80

W dB>

Figure G -l. The performance of synchronization method over channel C2 for BPSK.
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